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Preface

The explosive increase of mobile data services and the use of smart phones require
the fifth generation (5G) network to support higher spectral efficiency, higher
energy efficiency, and higher mobility. The currently employed modulation tech-
niques based on the multiple-input multiple-output orthogonal frequency division
multiplexing (MIMO-OFDM) paradigm unfortunately fail to satisfy this require-
ment. The MIMO modulation achieves high spectral efficiency for a configuration
of massive antennas, but brings about unsatisfactory energy efficiency due to
scalable power consumption of radio frequency (RF) chains. The OFDM modu-
lation is prone to intercarrier interference caused by Doppler effects and suffers
from high peak-to-average power ratio (PAPR). New groundbreaking modulation
technologies are therefore very demanding. The recently emerging index modula-
tion techniques provide a breakthrough to the bottleneck. Index modulation refers
to a family of modulation techniques that rely on the indices of some medium to
convey additional information. The medium can be either practical such as antenna,
subcarrier, and frequency carrier, or virtual such as time slot, space-time matrix, and
antenna activation order. Unlike conventional modulation techniques, the infor-
mation carried by index modulation is embedded into the actual transmitted signal,
consuming little or even no power.

This monograph includes transceiver design, system optimization, and perfor-
mance analysis of index modulation techniques in space, space-time, and frequency
domains. The chapters of this monograph are relatively independent with each
other. The readers can go directly to the chapter(s) of interest. This monograph
starts with the motivation and a brief review of index modulation techniques in
Chap. 1. The receiver-side spatial modulation and virtual spatial modulation tech-
niques are introduced, followed by the applications to cooperative communications
in Chap. 2. Both transmitter-side and receiver-side differential spatial modulation
systems are studied, followed by the applications to cooperative communications in
Chap. 3. Basic and enhanced index modulated OFDM systems are investigated,
followed by the verification of their strong capabilities in high-mobility commu-
nications in Chap. 4. Finally, this monograph highlights some open problems and
discusses future research directions in Chap. 5.
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Chapter 1
Introduction

The fourth generation (4G) standardization and the ongoing worldwide deployment
of 4G cellular network is maturing. However, with an explosion of wireless mobile
devices and services, there are still some challenges that the 4G physical layer tech-
nologies cannot be accommodated. Technologists worldwide, thereby, have begun
searching the 5G physical layer technologies to meet the anticipated demands in the
2020 era. The recently emerging indexmodulation appears as a promising candidate.
In this chapter, first, we briefly address the 5G demand and identify key challenges.
Then, we introduce the history of index modulation, mainly focusing on the space,
space-time, and frequency domains realizations. Finally, the organization of this
monograph is given at the end of this chapter.

1.1 5G Demands and Challenges

Wireless communications is the fastest growing segment of the communications
industry. From around 1980 to the present, thewireless systems have traveled through
1G, 2G, and 3G. Nowadays, the long-term evolution (LTE) and its extension, LTE-
advanced (LTE-A), as practical 4G systems, are steadily expanding across global
markets. With the support of several key technologies, i.e., multiple-input multiple-
output (MIMO) and orthogonal frequency division multiplexing (OFDM), cooper-
ative communications, etc., 4G systems provide data rates of up to 1Gb/s for low
mobility and up to 100Mb/s for high mobility. MIMO, which uses multiple anten-
nas at the transmitter and receiver, boosts the channel capacity without satisfying
any transmit power. Generally, there are three categories of MIMO techniques. The
first one aims to maximize the spatial diversity by means of delay diversity, space-
time block codes (STBC) [1], and space-time trellis codes (STTC) [2]. The second
one uses a layered approach to transmit multiple independent data streams, such as
vertical Bell Laboratories layered space-time (V-BLAST) [3]. Finally, the third one
exploits the channel knowledge at the transmitter to perform beamforming. OFDM is
a kind of multi-carrier modulation techniques, which converts a frequency-selective

© Springer International Publishing AG 2017
M. Wen et al., Index Modulation for 5G Wireless Communications,
Wireless Networks, DOI 10.1007/978-3-319-51355-3_1
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2 1 Introduction

channel into a parallel collection of frequency flat subchannels. OFDM promises
several advantages including the mitigation of inter-symbol interference, ease of
implementation due to the adoption of fast Fourier transform (FFT), high spectral
efficiency as the spectra corresponding to the orthogonal subcarriers overlap in fre-
quency, and excellent pairing for MIMO. Cooperative communication techniques
were first used in a distributed MIMO fashion and later to bridge connection with
a destination node without a direct link, promising significant performance gains in
terms of link reliability, spectral efficiency, system capacity, and transmission range.

The world, however, is also changing rapidly. With the development of industry
and the worldwide deployment of mobile network, there is a dramatic increase in the
number of users who subscribe to wireless systems every year. Meanwhile, powerful
smartphones and laptops are becoming more and more popular. Driven by the video
streaming and other various bandwidth-hungry applications, such as tele-presence
and 3D holography, the amount of IP data handled by wireless networks is expected
to have increased by over a factor of 100 to exceed 500 exabytes by 2020 [4].
On the other hand, as global CO2 emissions increase and sea levels rise, global
weather and air pollution are becoming more severe. Reports show that in 2012,
telecom infrastructure and devices accounts for 25% of the annual average power
consumption by information and communication technologies (ICT) industries [5].
All the above issues are already pushing the limits of current cellular systems. So far,
it has been widely acknowledged that in comparison with the 4G wireless network,
the 5G wireless network should achieve 1,000 times the system capacity, 10 times
the spectral efficiency, energy efficiency, and data rate, and 25 times the average cell
throughput [6]. In this context, revolutionary wireless communications technologies
that are capable of catching up with the mobile data traffic growth while reducing
the carbon emission are compelling.

To meet the requirement of high data rate, one may think of the appealing massive
MIMO technique. With channel state information at the transmitter (CSIT), massive
MIMO can be used to simultaneously serve a huge number of single-antenna users
by sharing multiplexing gain among them. However, several problems, such as CSI
overhead and requirement ofmultiple radio frequency (RF) chains, exist. Particularly,
acquiring CSI in frequency division duplexing (FDD) systems is very costly due to
immense information exchange. RF chains are in general very expensive and do not
follow Moore’s law [7]. More importantly, the associated circuits inside RF chains,
which substantially consume power, significantly decrease the energy efficiency.
Therefore, it is necessary to find other efficient schemes for (massive)MIMO that can
work without CSIT and with less active RF chains while satisfying the high spectral
efficiency demand. OFDM, as mentioned earlier, has impressive qualities, and thus
is the unquestionable frontrunner for 5G. However, some weak points that could be
more pronounced in 5G networks, such as high peak-to-average-power ratio (PAPR)
and susceptibility to intercarrier interference (ICI), do exist. The PAPR problem
arises from the aliasing of the frequency uncorrelated inputs, which becomes more
severe as the number of FFT points increases. The ICI, which accompanies with the
breaking of subcarrier orthogonality, goes stronger with Doppler effects. Therefore,
it is of necessity to find other efficient schemes for OFDM that can solve these issues.
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On the other hand, it is essential that the potential alternatives to MIMO and OFDM
are applicable to cooperative communications, high-mobility communications, and
other scenarios of interest.

1.2 Introduction of Index Modulation Family

Index modulation is an emerging signal modulation concept conceived for but not
restricted to MIMO-OFDM communications. As its name suggests, index modula-
tion modulates signals through the indices of some medium, which can be either
practical, such as antenna, frequency carrier, and subcarrier, or virtual, such as time
slot, space-time matrix, and antenna activation order. The indices are embedded into
the transmitted or received signals, usually consuming little or even no power but
carrying additional information. This implies that attractive tradeoff between spec-
tral efficiency and energy efficiency can be achieved by indexmodulation.Moreover,
inactivating some OFDM subcarriers for index modulation significantly relieves the
PAPR and ICI problems. Those merits make index modulation a competitive candi-
date for 5G wireless communications.

1.2.1 Space Domain Index Modulation Overview

Spatial modulation (SM) is widely acknowledged to be the pioneer that realizes the
concept of index modulation. SM belongs to the MIMO family, but it is actually an
entirely newmodulation technique. SM requires activation of only a single antenna at
each time slot and exploits the uniqueness and randomness properties of the wireless
channel for communications. The single-antenna-activation property allows SM to
eliminate inter-channel interference and to avoid inter-antenna synchronization (IAS)
while achieving a spatialmultiplexinggain.Todate, variousworks havedemonstrated
that SM has the potential to outperform some well-known MIMO techniques, such
as the V-BLAST architecture [3], and amplitude/phase modulation with maximum
ratio combining (MRC), in terms of error performance and energy efficiency, making
it a promising candidate for 5G wireless communications [6, 7].

The first paper regarding SM appeared in 2002, where the proposed scheme was
termed space shift keying (SSK) [8]. In this scheme, more than one antennas are
switched on to transmit signals and the information is embedded into the differences
in the form of signals. One year later, in [9] the idea of exploiting the position of
the transmit antenna as information carrying unit was proposed. However, in this
work only BPSK modulation was employed. An independent work of [9] with a
similar idea was carried out in [10] after two years, where the proposed scheme
was called channel-hopping modulation. This scheme was further completed with
theoretical capacity analysis in 2008, and renamed as information-guided channel
hopping (IGCH) modulation [11]. The year 2008 is crucial for the SM development
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since it is when the term SMwas coined [12], an optimal maximum-likelihood (ML)
detector was designed [13], and the advantages mentioned earlier were revealed [13].

In 2009, the concept of SSK modulation was redefined and clearly distinguished
from SM [14]. Henceforth, SM indicates a modulation scheme in which transmitted
symbols are drawn from both the spatial constellation and the signal constellation
[15], while SSK modulation refers to only the spatial constellation. Therefore, SSK
modulation can be considered as a special realization of SM. Despite a slight reduc-
tion of spectral efficiency, the elimination of the signal constellation in SSKmodula-
tion provides outstanding advantages over SM, e.g., simple transceiver framework,
low detection complexity, and ease of integration within communication systems
[14]. Later in 2010, the same authors of [14] proposed an improved version of SSK
modulation, called generalized SSK (GSSK), by exploiting the antenna index combi-
nations for communications [16]. Explicitly, GSSK improves the spectral efficiency
at the price of the introduction of IAS. Similarly, by allowing activation of multiple
antennas one can obtain the generalized SM (GSM). So far, two GSM versions are
available in the literature: One transmits a single modulated symbol from multiple
active antennas at each time slot, thus requiring only one RF chain [17], while the
other one requires same number of RF chains as that of active antennas to transmit
multiple independent modulated symbols [18].

To further explore the space resource for index modulation, a great deal of work
following SM have been proposed. Quadrature SM (QSM) is one of the represen-
tative examples, which expands the spatial domain to include both the in-phase and
quadrature dimensions [19]. In QSM, only a single RF chain is required to generate
a complex modulated symbol, whose real and imaginary parts are transmitted by
one/two active antennas chosen according to two independent bit streams, doubling
the spectral efficiency contributed by the index bits. Another representative example
is the so-called enhanced SM (ESM) [20]. In ESM, one or two antennas are activated
for transmission at each time slot. In the case of a single active antenna, a primary
signal constellation is used, while in the case of two active antennas, some other sec-
ondary constellations, which are derived from the primary constellation by means of
geometric interpolation in the signal space, are employed. It should be noted that for
its nature, index modulation in the space domain is not restricted to aMIMO context.
Actually, it can be also implemented in a cooperative communication scenario with
multiple geometrically distributed relays. For example, each relay may determine its
behavior at the next time slot, i.e., whether to transmit or keep idle, by decoding the
signal sent by the source node and transmit additional information to the destination
node [21].

The above-mentioned schemes perform index modulation at the transmitter side.
Actually, the concept of SM is also extendable to the receiver side. In [22], in favor
of the zero-forcing (ZF) or minimum mean square error (MMSE) pre-coding, pre-
coding SM (PSM) is proposed, which activates a single receive antenna at each
time slot and conveys additional information through its index. At the cost of the
requirement of CSIT and multiple RF chains, PSM is shown to outperform most
transmitter-side SM schemes and the classical MIMO scheme. Attracted by its
advantages, plenty of work related to PSM have been also proposed [23–25]. Gen-



1.2 Introduction of Index Modulation Family 5

eralized PSM (GPSM), which allows PSM to activate multiple receive antennas, is
designed in [23]. In [24], generalized pre-coding aided quadrature SM (GPQSM) is
proposed as another extension of PSM, where the transmitted information is further
embedded into the real and imaginary signals. By regarding the geometrically dis-
tributed relays as receive antennas, the idea of PSM is applied to a dual-hop relaying,
where the source node of multiple antennas employs pre-coding operation to select
a single relay, whose index carries information, to forward signals in an SM manner
to the destination node [25].

The members of SM family may encounter an identical problem in the imple-
mentation, i.e., the number of index combinations is usually not a power of two.
To solve this problem, many effective schemes have been designed to, such as frac-
tional bit encoding [26], bit padding [27], and constellation order varying [28]. On
the other hand, with CSIT, the capacity or error performance of SM related schemes
can be further enhanced by using, e.g., antenna selection [29] and un-equiprobable
antenna activation [30]. For other issues regarding space domain index modulation
techniques, especially SM and its variants, interested readers may refer to the recent
surveys of [31, 32].

1.2.2 Space-Time Domain Index Modulation Overview

Space-time domain index modulation techniques should jointly explore the space
and time resources for index modulation. By this definition, the famous space-time
shift keying (STSK), Trellis coded spatial modulation (TCSM), space-time block
coded spatial modulation (STBC-SM), and differential spatial modulation (DSM)
fall within this scope.

STSK first appeared in [33], where one out of Q dispersion space-time matrices
is selected for transmission during each communication period, thus conveying addi-
tional log2(Q) bits through matrix selection to the information bits carried on the
modulated symbols. By properly choosing the number of dispersion matrices, the
size of the modulation scheme, and the numbers of transmit and receive antennas,
STSK achieves a flexible tradeoff between the diversity gain and multiplexing gain.
Moreover, unlike the classical SM scheme, which only attains the receive diversity
gain, STSK harvests both transmit and receive diversity gains. To further exploit the
potential of STSK, the same authors proposed a generalized STSK (GSTSK) scheme,
which activates P matrices out of Q dispersion matrices for transmission [34]. The
above-mentioned work encounter a common problem, i.e., the optimal ML detection
brings about high computational complexity, especially for a high-order modulation
or a large number of transmit antennas. To solve this problem, researchers have been
focusing on the design of low-complexity detectors for STSK [35–37] and GSTSK
[38] systems.

TCSM was first proposed in [39], motivated by the idea of trellis coded modula-
tion (TCM) and SM. In this scheme, the transmit antennas are partitioned into many
sub-sets, in which the spacing between antennas is maximized. Later, a new TCSM
scheme was proposed in [40] to directly combine TCM and SM, which obtains the
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time diversity gain in both uncorrelated and correlated channels. Another space-
time index modulation scheme, called STBC-SM, first appeared in [41], which takes
advantages of both SM and STBC. More extensions of STBC-SM were also stud-
ied, such as high-rate STBC-SM [42], STBC-SM with error correcting coding [43],
STBC-SM for two-way relaying [44], and multi-strata STBC-SM [45]. Interested
readers may refer to [31] for more details.

DSM was introduced first in [46] and later in [47]. In DSM, the information bits
are comprised of two parts: The first part selects a space-time matrix indicating the
antenna activation order and the second part determines the modulated symbols.
Compared with coherently detected SM, DSM bypasses any CSI at the transmitter
or receiver, while preserving the single RF chain property at the cost of no more than
3dB performance penalty [48]. The optimal ML detection of DSM, which jointly
detects the antenna activation order and modulated symbols, however, leads to pro-
hibitive computational complexity as the number of transmit antennas or modulation
order increases. To reduce the detection complexity, many low-complexity detection
methods were proposed. By decoupling the detection of antenna activation order
and modulated symbols, the authors in [49] proposed a symbol-by-symbol detec-
tion method. Inspired by the fact that the antenna activation order has memory, the
authors in [50] proposed a Viterbi-like algorithm to achieve a low-complexity search.
A sphere decoding idea was also proposed to this end in [51]. To exploit the diversity
of DSM, the authors in [52] proposed a cyclic signal constellation to achieve the full
diversity for two transmit antennas. The more general design for DSM to achieve
the full diversity with an arbitrary number of antennas was proposed in [53]. The
performance of DSM depends on the encoding strategy of the antenna activation
order. In classical DSM [47], the antenna activation orders are set to follow the lexi-
cographic order, which may lead to huge bit difference between two similar orders.
Noticing this problem, the authors in [54] proposed gray coded antenna activation
order to further improve the diversity gain and coding gain. More recently, combined
with transmitter pre-coding, pre-coding aided DSM (PDSM) was proposed in [55]
to map the information bits to the receiver side. DSM can be also applied to different
communication scenarios, such as the underwater acoustic (UWA) communication
system [56], the full-duplex system [57], and the cooperative communication system
[58]. Explicitly, the milestones of DSM are summarized in Table. 1.1.

1.2.3 Frequency Domain Index Modulation Overview

Index modulation can be also performed in the frequency domain. The medium
used to this end is usually either the frequency carriers or orthogonal frequency divi-
sionmultiplexing (OFDM) subcarriers. Frequency quadrature amplitude modulation
(FQAM) is one of the famous realizations that modulate signals via different fre-
quency carriers [59]. FQAM combines frequency shift keying (FSK) and quadrature
amplitude modulation (QAM), providing a desired tradeoff between the transmit
power and the spectral efficiency of the system. A great deal of research has been
focused on FQAM ever since its emergence and the most recent effort shows that
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Table 1.1 History of DSM

Year Authors Contributions

2013 Bian et al. [46] First proposed DSM, which completely dispenses with any
CSI at the transmitter or receiver

2014 Wen et al. [48] Evaluated DSM performance with 2 transmit antennas

Li et al. [56] Applied DSM to UWA communications

2015 Bian et al. [47] Further investigated DSM and showed more results

Xiao et al. [49] Proposed a low-complexity detector for DSM, which
operates on a symbol-by-symbol basis

Wen et al. [50] Proposed a near-ML low-complexity detector for DSM,
which resorts to the Viterbi decoding idea

Li et al. [51] Proposed a detector for DSM using sphere decoding

Zhang et al. [52] Exploited two-transmit-diversity gain for DSM

Rajashekar et al. [53] Proposed a method to achieve full diversity for DSM with
arbitrary number of transmit antennas

Zhang et al. [55] Proposed a pre-coding aided DSM (PDSM) scheme

Xu et al. [57] Proposed a self-interference cancellation scheme for
full-duplex systems using the idea of DSM

2016 Li et al. [54] Encoded antenna activation orders with Gray codes

Zhang et al. [58] Proposed a dual-hop hybrid DSM (DH-DSM) scheme

by employing FQAM in a downlink OFDM access (OFDMA) system, the inter-cell
interference is not Gaussian and the channel capacity can be further increased [60].

As SM becomes more and more popular, researchers begin to extend the principle
of SM to OFDM subcarriers. The first attempt was called subcarrier index modula-
tion OFDM (SIM-OFDM) [61]. In SIM-OFDM, the bit stream is split into two sub-
streams: The first one is of length N and the second one is of length N/2 log2(M),
where N is the number of total OFDM subcarriers and M denotes the cardinality of
the signal constellation. Each bit of the first sub-stream is assigned to a subcarrier
and the subcarriers associated with the majority bit value are activated for data trans-
mission. To avoid ambiguity, half subcarriers transmit N/2 modulated symbols and
the remaining active subcarriers are dedicated to signaling. However, SIM-OFDM
assumes perfect detection of the signaling at the receiver and an incorrect detection of
a subcarrier statemay lead to the incorrect demodulation of all subsequent modulated
symbols. To avoid this error propagation problem, an enhanced SIM-OFDM (ESIM-
OFDM) scheme was later proposed in [62]. Unlike SIM-OFDM, ESIM-OFDM uses
one bit to control two adjacent subcarriers such that only one subcarrier is activated at
a time. Therefore, for an OFDM symbol, N/2 bits can be conveyed from subcarrier
activation. At the receiver, the detection of the state of any subcarrier can be easily
performed by comparing the power with that of its adjacent subcarrier. However,
the spectral efficiency of ESIM-OFDM tends to be much smaller than that of plain
OFDM when a high-order modulation is assumed for the symbols carried on the
active subcarriers since the number of active subcarriers is fixed. The authors in [62]
raised the idea of relaxing this limitation by allowing activation of more subcarri-
ers. Unfortunately, no further attempt at practical implementation has been found.
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The aforementioned incomplete work in [62] was carried out independently in [63,
64], where the new scheme is named OFDMwith index modulation (OFDM-IM). It
should be noted that the same idea appeared earlier in 1999 [65]. However, the emer-
gence of OFDM-IM brings to the public an entirely new horizon from the concept
of index modulation.

In OFDM-IM, the selection of m inactive subcarriers from L subcarriers accord-
ing to the incoming bits is not a trial problem especially when L is large. So far,
there have been two different efficient solutions available in the literature: One is
nature binary code [65] and the other is based on combinatorial number theory [64],
both exhibiting the same complexity. On the other hand, the optimal ML detection
of OFDM-IM signals becomes quite involved since it jointly considers all possible
subcarrier activation patterns (SAPs) and signal constellation points. To solve this
problem, the authors in [64] proposed a log-likelihood ratio (LLR) detector as an
alternative, achieving not only near ML performance but also identical computa-
tional complexity to that of the plain OFDM detector. The LLR detector, however,
necessitates a prior knowledge of the noise variance. Fortunately, the later proposed
near-ML detector with the same computational complexity successfully circumvents
this problem [66, 67]. Thanks to the above efforts, the implementation of OFDM-IM
becomes practical.

The theoretical analysis of the uncoded bit error rate (BER) reveals that OFDM-
IM outperforms plain OFDM [64]. This advantage and the nature of low PAPR have
motivated a great deal of follow-up researchmore recently. A rigorous study from the
perspective of coded performance is conducted in [68, 69], where results show that
(1) OFDM-IM achieves the maximum rate if and only if the subcarriers within each
group experience independent fading, which can be ensured in practice by applying
interleaved grouping; (2) The advantage of OFDM-IM over plain OFDM can be
maximized by choosing a specific number of inactive subcarriers, i.e., m, typically 1
or 2, for a given signal-to-noise ratio (SNR), and is more noticeable under PSK input.
The energy efficiency of OFDM-IM is studied in [70], where superior performance
is revealed. A tight upper bound on the BER of OFDM-IM systems is provided in
[71]. The BER performance of OFDM-IM systems in the presence of carrier fre-
quency offset is investigated in [72]. The potential of OFDM-IM in ICI mitigation
due to the presence of empty subcarriers is explored in [73] and its adaptation to the
environment of high mobility, such as vehicular-to-X (V2X) and UWA communica-
tions, is verified [68, 74, 75]. Based on the minimum Euclidean distance criterion,
a subcarrier allocation scheme assuming the CSIT is tailed to OFDM-IM [76]. To
avoid detecting the invalid SAPs, a fractional bit encoding scheme is designed in
[77]. In [78], the transmit diversity of OFDM-IM is improved from unity to two by
considering the coordinate interleaved orthogonal designs (CIODs) principle. Two
variable OFDM-IM systems are proposed in [79], including OFDMwith generalized
index modulation (OFDM-GIM) that allows a higher number of possible SAPs to be
encoded, and OFDM with in-phase/quadrature index modulation (OFDM-I/Q-IM)
that expands the index domain to include both the in-phase and quadrature dimen-
sions [67]. In [80], OFDM-IM is further combined with the MIMO transmission
technique to form MIMO-OFDM-IM.
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1.3 Organization of the Monograph

The organization of this monograph is described as follows. The representative space
domain index modulation techniques, namely SM and its variants, are introduced in
Chap.2. The representative space-time domain indexmodulation techniques, namely
DSM and its variants, are presented in Chap.3. The representative frequency-domain
index modulation techniques, namely OFDM-IM and its variants, are studied in
Chap.4. A summary and discussion of future works are presented in Chap.5.
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Chapter 2
Space Domain Index Modulation

In this chapter, we discuss the realization of index modulation in the space domain.
First, we take a brief review of the pioneering space domain index modulation tech-
nique, namely spatialmodulation (SM). Then,we propose the generalized pre-coding
aided quadrature spatial modulation (GPQSM) scheme, which extends SM to the
receiver side, and the virtual spatial modulation (VSM) scheme, which can be used
as either a transmitter-side SM or a receiver-side SM scheme depending on the
configuration of transceiver antennas. Finally, we discuss the application of space
domain indexmodulation techniques by taking SM as a representative to cooperative
communications.

2.1 Spatial Modulation

In this section, we first present the principle of SM and then review some popular
low-complexity detection methods. Finally, the performance of SM is evaluated via
computer simulations.

2.1.1 System Model

In SM, the information bits are conveyed by not only the modulated symbol but
also the index of the active antenna. Let us consider an Nt × Nr multiple-input
multiple-output (MIMO) system with an M-ary constellation X , where Nt , Nr , and
M denote the number of transmit antennas, the number of receive antennas, and
the cardinality of the constellation, respectively. The transceiver structure of SM is
depicted in Fig. 2.1. At each time slot, the incoming log2(Nt M) information bits are
divided into two parts. The first part of log2(M) bits draws a modulated symbol from
X . The second part of log2(Nt ) bits selects an antenna to transmit this symbol. Here,
we simply assume that Nt equals a power of two. If this condition cannot be satisfied
in practice, we may select partial antennas whose number equals a power of two to

© Springer International Publishing AG 2017
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Fig. 2.1 Transceiver structure of SM

perform SM or employ the fractional bit encoding (FBE) to involve all antennas for
index modulation [1]. Note that during each transmission only the chosen antenna is
active while the other antennas remain idle.

Assume that at a given time slot, s ∈ X is selected and transmitted via the k-th
antenna. Let H ∈ C

Nr ×Nt denote the MIMO channel matrix, whose (i, j)-th element
hi, j represents the channel from the j-th transmit antenna to the i-th receive antenna.
Then, the received signal vector can be expressed as

y = hks + w, (2.1)

where hk denotes the k-th column ofH andw ∈ C
Nr ×1 is the additive white Gaussian

noise (AWGN) vector.
From (2.1), the maximum-likelihood (ML) detection can be formulated as [2]

[k̂, ŝ] = argmin
k∈{1,...,Nt },s∈X

‖y − hks‖2. (2.2)

The ML detection in (2.2) is optimal at the expense of high search complexity,
which is of order O(Nt M), since it invokes joint detection of the antenna index and
modulated symbol.

2.1.2 Low-Complexity Detection

Attentive to thehigh computational complexity of theMLdetection,many researchers
have been focusing on the design of low-complexity detection methods for SM. In
the following, we will introduce some popular ones.
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The pioneering work is presented in [3], where the matched filtering (MF) detec-
tion is proposed. In this method, the detections for the antenna index and modulated
symbol are decoupled. Specifically, first, the active antenna is estimated, which is
realized by

k̂ = argmax
k∈{1,...,Nt }

ŷk, (2.3)

where ŷk = |hH
k y|/‖hk‖2. Then, the modulated symbol is estimated via

ŝ = argmin
s∈X

||y − hk̂ s||2. (2.4)

The MF detection, however, comes at a cost of system performance, since it is
required that ‖h j‖2 < ‖hk‖2 for all j �= k [2].

Another alternative is the signal vector based detection [4]. The main difference
between this method and the MF detection lies in the estimation of the antenna
index. In signal vector based detection, the active antenna is determined when the
angle between its corresponding channel vector and the received signal vector is the
minimum one, i.e.,

θ(k) = arccos
|〈hk, y〉|

‖hk‖ · ‖y‖ ,

k̂ = argmin
k∈{1,...,Nt }

θ(k). (2.5)

However, the inaccuracy of the angle measurement due to the presence of the mod-
ulated symbol severely degrades the system performance.

To avoid angle ambiguity caused by the signal vector based detection, the signal
vector based list (SVBL) detection is proposed [5]. In SVBL detection, the number
of active antenna candidates is relaxed from 1 to L , whose indices, denoted by L =
{k1, . . . , kL}, are associated with the smallest L angles among {θ(1), . . . , θ(Nt )}.
Then, the antenna index and the modulated symbol are jointly estimated as

[k̂, ŝ] = argmin
k∈L,s∈X

‖y − hks‖2. (2.6)

Explicitly, the improved performance is achieved at a price of increased complexity,
whose amount depends on the value of L .

A similar idea is realized by the distance-based ordered detection [6]. In this
method, first, by assuming the activation of the k-th transmit antenna, the modulated
symbol carried on is estimated as

r̂k = argmin
s∈X

||y − hks||2, (2.7)
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where k ∈ {1, . . . , Nt }. Note that {r̂1, . . . , r̂Nt } are Nt symbol estimates, but only
one of them is necessary. Let dn denote the distance between rk and r̂k , given by

dk = ||hk || |r̂k − rk |. (2.8)

Then, by sorting {d1, . . . , dNt } in ascending order and obtaining the indices U =
{u1, . . . , u p} associated with the first p values, the antenna index and the modulated
symbol are jointly estimated as

k̂ = argmin
k∈U

‖y − hkr̂k‖2, (2.9)

ŝ = r̂k̂, (2.10)

where similar to the parameter L in the SVBL detection, the parameter p is used to
reach a compromise between the system performance and the computational com-
plexity. Explicitly, as p increases, the distance-based ordered detection approaches
the optimal ML detection.

The above-mentioned four detection methods achieve sub-optimal performance.
In the following,we introduce two low-complexity optimal detectionmethods,which
reduce the search complexity to an order of O(Nt ). The first one is the hard-limiter
based ML detection [7], which applies to a square or rectangular QAM. The idea is
motivated by the fact that the M-QAM constellation can be viewed as a product of
M1-PAM and M2-PAM constellations, where M = M1M2. Consequently, assuming
the activation of the k-th transmit antenna, the real and the imaginary parts of the
modulated symbol carried on can be directly estimated as

R{r̂k} = min

{
max

{
2�R(ŷk) + 1

2
�, M1 + 1

}
, M1 − 1

}
, (2.11)

and

J{r̂k} = min

{
max

{
2�J(ŷk) + 1

2
�, M2 + 1

}
, M2 − 1

}
, (2.12)

respectively, where �·� denotes the operation of rounding a real number to the near-
est integer, ŷk is given by (2.3), and k ∈ {1, . . . , Nt }. However, only one among
{r̂1, . . . , r̂Nt } is necessary. To determine the necessary one, one can resort to the ML
criterion:

k̂ = argmin
k∈{1,...,Nt }

‖y − hkr̂k‖2,

ŝ = r̂k̂ . (2.13)

The second one is the decision-zone based detection [8], which applies to an MPSK
input. Assume that ŷk = |ŷk |e jϑk and r̂k = e jϕk , where ϑk and ϕk are the phases of
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ŷk and r̂k , respectively. According to the decision zones for the MPSK constellation,
the phase of the modulated symbol can be directly estimated as

ϕ̂k = 2π

M
< �ϑk M

2π
� >M , (2.14)

where < · >M denotes the module M operation. Then, having the phase, the symbol
candidate can be directly obtained as r̂k = e jϕ̂k . Finally, the antenna index and
modulated symbol can be estimated via (2.13).

It should be noted that besides all aforementioned methods, we may also apply
the ideas of sphere decoding and compressed sensing for detection, which achieve
different tradeoffs between the system performance and the computational complex-
ity.

2.1.3 Performance Evaluation

The bit error rate (BER) performance of SM is shown in Fig. 2.2, where comparison
is made with V-BLAST and their spectral efficiencies are equated to 8 bps/Hz. As
can be seen, both V-BLAST and SM achieve the same diversity order of Nr , and SM
can outperform V-BLAST by leveraging the numbers of space bits and modulation
bits.

Taking the SVBLdetector as a representative for all low-complexity SMdetectors,
we compare its performance with that of the optimal ML detector in Fig. 2.3. Two
system configurations are considered, which are {Nt = 4, Nr = 2} and {Nt =
8, Nr = 4}. Recall that for L = 1, the SVBL detector degenerates into the signal
vector based detector and for L = Nt , the SVBL detector becomes the optimal
ML detector. From the figure, we observe that the SVBL detector with L = 1
exhibits unsatisfactory performance, but the performance is improved significantly
as L increases. Interestingly, for a value of L much smaller than Nt , near-optimal
performance is already achieved by the SVBL detector.

2.2 Pre-coding Aided Spatial Modulation

In this section, we propose a novel scheme, called GPQSM, which extends SM to
the receiver side. In GPQSM, index modulation works on both the in-phase and
quadrature parts of the received signals. GPQSM is general and can degenerate into
the conventional MIMO scheme. A closed-form upper bound on the average bit error
probability (ABEP) of GPQSM is also derived.
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efficiency of 8bps/Hz

0 5 10 15 20 25 30

10−4

10−3

10−2

10−1

100

SNR (dB)

B
ER

4×2, 16−PSK, ML
4×2, 16PSK, SVBL ( L=1)
4×2, 16PSK, SVBL ( L=2)
8×4, QPSK, ML
8×4, QPSK, SVBL ( L=2)
8×4, QPSK, SVBL ( L=3)
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Fig. 2.4 Transceiver structure of GPQSM with Nt = 6, Nr = 4, and 4-QAM

2.2.1 System Model

The transceiver structure of GPQSM with Nt = 6, Nr = 4, and 4-QAM is depicted
in Fig. 2.4. We always assume Nt ≥ Nr and perfect channel state information at
the transmitter (CSIT) for ensuring the pre-coding design. In GPQSM, Np (1 ≤
Np ≤ Nr ) receive antennas are activated to transmit the real (imaginary) parts of
transmitted symbols. There are in total C(Nr , Np) possible antenna combinations.
However, in order tomodulate the space bits, only N = 2�log2(C(Nr ,Np))� combinations
will be used. Note that the conventional MIMO scheme is a special case of GPQSM
with Np = Nr .

At each time slot, n = Np log2(M)+2�log2(C(Nr , Np))� information bits are to
be transmitted. First, the Np log2(M) bits are mapped into Np modulated symbols
s = {s(1), . . . , s(Np)}, of which each can be expressed by s(η) = s I (η) + js Q(η),
s(η) ∈ X , where s I (η) and s Q(η) represent the in-phase and quadrature parts of
s(η), respectively. Note that s I (η) ∈ X I and s Q(η) ∈ X Q , whereX I andX Q denote
the in-phase and quadrature sets of X , respectively. Then, �log2(C(Nr , Np))� bits
are used to select an antenna combination for transmitting {s I (1), . . . , s I (Np)} and
the other �log2(C(Nr , Np))� bits are used to select another antenna combination for
transmitting {s Q(1), . . . , s Q(Np)}. Denote the ν-th legitimate active antenna com-
bination for in-phase/quadrature parts as

I I
ν = {i I

ν (1), . . . , i I
ν (Np)},

I Q
ν = {i Q

ν (1), . . . , i Q
ν (Np)}, (2.15)

where i I
ν (a), i Q

ν (a) ∈ {1, . . . , Nr } with ν = 1, . . . , N and a = 1, . . . , Np. If
the u-th and o-th active antenna combinations are chosen by the incoming bits,
respectively, then the signal vectors before pre-coding corresponding to the in-
phase and quadrature parts can be written as xI = [x I (1), . . . , x I (Nr )]T and
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xQ = [x Q(1), . . . , x Q(Nr )]T , respectively, where

x I (η) =
{

s I (η), η ∈ I I
u

0, otherwise
, x Q(η) =

{
s Q(η), η ∈ I Q

o

0, otherwise
.

Finally, the transmitted signal vector is generated by combining the in-phase and
quadrature parts with pre-coding:

X = PDx = PD(xI + jxQ), (2.16)

where P ∈ C
Nt ×Nr is the pre-coding matrix and D is an Nr × Nr diagonal matrix

whose η-th diagonal element is d(η) = √
1/||pη||2 with pη denoting the η-th column

of P.
Let H denote the MIMO channel, whose entries follow the Nakagami-m distribu-

tion with parameters (1, m). The received signal vector y ∈ C
Nr ×1 can be expressed

by

y = HPDx + w, (2.17)

where w ∈ C
Nr ×1 is an AWGN vector with zero mean and covariance matrix

NPσ2/Nr INr . It should be noted that the imperfect channel estimation and pre-coding
will break the orthogonality between the in-phase and quadrature components, which
seriously deteriorates the performance of GPQSM. To ease the analysis, we simply
assume perfect CSIT. The linear pre-coding schemes, such as zero-forcing (ZF) and
minimum mean squared error (MMSE) pre-coding, can be applied to this system.
Here, we only consider ZF pre-coding, which implies that the adopted pre-coder is
P = HH (HHH )−1. In this case, d(η) can be expressed by

d(η) = 1√
[(HHH )−1]η,η

. (2.18)

Therefore, the received signal vector can be rewritten from (2.17) as

y = Dx + w = DxI + jDxQ + w. (2.19)

The optimal ML detector is given by

x̂ = argmin
x

‖y − Dx‖2

= argmin
xI ,xQ

‖y − (DxI + jDxQ)‖2. (2.20)

From (2.20), it can be seen that the optimal ML detector requires an exhausting
search over all possible transmitted signal vectors. To reduce the search complexity,
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we propose a low-complexity detection method as follows. Due to the independence
between the in-phase and quadrature parts, (2.20) is equivalent to

x̂ = argmin
xI

‖yI − DxI ‖2 + j argmin
xQ

‖yQ − DxQ‖2, (2.21)

where yI and yQ represent the in-phase and quadrature parts of y, respectively. Since
the detection procedures for the in-phase and quadrature parts are the same, we now
only consider the detection for the in-phase part, which can be expressed by

x̂I = argmin
xI

‖yI − DxI ‖2

= argmin
{x I (η)}Nr

η=1

Nr∑
η=1

|yI (η) − d(η)x I (η)|2. (2.22)

From (2.22), it reveals that the search complexity is of order (M I )Np N , where M I

denotes the cardinality of X I . A further reduction of search complexity is possible
if we expand (2.22) as

argmin
{x I (η)}Nr

η=1

Nr∑
η=1

|yI (η) − d(η)x I (η)|2

= argmin
{x I (η)}Nr

η=1

Nr∑
η=1

[(
yI (η)

)2 − 2d(η)x I (η)yI (η) + (
d(η)x I (η)

)2]

= argmin
I I
ν ,{s I (η)}

η∈I I
ν

⎡
⎣∑

η∈I I
ν

[(
d(η)s I (η)

)2 − 2d(η)s I (η)yI (η)
]

+
Nr∑

η=1

(
yI (η)

)2
⎤
⎦

= argmin
I I
ν

⎡
⎣∑

η∈I I
ν

min
s I (η)

[(
d(η)s I (η)

)2 − 2d(η)s I (η)yI (η)
]⎤⎦ . (2.23)

Define D(η) = (
d(η)ŝ I (η)

)2 − 2d(η)ŝ I (η)yI (η), where

ŝ I (η) = argmin
s∈X I

|yI (η) − d(η)s|2. (2.24)

Therefore, the detection for the active antenna combination in (2.23) is equivalent to

Î I
ν = argmin

I I
ν

∑
η∈I I

ν

D(η). (2.25)
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It is clear that the order of the search complexity in (2.25) is reduced to Nr M I + N .
However, the search complexity is still high especially when Nr or Np is large. For
practical use, it is advisable to first obtain [z1, . . . , zNr ] = sort({D(η)}Nr

η=1), where
sort(·) defines an ordering function that reorders the elements of the input vector in
ascending order, and z1, zNr are the indices of the maximum and minimum values
in {D(η)}Nr

η=1, respectively. Then, we simply obtain the active antenna indices by

Î I
ν = {z1, . . . , zNp }. Based on this manner, we may obtain an illegitimate antenna
combination, which does not exist in themapping table. To relieve this adverse effect,
when this event occurs, we select Î I

ν = {z1, . . . , zNp−1 , zNp+1} instead. After getting
Î I
ν , the estimation of xI is directly obtained by

x̂ I (η) =
{

ŝ I (η), η ∈ Î I
ν

0, otherwise
. (2.26)

From the proposed detector, it follows that the equivalent detection only leads to a
search complexity of order Nr M I . Compared with the ML detector in (2.22), the
search complexity is largely reduced.

2.2.2 Average Bit Error Probability Analysis

According to (2.16), it indicates that the n information bits can be treated as
two independent bits n1 = log2(M) + �log2(C(Nr , Np))� and n2 = log2(M) +
�log2(C(Nr , Np))� corresponding to in-phase and quadrature parts, respectively.
Without loss of generality, we only analyze the average bit error probability (ABEP)
for the n1 bits.

An upper bound on ABEP for the n1 bits can be derived according to the union
bounding technique as [9]

P I
E ≤ 1

n12n1

∑
xI

∑
x̂I �=xI

N (xI , x̂I )Pr(xI → x̂I ), (2.27)

where Pr(xI → x̂I ) denotes the pairwise error probability (PEP) of detecting x̂I

when xI is transmitted and N (xI , x̂I ) measures the number of bits in difference
between xI and x̂I .

The PEP conditioned on D is given by

Pr(xI → x̂I |D) = Q

(√
λI

2
γ

)
, (2.28)
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where λI = cH D2c with c = xI − x̂I and γ = 1/σ2 is the given signal-to-noise ratio
(SNR). Let us expand λI as λI = ∑Nr

η=1 c2(η)d2(η), where c(η) = x I (η) − x̂ I (η).
Since the zero elements normally exist in c, we can rewrite λI as

λI =
NF∑

o=1

c2(τ (o))d2(τ (o)), (2.29)

where NF denotes the number of non-zero elements of c and {τ (o)}NF
o=1 indicate the

indices of non-zero elements in c.
Careful inspection of (2.29) reveals that the phase distribution of the Nakagami-m

channel has little impact on the distribution of d2(τ (o)), which implies that nearly
the same system performance will be resulted over Nakagami-m channels with either
uniform or non-uniform phases. Moreover, it also reveals that the derivation of PEP
in (2.28) requires the probability density function (PDF) of the sum of d2(τ (o)).
However, to the best of our knowledge, this PDF is not available for m �= 1. Hence,
for the ease of analysis, we only discuss the case with m = 1, in which d2(τ (o)) ∼
Gamma(L , 1) with L = Nt − Nr + 1 [10]. In [11], this PDF is given by

fλI (y) =
NF∏
j=1

(
β1

β j

)L
[+∞∑

k=0

δk yNF L+k−1e−y/β1

βNF L+k
1 Γ (NF L + k)

]
H0(x), (2.30)

where H0(x) and Γ (·) denote the Heaviside step function and gamma function,
respectively, and {β j }NF

j=1 are the eigenvalues of A = BC with β1 = min {β j }NF
j=1.

Here, B is an NF × NF diagonal matrix with the diagonal elements {c2(τ (o))}NF
o=1

and C is an NF × NF matrix

C =

⎡
⎢⎢⎢⎢⎣

1
√

ρI · · · √
ρI

√
ρI

. . .
. . .

...
...

. . .
. . .

√
ρI√

ρI · · · √
ρI 1

⎤
⎥⎥⎥⎥⎦ , (2.31)

where ρI = E[(d2(τ (o)) − L)(d2(τ (ô)) − L)]/L denotes the Pearson product-
moment correlation coefficient for any two different Gamma random variables (RVs)
d2(τ (o)) and d2(τ (ô)) in D2. The parameter δk is given by

⎧⎪⎨
⎪⎩

δ0 = 1,

δk+1 = L
k+1

k+1∑
l=1

NF∑
j=1

(1 − β1

β j
)lδk+1−l , k = 0, 1, . . .

.
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By averaging (2.28) with (2.30), we have

Pr(xI → x̂I ) = EλI

[
Q

(√
λI

2
γ

)]

≤ EλI

[
1

2
e−λI γ/4

]
, (2.32)

where the Chernoff bound Q(x) ≤ 1
2e−x2/2 is applied. Using the integration formula

[12, Eq. (3.381, 4)], (2.32) can be calculated as

Pr(xI → x̂I ) ≤ 1

2

NF∏
j=1

(
β1

β j

)L +∞∑
k=0

δkβ
−NF L−k
1

Γ (NF L + k)

∫ +∞

0
yNF L+k−1e−(

γ
4 + 1

β1
)ydy

= 1

2

NF∏
j=1

(
β1

β j

)L (β1γ

4
+ 1

)−NF L +∞∑
k=0

δk

(β1γ/4 + 1)k
. (2.33)

At high SNR (γ → +∞), the PEP can be simplified as

Pr(xI → x̂I ) ≈
∏NF

j=1

(
β1

β j

)L

2

(
β1γ

4
+ 1

)−NF L

, (2.34)

where (2.34) is obtained by
∑+∞

k=0
δk

(β1γ/4+1)k = 1.

With the PEP, the upper bound on ABEP P I
E for the n1 bits now can be evaluated

by (2.27). It can be observed that a high SNR approximation of P I
E is the linear

combination of PEP, which is only dominated by the smallest exponent of γ with
NF = 1. Therefore, at very high SNR we have

P I
E ≈ 1

2n1+1n1

∑
xI

∑
x̂I �=xI

N (xI , x̂I )

(
β1γ

4
+ 1

)−L

. (2.35)

In the same manner, an upper bound on ABEP P Q
E for the n2 bits can be obtained.

Finally, an upper bound on ABEP for GPQSM can be expressed as

PE = n1P I
E + n2P Q

E

n1 + n2
, (2.36)

where it reveals that the diversity order of our scheme is L . We see that the diversity
order depends on the system configuration only and is independent of Np and M .
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2.2.3 Performance Evaluation

In this subsection, we conduct computer simulations to examine the ABEP perfor-
mance of GPQSM and make comparison with that of the conventional generalised
pre-coding aided spatial modulation (GPSM) and MIMO schemes.

In Fig. 2.5, the ABEP performances of various GPQSM schemes under spectral
efficiencies of 8 and 32 bps/Hz are drawn with m = 1. In order to match 8 bps/Hz
for 8× 4 MIMO setup, 4-QAM is chosen for GPQSM with Np = 2 and the MIMO
scheme while 16-QAM is chosen for GPQSM with Np = 1. On the other hand, to
match 32 bps/Hz for 10× 8 MIMO setup, 16-QAM is adopted for both the GPQSM
with Np = 6 and MIMO schemes. It can be seen that GPQSM schemes obtain an
overwhelming performance gain over the MIMO schemes in the high SNR regime.
Note that the performance of the MIMO scheme becomes better than the GPQSM
scheme with Np = 1 for the 8 × 4 system. This is because using 16-QAM for
GPQSM leads to a worse performance than using 4-QAM for the MIMO scheme,
which cannot be compensated for by the performance gain from the spatial domain.

Figure2.6 investigates the ABEP performance of a 8 × 4 GPQSM scheme using
4-QAMmodulation and a 8× 4 GPSM scheme using 8-QAMmodulation both with
Np = 2 and m = 2. The performance of the proposed suboptimal detector is also
examined. At ABEP = 10−5, it can be seen that the proposed GPQSM scheme
achieves about a 3.5dB SNR gain with respect to the GPSM scheme under the
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Fig. 2.5 ABEP performance of the GQPSM scheme in comparison to the MIMO scheme with
m = 1
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Fig. 2.6 ABEP performance of GPQSM and GPSM with Nt = 8 and Nr = 4 for m = 2

spectral efficiency of 8 bps/Hz. From Fig. 2.6, we can see that the proposed detector
achieves nearly the same performance as the ML detector.

Figure2.7 shows the ABEP performance of GPQSM for Nt = {8, 12}, Nr =
{4, 8} and m = 1 with different values of Np and M . In Fig. 2.7a, 4-QAM and 16-
QAM are applied for a 8 × 4 GPQSM scheme with Np = 1, 2, and 3, respectively.
It can be seen that the theoretical results well match the simulation counterparts in
the high SNR regime. Similar results can be found in Fig. 2.7b, where a 12 × 8
GPQSM scheme with 4-QAM and 16-QAM for Np = 2, 3, and 4 are considered.
The simulation curves of GPQSM also perfectly match the theoretical curves in the
high SNR regime. From Fig. 2.7, we can see that the diversity order does not change
with Np and M , which verifies the analysis in Sect. 2.2.2.

2.3 Virtual Spatial Modulation

In this section, we propose the VSM scheme that operates on the virtual parallel
channels resulting from the singular value decomposition (SVD) of MIMO chan-
nels. The VSM scheme conveys information through both the indices of the virtual
parallel channels and the M-ary modulated symbols, applying to any configuration
of transceiver antennas. We derive a closed-form upper bound on the ABEP of the
VSM scheme, which takes into account the impact of imperfect channel estimation.
Moreover, the asymptotic ABEP is also studied, which characterizes the ABEP error
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floor in the presence of channel estimation error and the resulting diversity order and
the coding gain under perfect channel estimation.

2.3.1 System Model

The received signal vector for all schemes with pre-coding can be expressed in a
general form as

y = HPx + w, (2.37)

where x is the signal vector, P is the pre-coding matrix and w ∈ C
Nr ×1 is an AWGN

vector with zero mean and covariance matrix N0INr .
The well-known parallel decomposition of H using SVD is given by

H = U�VH , (2.38)

where U ∈ C
Nr ×Nr and V ∈ C

Nt ×Nt are unitary matrices, and � ∈ C
Nr ×Nt is the

singular valuematrix, which contains singular values {σi }m
i=1 withm = min{Nt , Nr }.

Inspired by SVD, we aim to transmit the spatial bits through the virtual parallel
channels in �. If we have perfect channel estimation at the receiver and perfect
feedback of the CSI from the receiver to the transmitter, the pre-coding matrix can
be simply set to be P = V. However, the perfect CSI is always unavailable at the
receiver in practical systems. Therefore, to be practical we take into account the
imperfect channel estimation. The estimated channel with errors at the receiver can
be modeled as H̃ = H + He, where He denotes the channel estimation error matrix
whose entries are independent and identically distributed complex Gaussian RVs
with zero mean and variance δ2e . Note that He is independent of H and H̃ depends
on H with the correlation coefficient ρ = 1/(1 + δ2e ). It can be seen that the perfect
channel estimation is the special case of δ2e = 0 (ρ = 1). In Sect. 2.3.3, we will
consider two situations for determining ρ: (1) fixed ρ: the value of estimation error
is fixed for all SNRs; (2) unfixed ρ: the estimation error changes with the given SNR
as δ2e = 1/(Lγ), where γ = 1/N0 denotes the SNR and L denotes the number of
pilot symbols used for channel estimation [13]. Note that the feedback error can be
incorporated into He. For ease of exposition, we simply consider perfect feedback.

Due to channel estimation, the receiver knows H̃ instead of H. Performing SVD
to H̃, we have

H̃ = Ũ�̃ṼH , (2.39)

where Ũ ∈ C
Nr ×Nr and Ṽ ∈ C

Nt ×Nt are the unitary matrices, and �̃ ∈ C
Nr ×Nt is the

singular value matrix. The right unitary matrix Ṽ is fed back to the transmitter for
pre-coding purposes. Under a rich scattering environment assumption, �̃ ∈ C

Nr ×Nt
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contains non-zero singular values {σ̃i }m
i=1, which can also provide m virtual parallel

channels for carrying spatial bits. To perform index modulation on the m virtual
parallel channels, however, the signal vector x has to be carefully designed to match
the pre-coding matrix Ṽ. To this end, we have to classify the SVD of H̃ into two
situations. When Nt ≤ Nr , the SVD of H̃ can be rewritten as

H̃ = [Ũ1, Ũ0][�̃1, 0]T ṼH , (2.40)

where Ũ1 ∈ C
Nr ×Nt and Ũ0 ∈ C

Nr ×(Nr −Nt ) are the sub-matrices of Ũ, which collect
the left-singular vectors corresponding to nonzero and zero singular values, respec-
tively, and �̃1 ∈ C

Nt ×Nt is the non-zero singular value matrix. In this case, the signal
vector (a.k.a., the information vector) is set to be x ∈ C

Nt ×1. On the other hand,
when Nt > Nr , the SVD of H̃ can be rewritten as

H̃ = Ũ[�̃1, 0][Ṽ1, Ṽ0]H , (2.41)

where Ṽ1 ∈ C
Nt ×Nr and Ṽ0 ∈ C

Nt ×(Nt −Nr ) are sub-matrices of Ṽ, which collect the
right-singular vectors corresponding to nonzero and zero singular values, respec-
tively. In this case, the signal vector is set to be x̃ ∈ C

Nt ×1 = [xT , zT
0 ]T , where

x ∈ C
Nr ×1 is the information vector corresponding to the m virtual parallel channels

and z0 ∈ C
(Nt −Nr )×1 denotes the all-zero vector.

VSM Transmitter

The transmitter structure of VSM is depicted in Fig. 2.8. In VSM, Np out of m
virtual parallel channels are activated for transmitting the real (imaginary) parts of
the modulated symbols. In order to modulate the spatial bits, only N = 2�log2(C(m,Np)�
combinations are selected as the legitimate antenna combinations. Note that the
number of virtual parallel channels is m, which equals the minimum between the
numbers of transmit and receive antennas. Therefore, the VSM scheme contains both
benefits of transmitter and receiver PSM schemes.

Fig. 2.8 The schematic of VSM
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Specifically, VSM works as follows. At each time slot, d = Np log2(M) +
2�log2(C(m, Np))� information bits are fed into the transmitter and divided into
three parts. The first part of Np log2(M) bits are mapped into a symbol vector
s = [s1, . . . , sNp ]T , where sϕ = s I

ϕ + js Q
ϕ ,ϕ ∈ {1, . . . , Np}, with s I

ϕ and s Q
ϕ

denoting the in-phase and quadrature parts of sϕ, respectively. Note that s I
i ∈ X I

and s Q
i ∈ X Q , where X I and X Q denote the in-phase and quadrature sets of

X , respectively. The second part of �log2(C(m, Np))� bits select an active chan-
nel combination I I

v = {i I
v(1), . . . , i I

v(Np)}, where i I
v(α) ∈ {1, . . . m} with v ∈

{1, . . . , N } and α ∈ {1, . . . , Np}, for transmitting the real part of s, yielding
xI = [. . . , s I

1 , . . . , s I
Np

, . . .]. Similarly, the third part of �log2(C(m, Np))� bits select
an active channel combination I Q

μ = {i Q
μ (1), . . . , i Q

μ (Np)}, where i Q
μ (ς) ∈ {1, . . . m}

with μ ∈ {1, . . . , N } and ς ∈ {1, . . . , Np}, for transmitting the imaginary part of s,
yielding xQ = [. . . , s Q

1 , . . . , s Q
Np

, . . .]. Finally, the information vector is generated
by combining the in-phase and quadrature parts:

x = xI + jxQ . (2.42)

As an example, we present amapping table of VSM for Nt = 4, Nr = 2, Np = 1, and
4-QAM in Table2.1. In this example, we have d = 4. Suppose that the information
bits q = [0 1 1 0] are transmitted at a given time slot. The first Np log2(M) = 2 bits
[0 1] are mapped into s = [−1− j]. Then, s is divided into in-phase and quadrature
parts sI = [−1] and sQ = [−1], respectively. The second �log2(C(Nr , Np))� = 1
bit [1] indicates the active channel combination I I

2 = {2} to transmit sI , resulting in
the vector xI = [0,−1]T . The last �log2(C(Nr , Np))� = 1 bit [0] indicates the active
channel combination I Q

1 = {1} to transmit sQ resulting in the vector xQ = [1, 0]T .
Finally, the information vector is obtained as x = [− j,−1]T .

Before transmitted into the wireless channel, the information vector is pre-coded
by P = V̄, which represents Ṽ for Nt ≤ Nr and Ṽ1 for Nt > Nr , respectively.

Table 2.1 Mapping table for VSM with Nt = 4, Nr = 2, Np = 1 and 4-QAM

Input bits Signal vector Input bits Signal vector

0000 [−1 + j, 0]T 1000 [1 + j, 0]T

0001 [−1, j]T 1001 [1, j]T

0010 [ j,−1]T 1010 [ j, 1]T

0011 [0,−1 + j]T 1011 [0, 1 + j]T

0100 [−1 − j, 0]T 1100 [1 − j, 0]T

0101 [−1,− j]T 1101 [1,− j]T

0110 [− j,−1]T 1110 [− j, 1]T

0111 [0,−1 − j]T 1111 [0, 1 − j]T
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VSM Receiver

The receiver structure of VSM is depicted in Fig. 2.8. The received signal vector after
receiver shaping can be expressed in a general form as

ȳ = ŪH y = ŪH HV̄x + ŪH w, (2.43)

where Ū represents Ũ1 or Ũ for Nt ≤ Nr or Nt > Nr , respectively.
Based on (2.43), we propose two detection methods corresponding to whether or

not the receiver has the knowledge of the correlation coefficient ρ. When ρ is known
to the receiver, the optimal ML detector can be derived as

x̂ = argmin
x

‖ȳ − ρ�̃1x‖2. (2.44)

The reason why (2.44) is optimal will be clarified later. On the other hand, when ρ
is unknown to the receiver, it is reasonable to assume perfect channel estimation for
detection, under which the detector follows from (2.44) by setting ρ = 1:

x̂ = argmin
x

‖ȳ − �̃1x‖2. (2.45)

However, both detectors in (2.44) and (2.45) impose great computational burden to
the receiver when Nr or M goes to a very large value. To solve this problem, we can
resort to the idea proposed in Sect. 2.2.1.

2.3.2 Average Bit Error Probability Analysis

We derive a closed-form upper bound on the ABEP of VSM that employs the detec-
tor in (2.44). To study the diversity order and coding gain, we further derive the
asymptotic ABEP of VSM. We note that it may be difficult to obtain closed-form
upper bounded and asymptotic ABEPs of VSM that adopts the detector in (2.45).
Fortunately, as will be verified in Sect. 2.3.3 that both detectors achieve nearly the
same ABEP performance, the analysis for the detector in (2.44) suffices.

Analysis of ABEP

Based on the first-order autoregressive model, we can express the true channel with
the estimated one as H = ρH̃ +G, where G ∈ C

Nr ×Nt is a complex Gaussian matrix
independent of H̃, whose entries have zero mean and variance 1 − ρ. Accordingly,
ȳ can be rewritten from (2.43) as

ȳ = ρ�̃1x + q, (2.46)

where q = ŪH GV̄x + ŪH w. Since multiplying a matrix by any unitary matrix
does not change the probability distribution, we can conclude that ŪH GV̄ and ŪH w
have the same distribution as G and w, respectively. In addition, since G and w are
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mutually independent, each entry of q follows the complex Gaussian distribution
with zero mean and variance

ψ = N0 + (1 − ρ)||x||2. (2.47)

At this point, it is straightforward to arrive at (2.44) from (2.46), which is optimal
for detection.

Denote c � [c1, . . . , cm]T = x − x̂. In light of (2.44) and (2.46), the conditional
PEP of detecting x̂ when x is transmitted on �̃1 can be calculated as

Pr(x → x̂|�̃1) = Pr(||ȳ − ρ�̃1x||2 > ||ȳ − ρ�̃1x̂||2)

= Q

⎛
⎝
√

||ρ�̃1(x − x̂)||2
2ψ

⎞
⎠

= Q

⎛
⎝
√∑m

i=1 λi |ci |2
2ψ

⎞
⎠ , (2.48)

where λi = ρ2σ̃2
i , i ∈ {1, . . . , m}. From (2.48), it can be seen that the derivation of

PEP needs the joint PDF of � = [λ1, . . . ,λm]T , which is given by [14]

f (�) = 1

Km,n
e
−

m∑
i=1

λi
m∏

i=1

λn−m
i

m∏
j=i+1

(λi − λ j )
2

︸ ︷︷ ︸
Υ

= 1

Km,n

L∑
κ=1

aκe
−

m∑
i=1

λi

λ
b1

κ

1 · · · λbm
κ

m , (2.49)

where n = max{Nr , Nt }, Km,n is a normalizing coefficient, L denotes the number
of monomials in Υ , aκ denotes the coefficient of the κ-th monomial in Υ with
κ ∈ {1, . . . L}, and {bi

κ}m
i=1 denote the power coefficients of {λi }m

i=1 in the κ-th
monomial in Υ . An example for all values of (Km,n, aκ, b1

κ, . . . , bm
κ ) with Nt = 4

and Nr = 3 is given in Table2.2. By averaging (2.48) with (2.49), we have

Pr(x → x̂) =E�

⎡
⎣Q

⎛
⎝
√∑m

i=1 λi |ci |2
2ψ

⎞
⎠
⎤
⎦

∼=E�

[
1

12
e
−

m∑
i=1

λi |ci |2
4ψ + 1

4
e
−

m∑
i=1

λi |ci |2
3ψ

]
(2.50)

= 1

12

∫
e
−

m∑
i=1

λi |ci |2
4ψ

f (�)d� + 1

4

∫
e
−

m∑
i=1

λi |ci |2
3ψ

f (�)d�, (2.51)
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where (2.50) is obtained by [15]

Q(x) ∼= 1

12
e− x2

2 + 1

4
e− 2x2

3 . (2.52)

According to [12, Eq. (8.312.2)], the first integral of (2.51) can be calculated as

1

12

∫
e

−∑m
i=1 λi |ci |2
4ψ f (�)d�

= 1

12Km,n

L∑
κ=1

aκ

∫
e
−

m∑
i=1

(
|ci |2
4ψ +1)λi

λ
b1

κ

1 · · · λbm
κ

m d�

= 1

12Km,n

L∑
κ=1

aκ

∫
e−(

|c1 |2
4ψ +1)λ1λ

b1
κ

1 dλ1 · · ·
∫

e−(
|cm |2
4ψ +1)λm λ

bm
κ

m dλm

= 1

12Km,n

L∑
κ=1

aκ

m∏
i=1

( |ci |2
4ψ

+ 1

)−(bi
κ+1)

Γ (bi
κ + 1). (2.53)

In the same manner, the second integral of (2.51) is given by

1

4Km,n

L∑
κ=1

aκ

m∏
i=1

( |ci |2
3ψ

+ 1

)−(bi
κ+1)

Γ (bi
κ + 1). (2.54)

By substituting (2.53) and (2.54) into (2.51), the unconditional PEP can be expressed
as

Pr(x → x̂) = 1

4Km,n

L∑
κ=1

aκ

(
m∏

i=1

Γ (bi
κ + 1)

)

×
[
1

3

m∏
i=1

( |ci |2
4ψ

+1

)−(bi
κ+1)

+
m∏

i=1

( |ci |2
3ψ

+1

)−(bi
κ+1)

]
. (2.55)

After obtaining the PEP, an upper bound on the ABEP can be readily derived accord-
ing to the union bounding technique as

Pe ≤ 1

d2d

∑
x

∑
x̂ �=x

N (x, x̂)Pr(x → x̂). (2.56)

Asymptotic ABEP Analysis

Recallψ = N0+(1−ρ)||x||2. If we have channel estimation error (ρ �= 1), N0 = 1/γ
tends to be zero and ψ → ψ∗ = (1 − ρ)||x||2 as γ → +∞. The asymptotic ABEP
can be thus expressed from (2.56) as
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Pe → 1

d2d+2Km,n

∑
x

∑
x̂

N (x, x̂)

L∑
κ=1

aκ

(
m∏

i=1

Γ (bi
κ + 1)

)

×
[
1

3

m∏
i=1

( |ci |2
4ψ∗ + 1

)−(bi
κ+1)

+
m∏

i=1

( |ci |2
3ψ∗ + 1

)−(bi
κ+1)

]
. (2.57)

The above equation reveals that the ABEP tends to be a constant irrelevant to the
SNR in the high SNR region, which, as reflected in the ABEP performance, creates
an error floor.

On the other hand, if no channel estimation error exists (ρ = 1), we haveψ = 1/γ
and the asymptotic ABEP can be derived as

Pe → 1

d2d+2Km,n

∑
x

∑
x̂

N (x, x̂)

L∑
κ=1

aκ

(
m∏

i=1

Γ (bi
κ + 1)

)

×
[
1

3

m∏
i=1

( |ci |2γ
4

)−(bi
κ+1)

+
m∏

i=1

( |ci |2γ
3

)−(bi
κ+1)

]
. (2.58)

From (2.58), we see that the high SNR approximation of Pe turns out to be a linear
combination of PEPs, which are dominated by the sum of the terms associated with
the largest exponent (equivalently the smallest value among {bi

κ}m
i=1 for all κ(s)) of

γ, For instance, from Table2.2 with Nt = 4 and Nr = 3, the smallest coefficient is 1.
From the above analysis, the asymptotic ABEP in (2.58) can be further approximated
as

Pe → γ−dmin

d2d+2Km,n

∑
κ,dmin

∑
s,ŝ∈X

aκ

(
m∏

i=1

Γ (bi
κ + 1)

)

× N (x, x̂)

( |s − ŝ|−2dmin

3 · 4−dmin
+ |s − ŝ|−2dmin

3−dmin

)
, (2.59)

Table 2.2 A look-up table for Nt = 4, Nr = 3 (K3,4 = 144)

κ aκ b1κ b2κ b3κ κ aκ b1κ b2κ b3κ κ aκ b1κ b2κ b3κ
1 1 1 3 5 8 2 3 4 2 15 1 3 1 5

2 −2 1 4 4 9 1 3 5 1 16 −2 4 1 4

3 1 1 5 3 10 −2 2 2 5 17 1 5 1 3

4 2 2 3 4 11 2 3 2 4 18 −2 5 2 2

5 2 2 4 3 12 2 4 2 3 19 1 5 3 1

6 −2 2 5 2 13 2 4 3 2

7 −6 3 3 3 14 −2 4 4 1
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where dmin = n − m + 1 is the diversity order achieved by the VSM scheme and∑
κ,dmin

denotes the sumapplying to allκ(s) forwhich there exists the coefficient dmin .
From (2.59), we see that similar to the existing pre-coding schemes, the diversity
order of VSM is determined by the configuration of the transceiver antennas only
and is irreverent to Np. By definition [16], the coding gain achieved by the VSM
scheme can be derived from (2.59) as

Gc =
⎡
⎣ 1

Km,nd2d+2

∑
κ,dmin

∑
s,ŝ∈X

aκ

(
m∏

i=1

Γ (bi
κ + 1)

)

× N (x → x̂)

( |s − ŝ|−2dmin

3 · 4−dmin
+ |s − ŝ|−2dmin

3−dmin

)]− 1
dmin

, (2.60)

which satisfies

Pe
∼= (Gcγ)−dmin , (2.61)

in the high SNR region.

2.3.3 Performance Evaluation

In this subsection, we conduct computer simulations to evaluate the ABEP perfor-
mance of VSM. The 4-QAM is assumed for all schemes.

Performance Comparison with Existing Pre-coding Schemes

We evaluate the ABEP performance of VSM for the case of Nt > Nr in Figs. 2.9
and 2.10, where the GPQSM scheme is considered for comparison. The simulation
parameters for Fig. 2.9 are chosen as Nt = 4, Nr = 2, and Np = 1, and those for
Fig. 2.10 are Nt = 8, Nr = 4, and Np = 2. Since the proposed low-complexity
detector achieves almost the same performance as the optimal ML detector, we
have removed its ABEP curves for figure clarity. To examine the effect of channel
estimation, we consider ρ = 1, 0.95, and 0.91, which correspond to δ2e = 0, 0.01, and
0.05, respectively. The situation of unfixed ρ will be discussed later. For references,
the analytical ABEP upper bounds and asymptotic results of VSM are also added in
the figures. It is observed from Figs. 2.9 and 2.10 that, as expected, under imperfect
channel estimation, error floors appear, whose levels are accurately characterized by
the analytical results. In addition, the error floor increaseswith the channel estimation
error, applying to both schemes. However, the floor level for VSM is much lower.
The above observation can be explained by (2.46), which reveals that the power of
the equivalent noise q scales with the channel estimation error instead of the SNR.
On the other hand, under perfect channel estimation, VSM achieves a diversity order
of Nt − Nr + 1 as GPQSM while obtaining a much larger coding gain. For example,
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Fig. 2.9 Comparison between VSM and GPQSM in terms of ABEP with ρ = 1, 0.95, 0.91 for
Nt = 4, Nr = 2, Np = 1, and 4-QAM

as seen from Fig. 2.9, about 2dB SNR gain is obtained at an ABEP value of 10−5.
This superiority can be accounted for the more diverse channels resulting from the
SVD.

The case of Nt < Nr is considered in Fig. 2.11, where Nt = 2, Nr = 4, Np = 1,
and the generalized SM (GSM) scheme is chosen as a comparison representative. For
fair comparison, we deprive VSM of the index modulation on the real(imaginary)
parts of the received signals, which means VSM activates a single channel to convey
a 4-QAM symbol as GSM. It should be noted that as only a single channel is active,
GSM degenerates to SM. For figure clarity, only the upper bounded ABEP curve
with ρ = 1 for VSM is added. From the figure, we see that under perfect channel
estimation, GSM outperforms VSM in the low-to-high SNR region. This can be
understood since a diversity order of Nr − Nt + 1 is achieved by VSM, while a
higher diversity order, i.e., Nr , is achieved by GSM. On the other hand, we see that
under imperfect channel estimation both VSM and GSM result in error floors, while
the level for GSM is much lower. This can be accounted for the SVD used in VSM,
which converts MIMO channels into parallel channels by scarifying some copies of
transmitted signals. Since besides its worse performance, VSM requires an additional
feedback link, VSM is not recommended to be used as a transmitter-side SM scheme
in practice.
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Fig. 2.10 Comparison between VSM and GPQSM in terms of ABEP with ρ = 1, 0.95, 0.91 for
Nt = 8, Nr = 4, Np = 2, and 4-QAM
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Fig. 2.11 Comparison between VSM and GSM in terms of ABEP with ρ = 1, 0.95, 0.91 for
Nt = 2, Nr = 4, Np = 1, and 4-QAM
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Fig. 2.12 Comparison of the performances of VSM receivers (2.25) and (2.26) in terms of ABEP
with ρ = 1, 0.95, 0.7, 0.5 for Nt = 8, Nr = 4, and Np = 2

Impact of ρ on The Receiver Performance

We examine the impact of the knowledge of ρ to the receiver on the performance of
VSM systems. Figure2.12 shows the comparison results between the ABEPs of the
detectors (2.44) and (2.45) with ρ = 1, 0.95, 0.7, 0.5 for Nt = 8, Nt = 4, Np = 2
and 4QAM. From the figure, we see that for large correlation coefficients such as
ρ = 1 and 0.95, nearly the sameperformance is resulted nomatterwhetherρ is known
to the receiver or not. For smaller correlation coefficients such as ρ = 0.7, 0.5, the
performance with the knowledge of ρ to the receiver is superior to that without
the knowledge of ρ. This can be easily understood since the influence of channel
estimation becomes more significant as ρ becomes smaller and the knowledge of ρ
helps the receiver tract the true channel more accurately. However, we note that as
the performance gap becomes apparent, the ABEP value also goes very large, e.g.,
on an order of 10−1 for ρ = 0.7, 0.5, which is intolerable for most applications of
wireless communications. Therefore, in practice the receiver (2.45) is preferred for
VSM systems in consideration of its simplicity in implementation, since usually the
true value of ρ is difficult to obtain.

Then, we consider the impact of a different channel estimation model on the
ABEP performance of VSM. It is assumed that ρ changes with the SNR according
to ρ = lγ/(lγ + 1), where l is chosen to be 2. Figure2.13 shows the comparison
results between performances of VSM and GPQSM with unfixed ρ for two different
system configurations, which are (1) Nt = 4, Nr = 2, and Np = 1; (2) Nt = 8,
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Fig. 2.13 Comparison between VSM and GSM in terms of ABEP with unfixed ρ for two different
configurations: (1) Nt = 4, Nr = 2, and Np = 1; (2) Nt = 8, Nr = 4, and Np = 2

Nr = 4, and Np = 2. From the figure, it can be seen that different from what we
observe under the situation of fixed ρ, the error floors never appear for both VSM
and GPQSM. This is because ρ approaches one, which happens to be the perfect
channel estimation case, in the high SNR region. Therefore, the asymptotic results
also apply to the situation of unfixed ρ, which are not shown for figure clarity. On
the other hand, from Fig. 2.13, we see that similarly VSM is superior to GPQSM in
the whole SNR region.

2.4 Applications to Cooperative Communications

In this section, we demonstrate the potentials and advantages of space domain index
modulation techniques in the applications to cooperative communications. We take
SSK modulation as a demonstrative example. Specifically, a pragmatic commu-
nication strategy for the use of SSK modulation in two-way amplify-and-forward
(AF) relaying is proposed. By considering a Nakagami-m fading environment, upper
bounded and asymptotic ABEPs are both derived in closed form. The optimal power
allocation problem in the minimization of the ABEP is also addressed.
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Fig. 2.14 The schematic of the two-way relaying with SSK modulation

2.4.1 System Model

We consider a bidirectional relay network, which is comprised of two source nodes,
denoted by S1 and S2, and a relay node, denoted by R, as depicted in Fig. 2.14. We
assume that both source nodes adopt SSKmodulation such that the numbers of anten-
nas at these nodes, NS1 and NS2 , are no less than 2, and the relay node with a single
antenna serves as a non-regenerative repeater. The channel vectors for the S1 − R
and S2 − R links, respectively, are represented by h and g, where the magnitudes of
the entries of h and g, |hi | , i = 1, . . . , NS1 and |gl | , l = 1, . . . , NS2 , are assumed to
follow Nakagami-m distributions with parameters (Ωh, mh) and

(
Ωg, mg

)
, respec-

tively. We further presume that mg and mh are integers, the channels are mutually
independent and reciprocal, and each node is subjected to AWGN of variance N0.
Each message exchange between two source nodes takes place in two phases. In
the first phase, both sources simultaneously send the information and the following
superimposed signal is received at the relay node

yR = √
PS1hk + √

PS2gq + nR, (2.62)

where PI is the transmit power of node I (I ∈ {S1, S2, R}), nR is the AWGN at the
relay, and without loss of generality, it is assumed that the k-th indexed antenna of
S1 and the q-th indexed antenna of S2 are activated for transmission. In the second
phase, the relay first processes the received signal by multiplying an amplification
factor G and then forward it to the two source nodes. Due to symmetry, in what
follows only the signal flowchart at S1 will be detailed. The received signal at the
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i-th antenna of S1 can be expressed by

yS1,i =√
PS1 PRGhi hk + √

PS2 PRGhigq + √
PRGhi nR + nS1,i , (2.63)

where

G = 1√(
PS1Ωh + PS2Ωg + N0

) , (2.64)

is chosen to fix the average transmit power of relay and nS1,i is the AWGN at the i-th
antenna of S1. Here, the fixed-gain AF relay mode is considered. We note that it is
quite difficult to implement the CSI-assisted AF relay mode since the instantaneous
CSI which carries on information due to SSK modulation is unavailable at the relay
during the message transmission. Since the source acquires the knowledge of the
activated antenna index for the previous transmission phase and the CSI during the
pilot transmission phase, it is able to eliminate the self-interference as

ỹS1,i = √
PS2 PRGhigq + √

PRGhi nR + nS1,i︸ ︷︷ ︸
E f f ective noise

. (2.65)

Finally, based on the ML principle, the optimum detection for the transmit antenna
index can be given by

q̂ = argmax
1≤q≤NS2

f̃yS1

(̃
yS1 |gq , h

)

= argmin
1≤q≤NS2

(̃
yS1 − dgq

)H
C−1

ne f f,S1

(̃
yS1 − dgq

)
, (2.66)

where

f̃yS1

(̃
yS1 |gq , h

) =π−NS1
∣∣Cne f f,S1

∣∣− 1
2 e

−(̃yS1−dgq )
H

C−1
ne f f,S1

(̃yS1−dgq ),

ỹS1 , of dimension NS1 , is the received signal vector,whose i-th entry is givenby (2.65),
dgq , of dimension NS1 , is the useful signal vector, whose i-th entry is

√
PS2 PRGhigq ,

and Cne f f,S1
, of dimensions NS1 × NS1 , is the covariance matrix of the effective noise,

whose (i, i ′)-th entry is N0
(
PRG2h∗

i hi ′ + δ
(
i − i ′)).

As indicated in (2.66), the optimum ML detector invokes an inverse of a positive
definite matrix Cne f f,S1

, resulting in a cubic increase in the dimension of the matrix
instead of the linear increase with the number of received antennas in previous SSK
modulation schemes [17, 18]. This is due to the fact that by incurring the relay
retransmission, the effective noise at different antennas of either source become
highly correlated. To solve this problem, we propose a suboptimal detector, which
enables not only a largely reduced detection but also a near-ML performance as will
be validated in Sect. 2.4.3. The idea is motivated by the discovery of the underlying
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spatial constellation for SSK modulation in [17] and can be realized based on the
MRC principle [9, pp. 821–823] as follows,

q̂ = argmin
1≤q≤NS2

∣∣∣∣h
H ỹS1

‖h‖2F
− gq

∣∣∣∣ . (2.67)

It is clear that the evaluation of (2.67) requires (4NS1 +2NS2 −1) complex operations,
which is much less than the O (

NS2 N 3
S1

)
required in (2.66). It is worth noting that

the powers of the effective noise processes at all antennas are simply treated as equal
while performingMRC in (2.67), which greatly helps relieve the burden on the source
nodes in estimating the noise power at different antennas. Also note that unlike the
MRC detection in [3], which only operates under special channel assumption, the
one in (2.67) holds regardless of the channel realization.

2.4.2 ABEP Analysis and Power Allocation

In this subsection, we derive upper bounded and asymptotic ABEPs of the system.
Based on the asymptotic ABEP, we further solve the power allocation problem.
PEP Derivation
The PEPPr

(
q → q̂

)
, which is defined as the probability of the error event that occurs

when the q-th antenna of S2 is activated but antenna index q̂ is detected, is derived
in closed form in the following.

When conditioned upon the instantaneous CSI, the PEP can be readily expressed
from (2.65) and (2.67) as

Pr
(
q → q̂|h, g

) = Pr
(∣∣hH ỹS1/ ‖h‖2 − gq

∣∣2 >
∣∣hH ỹS1/ ‖h‖2 − gq̂

∣∣2)

= Pr

(∣∣gq − gq̂

∣∣2
2

< � {(
gq̂ − gq

)∗
neq

})

= Q

(√
γR−S1 · γS2−R

γR−S1 + CS1

)
, (2.68)

where CS1 = 1/(NS1G
2N0), neq = nR/

√
PS2 + hH nS1/(

√
PS2 PRG ‖h‖2) is the

equivalent noise after MRC, nS1 is the noise vector at S1, and γR−S1 = PR ‖h‖2/
(NS1 N0) and γS2−R = PS2

∣∣gq − gq̂

∣∣2/(2N0) are defined as the instantaneous received
SNR for the R − S1 link and the S2 − R link, respectively. From (2.68), we see that
to obtain the PEP dispensing with the channels, it is necessary to characterize the
distributions of γR−S1 and γS2−R first.

By considering an integer-fading-parameter Nakagami-m environment, the PDF
of γR−S1 can be expressed from [19, Eq. (7)] as
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fγR−S1
(γ) = γmh NS1−1

Γ
(
mh NS1

)
(

mh NS1

γR−S1

)mh NS1

e
− mh NS1

γR−S1
γ
, (2.69)

where γR−S1 = PRΩh
N0

is the average received SNR for the R − S1 link. On the other

hand, since the PDF of
∣∣gq − gq̂

∣∣ is given by [20, Eq. (8)] of a form

f|gq−gq̂ | (u) = ℘g

〈
mz+1

g

2zΩ z+1
g

u2z+1e− mgu2

2Ωg

〉
, (2.70)

where the operator ℘g 〈·〉 is defined as

℘g 〈χ〉 =
mg−1∑
i0=0

mg−1∑
i1=0

(i0 + i1)!
(−mg + 1

)
i0

(−mg + 1
)

i1

(i0!)2(i1!)22i0+i1

i0+i1∑
z=0

(−i0 − i1)z

(z!)2 χ, (2.71)

from basic probability theory [9, p. 30–32] we have

fγS2−R (γ) =
√

N0

2PS2γ
f|gq−gq̂ |

(√
2N0

PS2

γ

)

= ℘g

〈(
mg

γS2−R

)z+1

γze
− mg

γS2−R
γ

〉
, (2.72)

where γS2−R = PS2Ωg

N0
is the average received SNR for the S2 − R link. Accordingly,

given the PDF in (2.72), the cumulative distribution function (CDF) of γS2−R can be
readily derived as

FγS2−R (γ) = ℘g

〈
Γ (z + 1) − Γ

(
z + 1,

mg

γS2−R
γ

)〉

= 1 − ℘g

〈
z!e− mg

γS2−R
γ

z∑
m=0

(
mg

γS2−R

)m γm

m!

〉
, (2.73)

where the property ℘g 〈Γ (z + 1)〉 = 1 and the series representation of the incom-
plete gamma function in [12, Eq. (8.352.2)] are used in obtaining the last equation.

Therefore, by analogy with the mathematics in [18], the CDF of the equivalent
received SNR in (2.68), i.e., γeq = γR−S1 ·γS2−R

γR−S1+CS1
, can be readily derived as
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Fγeq (γ) =
∫ +∞

0
FγS2−R

((
1 + C

x

)
γ

)
fγR−S1

(x) dx

=1 − e
− mg

γ̄S2−R
γ

Γ
(
mh NS1

)
(

mh NS1

γ̄R−S1

)mh NS1

℘g

〈
z!

z∑
m=0

γm

m!
(

mg

γ̄S2−R

)m

×
∫ +∞

0
xmh NS1−1

(
1 + C

x

)m

e
− mgCγ

γ̄S2−R
· 1x − mh NS1

γ̄R−S1
x
dx

〉
. (2.74)

Next, by resorting to the binomial expansion of
(
1 + C

x

)m
and the integral result in

[12, Eq. (3.471.9)], (2.74) can be further simplified as

Fγeq (γ) =1 − 2e
− mg

γ̄S2−R
γ

Γ
(
mh NS1

)℘g

〈
z∑

m=0

m∑
n=0

z!
(m − n)!n! D

mh NS1
+n

2
S1

×
(

mg

γ̄S2−R

)m−n

γ
mh NS1

−n

2 +m Kmh NS1−n

(
2
√

DS1γ
)〉

, (2.75)

where DS1 = mgmhCS1 NS1
γS2−RγR−S1

= mgmh
γS1−R+γS2−R+1

γS2−RγR−S1
and γS1−R = PS1Ωh

N0
is the average

received SNR for the S1 − R link. Finally, by using the partial integral, the PEP can
be expressed as

Pr
(
q → q̂

) = 1

2
√
2π

∫ +∞

0

1√
γ

e− γ
2 Fγeq (γ) dγ

= 1

2
− 1√

2πΓ
(
mh NS1

)℘g

〈
z∑

m=0

m∑
n=0

z!
(m − n)!n! D

mh NS1
+n

2
S1

(
mg

γ̄S2−R

)m−n

×
∫ +∞

0
γ

mh NS1
−n−1+2m

2 e
−
(

mg
γ̄S2−R

+ 1
2

)
γ

Kmh NS1−n

(
2
√

DS1γ
)

dγ

〉
. (2.76)

Closed-form solution exists by changing the integral variable with t = √
γ in the

last equation of (2.76) and applying the identity in [12, Eq. (6.631.3)], yielding

Pr
(
q → q̂

) =1

2
− e

DS1 /

(
2mg

γS2−R
+1

)

2
√
2πDS1Γ

(
mh NS1

)℘g

〈
z∑

m=0

m∑
n=0

z!D
mh NS1

+n

2
S1

(m − n)!n!

×
(

mg

γ̄S2−R

)m−n( mg

γ̄S2−R
+ 1

2

)− mh NS1
−n+2m

2

Γ

(
1

2
+ mh NS1 + m − n

)

× Γ

(
1

2
+ m

)
W− mh NS1

−n+2m

2 ,
mh NS1

−n

2

(
DS1

mg

γ̄S2−R
+ 1

2

)〉
, (2.77)
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which with the help of [21, Eqs. (13.1.10) and (13.1.33)] can be also expressed in
terms of 2F0 as

Pr
(
q → q̂

) = 1

2
− Γ −1

(
mh NS1

)
2
√
2π

℘g

〈
z∑

m=0

m∑
n=0

z!Dn−m− 1
2

S1

(m − n)!n!

×
(

mg

γ̄S2−R

)m−n

Γ

(
1

2
+ mh NS1 + m − n

)
Γ

(
1

2
+ m

)

×2F0

(
mh NS1 + m − n + 1

2
,m + 1

2
; ;−

(
mg

DS1 γ̄S2−R
+ 1

2DS1

))〉
. (2.78)

For a Rayleigh fading environment, where mg = mh = 1, (2.78) reduces to

Pr
(
q → q̂

) =1

2
− Γ

(
NS1 + 1

2

)
4Γ

(
NS1

)
√

2γ̄R−S1 γ̄S2−R

γ̄S1−R + γ̄S2−R + 1

×2F0

(
NS1 + 1

2
,
1

2
; ;− γ̄R−S1 + 1

2 γ̄R−S1 γ̄S2−R

γ̄S1−R + γ̄S2−R + 1

)
. (2.79)

Upper-Bounded and Asymptotic ABEPs

When NS2 = 2, one can readily determine that the exact ABEP at S1, i.e., Pb,S1 , turns
out to be (2.78). As for NS2 > 2, the union bounding technique is used here to derive
an upper bound on the ABEP at S1:

Pb,S1 ≤ 1

NS2 log2
(
NS2

)
NS2∑
q=1

NS2∑
q̂=q+1

2N
(
q, q̂

)
Pr
(
q → q̂

)
(2.80)

where N
(
q, q̂

)
is the Hamming distance between the bit sequences mapped to

antenna indexes q and q̂ . In the case in which NS2 is equal to a power of 2, which is of

great interest in practice, it follows that
∑NS2

q=1

∑NS2

q̂=q+1 2N
(
q, q̂

) = 1
2 N 2

S2
log2

(
NS2

)
and (2.80) becomes [22]

Pb,S1 ≤ NS2

2
Pr
(
q → q̂

)
. (2.81)

Furthermore, greater insight ABEP about the effects of the different system para-
meters can be gained from the following asymptotic expression for the ABEP:

Pb,S1 ≈mgNS2

4

(
1 − ℘g 〈z!U (z − 1)〉)

×
(

1

γ̄S2−R
+ mh

mh NS1 − 1

γ̄S1−R + γ̄S2−R + 1

γ̄R−S1 γ̄S2−R

)
. (2.82)
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Proof According to [23], the asymptotic error probability is closely related to the first
non-zero higher order derivative of the CDF of γeq at the origin, which is contained
in the first term of the Taylor’s series of this CDF. By using the series representation
of Kmh NS1−n

(
2
√

DS1γ
)
in (2.75) according to [12, Eq. (8.446)], one can determine

that two parts in (2.75) contribute to the aforementioned first term, where the first
part corresponds to the case when m = 0, given by

F (1)
γeq

(γ) =1 − 2

Γ
(
mh NS1

)
(
1 − mg

γ̄S2−R
γ + O (γ)

)

×
(

Γ
(
mh NS1

)
2

− Γ
(
mh NS1 − 1

)
2

DS1γ + O (γ)

)

=
(

mg

γS2−R
+ DS1

mh NS1 − 1

)
γ + O (γ) , (2.83)

and the second part corresponds to the case when m = 1, yielding

F (2)
γeq

(γ) = −
2
(
1 − mg

γ̄S2−R
γ + O (γ)

)
Γ
(
mh NS1

) [
℘g 〈z!U (z − 1)〉

×
(

mgΓ
(
mh NS1

)
2γ̄S2−R

+ Γ
(
mh NS1 − 1

)
2

DS1

)
γ +O (γ)]

= − ℘g 〈z!U (z − 1)〉
(

mg

γ̄S2−R
+ DS1

mh NS1 − 1

)
γ + O (γ) . (2.84)

Then, by incorporating (2.83) and (2.84), we obtain the first non-zero higher order
derivative of Fγeq (γ) at the origin as

∂Fγeq (γ = 0)

∂γ
= fγeq (0)

= (1 − ℘ 〈z!U (z − 1)〉)
(

mg

γS2−R
+ DS1

mh NS1 − 1

)
, (2.85)

where fγeq (γ) is the PDF of γeq . Finally, the application of the identity in [23, Eq.
(10)] completes the proof. ��
Specifically, for a Rayleigh fading environment, we have

Pb,S1 ≈ NS2

4

(
1

γS2−R
+ 1

NS1 − 1

γS1−R + γS2−R + 1

γR−S1γS2−R

)
. (2.86)

From (2.82) and (2.86), it is clear that an increase in the number of received antennas
in two-way relay systems with SSK modulation always achieves unit diversity order
but results in an improvement of the coding gain. This is different from the case of
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conventional SSK modulation, where NS1 diversity order can be gained [17]. When
relay retransmission is introduced, the received signal versions at all antennas become
dependent and completely unresolvable.

Power Allocation

By excluding all parameters irrelevant to power allocation (PA) and after some
manipulation, the PA problem based on the minimization of the average ABEP
Pe = (

Pe,S1 + Pe,S2

)
/2, subject to total and individual power constraints, can be

formulated as

{
P∗

S1 , P∗
R, P∗

S2

} = min{PS1 ,PR ,PS2}
{
1 − ℘g 〈z!U (z − 1)〉

mh NS1Ωg

×
(

1

PS2

+ mh

mh NS1 − 1

PS1Ωh + PS2Ωg

PR PS2Ωh

)

+ 1 − ℘h 〈z!U (z − 1)〉
mgNS2Ωh

×
(

1

PS1

+ mg

mgNS2 − 1

PS1Ωh + PS2Ωg

PR PS1Ωg

)}

s.t. PS1 + PR + PS2 ≤ Ptot & PS1 , PR, PS2 > 0, (2.87)

where Pe,S2 is the ABEP at S2,℘h 〈·〉 is the operator defined similar to (2.71) but with
all related parameters extracted from the S1 − R link, Ptot is the upper bound on the
system power, and

{
P∗

S1
, P∗

R, P∗
S2

}
are the optimum values of

{
PS1 , PR, PS2

}
, which

satisfy the constrained optimization problem in (2.87). A careful inspection of (2.87)
reveals the convex property of the objective function with respect to the decision
variables, i.e., PS1 , PR , and PS2 , and thus unique solutions, i.e.,

{
P∗

S1
, P∗

R, P∗
S2

}
, exist

for the above non-linear programming problem. Unfortunately, to the best of our
knowledge, closed-form expressions for

{
P∗

S1
, P∗

R, P∗
S2

}
are unavailable. To this end,

numerical searching algorithms should be relied on, and this can be easily realized
by standard mathematical software platforms, e.g., Matlab, Mathematica, etc.

2.4.3 Performance Evaluation

In this subsection, BER simulations are conducted to validate the analysis given in
Sect. 2.4.2. Without loss of generality, in the simulations we let Ωh = Ωg = 1 and
the number of antennas at both sources be powers of 2. Unless otherwise specified,
the transmit powers of all three nodes are set equal and the proposed MRC detector
is applied.

Figure2.15 depicts the BER performance for two different channel scenarios,
where we choose NS1 = 8 and NS2 = 2. It is clear that the proposed MRC detector
expresses nearly the same performance as the optimum ML detector. Moreover,
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Fig. 2.15 BER performance in the case of NS1 = 8 and NS2 = 2
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Fig. 2.17 BER performance comparison between equal power allocation and optimum power
allocation

as expected, the analytical exact, upper bounded, and asymptotic ABEPs are all in
perfect agreement with their simulation counterparts. On the other hand, as predicted
in (2.82), the systems always gain a diversity order of unity.

Figure2.16 shows the effects of fadingparameters on theBERperformance,where
we choose NS1 = 32 and NS2 = 2. For the purpose of figure clarity, the analytical
curves are removed. We see that as the fading of the link between one source and
the relay becomes less severe, i.e., the value of the corresponding parameter mh/g

becomes larger, the BER performance of this source will be somewhat improved,
whereas that of the other source will deteriorate. The improvement in the BER
performance is due to the improvement of the channel quality, which fulfils our
intuition. However, deterioration of the BER performance seems counter-intuitive
at first but can be explained reasonably after further consideration as follows: the
improvement of the channel quality at one link will result in the shrinking of the
spatial constellation for the source at this link, and thus will lead to the detection at
the other source becoming harder. Moreover, from Fig. 2.16, it is clear that compared
with the increase of the BER, the decrease of the BER is more serious. This can
be easily accounted for from the positions of the two fading parameters in the BER
expression in (2.82), which implies the dominant effect of the shrinking of the spatial
constellation over the improvement of channel quality. Therefore, it is not surprising
to see from Figs. 2.15 and 2.16 that the improvement of the fading severities for both
links produces a reverse effect on the overall system performance, i.e., results in the
deterioration of the overall system performance.
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Figure2.17 illustrates the feasibility of adopting the proposedPAstrategy in lower-
ing the average BER, where the fading parameters are fixed as mg = 1 and mh = 10.
In Fig. 2.17, we consider two different system situations, i.e., (1) NS1 = 4, NS2 = 2;
and (2) NS1 = 8 and NS2 = 2. The optimum PA strategies, according to (2.87), for
the above two system settings in order are (1) P∗

S1
= 0.4113Ptot , P∗

R = 0.4317Ptot ,
P∗

S2
= 0.1570Ptot ; and (2) P∗

S1
= 0.4398Ptot , P∗

R = 0.4457Ptot , P∗
S2

= 0.1144Ptot .
BothBERvalues for the equal PAandoptimumPAstrategies are depicted inFig. 2.17,
while their analytical results are not shown for the purpose of figure clarity. One can
observe that by adopting the proposed PA strategy, the system can even benefit about
2dB SNR reduction with respect to the equal power distribution strategy at some
specific level of Pe, e.g., Pe = 10−3. We note that as the proposed PA strategy
focuses on the minimization of average BER for a moderate-to-high SNR regime, it
may worsen the average BER compared with the equal PA strategy for a very low
SNR regime, where Pe > 10−1.

2.5 Summary

In this chapter, we began with the introduction of the first space domain index mod-
ulation technique, which is well known as SM. Then, we proposed a receiver-side
SM scheme, i.e., GPQSM, which relies on the ZF/MMSE pre-coding operation at
the transmitter. The advantages of GPQSM were revealed through both theoretical
analysis and simulations. However, similar to the other pre-coding SM schemes, the
performance of GPQSM is limited by the correlated channels. To solve this problem,
we further proposed the VSM scheme, which embeds additional information into the
indices of the virtual parallel channels resulting from the SVD of the MIMO channel
and can be regarded as either a transmitter-side or receiver-side SM scheme. VSM
was shown to be favorable especially for low data rate transmission. Finally, we took
SSK as a representative to examine the potential of space domain index modulation
techniques in the application to cooperative communications.
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Chapter 3
Space-Time Domain Index Modulation

In this chapter, we first introduce a novel space-time domain index modulation
scheme, named differential SM (DSM), which dispenses with the channel state infor-
mation (CSI) at both the transmitter and receiver. Then, the design guidelines for per-
formance improvement of DSM are provided. The pre-coding aided DSM (PDSM)
is also presented, which is an extension of DSM to the receiver side. Finally, we
investigate the application of DSM/PDSM to cooperative communications.

3.1 Differential Spatial Modulation

In this section, we develop DSM, which applies to any constant energy constellation
such as PSK and to systems with arbitrary numbers of transmit and receive antennas
while preserving the single active transmit antenna property. TheABEP performance
of DSM is studied. With the same spectral efficiency, DSM is capable of paying no
more than 3dB SNR penalty compared with coherent SM and outperforming the
single-antenna differential PSK (DPSK) and differential space-time coding schemes.

3.1.1 Transceiver Structure

Let the (m, t)-th entry of the Nt × Nt space-time block S denote the symbol smt

transmitted via transmit antenna m at time instant t. In DSM, we require the Nt × Nt

block S to satisfy the following conditions:

(1) Only one antenna remains active at each time instant; that is, only one entry in
any column of S is nonzero.

© Springer International Publishing AG 2017
M. Wen et al., Index Modulation for 5G Wireless Communications,
Wireless Networks, DOI 10.1007/978-3-319-51355-3_3
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54 3 Space-Time Domain Index Modulation

(2) Each antenna is activated once and only once in the Nt successive time instants
of a space-time block; that is, only one entry in any row of S is nonzero.

(3) The signal constellation is restricted to an equal energy M-PSK alphabetX ; that
is, each nonzero entry is chosen fromX . A special case ofX with M = 1 can be
referred to as differential SSK (DSSK), in which all transmitted symbols are 1s.

An example of the space-time block for Nt = 3 is given by

S =
⎡
⎣ s11 0 0

0 0 s23
0 s32 0

⎤
⎦ , (3.1)

which means that at time instants 1, 2, and 3, the symbols s11, s32, and s23 drawn
from X are sent from transmit antennas 1, 3, and 2, respectively, whereas the other
two transmit antennas remain idle. Note that here we exploit the time domain by
transmitting blocks of signals using an Nt × Nt transmission matrix. By this design,
each antenna is activated once and only once during each block, thus making dif-
ferential operation possible so long as the wireless channel remains unchanged over
two consecutive blocks.

In order to facilitate differential (de-)modulation, one also has to make sure that
the transmitted signal blocks satisfy the so-termed closure property (see e.g., [1]).
Accordingly the received signal for DSM can be expressed in matrix form as

Y = HS + N, (3.2)

where Y is the received signal over Nt successive time instants with the entry ynt

denoting the received signal at receive antenna n at time instant t. H is the Nr × Nt

channel matrix. The (n, m)-th entry hnm denotes the path gain from transmit antenna
m to receive antenna n which is complex-Gaussian with zero mean and unit variance,
and independent across n andm.N is theNr×Nt AWGNmatrix. The entry nnt denotes
the noise received by receive antenna n at time instant t which is independent and
identically distributed (over t and n) complex-Gaussian with zero mean and variance
N0. Since only one antenna remains active at any time instant, only one entry in the
column t of S is nonzero, satisfying E{|smt|2} = 1.

Let the set G contain all possible space-time blocks S. Given the aforementioned
three conditions, for anyNt , it can be readily proved that the set G holds the following
closure property under multiplication:

∀S1, S2 ∈ G, S1S2 ∈ G. (3.3)

Here, we note that in order to enable the differential transmission, the number of
time instants collected in a space-time block S has to be equal to Nt .

Spectral Efficiency of DSM

The setGwithNt transmit antennas andM-PSKconstellation containsNt !MNt blocks.
In theory, the spectral efficiency of the proposed DSM is (bps/Hz)



3.1 Differential Spatial Modulation 55

RDSM, theory = 1

Nt
log2 (Nt !) + log2(M). (3.4)

Based on Stirling’s Formula n! ≈ √
2πnnne−n [2], the spectral efficiency of DSM

can be approximated as

RDSM, theory ≈ log2 (Nt) −
(
log2 (e) − 1

Nt
log2

(√
2πNt

))
︸ ︷︷ ︸

loss of spectral efficiency

+ log2(M), (3.5)

where e is the mathematical constant. Note that the spectral efficiency of a conven-
tional SM system is

RSM, theory = log2 (Nt) + log2(M). (3.6)

Therefore, the loss of spectral efficiency of DSM compared to that of SM can be
approximated as

log2 (e) − 1

Nt
log2

(√
2πNt

)
≤ log2 (e) . (3.7)

This indicates that the loss of the spectral efficiency is upper bounded by log2 (e).
Note that when Nt ≥ 3, Nt ! is not an integer power of two. One way to approach

the theoretical spectral efficiency RDSM, theory is to apply the so-called FBE to DSM,
which was applied to SM for the case in which Nt is not an integer power of two.
However, FBE leads to longer decoding delay and worse BER performance.

In practical use of SM, we often assume that Nt is an integer power of 2. Hence
the spectral efficiency of SM is

RSM = ⌊log2 (Nt)
⌋+ log2(M). (3.8)

Similarly, a simpler DSM without FBE is preferred. For this purpose, we choose
2�log2(Nt !)	MNt transmit blocks from G and form a subset GT for (de-)mapping. Each
transmit block can then be encoded with

⌊
log2 (Nt !)

⌋+ Nt log2(M) bits. Therefore,
the spectral efficiency of DSM for practical use can be written as

RDSM = 1

Nt

⌊
log2 (Nt !)

⌋+ log2(M). (3.9)

In Fig. 3.1, we setM = 1, and compare the spectral efficiencies of SM andDSM in
theory and for practical use. According to (3.4), (3.6), (3.8), and (3.9), we calculated
the spectral efficiency of points with integral numbers of transmit antennas and
connected the markers of each equation with a line. Note that the practical spectral
efficiencies of SM and DSM behave very differently. The practical SM spectral
efficiency is a piece-wise constant curve, whereas that of the practical DSM is rather



56 3 Space-Time Domain Index Modulation

Fig. 3.1 Spectral efficiency
comparison of SM and DSM
when M = 1, i.e., SSK and
DSSK, respectively, where
SSK and DSSK for practical
use refer to the schemes
without FBE
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“continuous.” In other words, when Nt increases from 4 to 5, 6 and 7, the spectral
efficiency of practical SM remains a constant, while that of practical DSM keeps
increasing. This is because, by extending into the time domain, the allowable spatial
modulation size increases as Nt ! for DSM, as opposed to Nt for SM. This is actually
working to our advantage since, as shown in Fig. 3.1, the spectral efficiency gap
between coherent and differential SM is much narrower in practical use than in
theory. In fact, as can be seen from the figure, the practical DSM and the theoretical
DSM share very similar spectral efficiencies. Considering its simplicity and lack of
extra processing delay or error propagation, we adopt this encoding method.

Differential Transmission Process

The transmitter begins the transmission by sending an arbitrary initial block S0 ∈ G.
Since the M-PSK constellationX always contains symbol 1, we choose S0 = INt for
any Nt without loss of generality. Thereafter, the transmitter encodes the bit stream
in a recursive manner. Suppose that from time instant Nt(t − 1) to Ntt − 1, the
(t − 1)-th block St−1 is transmitted (t = 1, 2, 3, · · · ). This encoding process in the
next space-time block operates as follows:

(1) Step 1: Given the input bit stream, we map
⌊
log2(Nt !)

⌋+ Ntb bits onto GT and
obtain Xt ∈ GT ⊆ G.
Among all the possible mapping methods, without loss of generality, we choose
the following mapping. The first

⌊
log2(Nt !)

⌋
bits are mapped onto the spatial

domain, determining the order of transmit antennas being activated in a space-
time block by an index-mapping procedure (two different index-mapping pro-
cedures will be presented later). Then, the remaining Ntb bits are mapped to the
signal domain. Specifically, each group of b bits is mapped to a symbol drawn
from the M-PSK constellation X for all Nt time instants. Taking into account
the mapping results of both parts, we can determine Xt .



3.1 Differential Spatial Modulation 57

(2) Step 2: Compute the transmitted block St as follows:

St = St−1Xt . (3.10)

Note that given St−1 and Xt ∈ G, according to the property in Sect. II, it is
guaranteed that St ∈ G.

(3) Step 3: Send the block St during time period Ntt to Nt(t + 1) − 1.

The transmitter repeats the above three-step process till the endof the transmission.
A block diagram of the transmitter is depicted in Fig. 3.2. An example of the

differential transmission process with M = 2 and Nt = 2 is presented in Fig. 3.2
as well. In this case, each block can convey three bits. The first bit is encoded in
the spatial domain, e.g., bit 0 determines a diagonal matrix and bit 1 determines an
anti-diagonal matrix. The remaining two bits are encoded in the signal domain as
two BPSK symbols.

...

Fig. 3.2 DSM system model with an example of the mapping table to the space-time blocks in the
case of Nt = 2 and BPSK
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Differential Detection

Suppose that the (t − 1)-th and the t-th received signal blocks are Yt−1 and Yt ,
respectively. From (3.2), we have

Yt−1 = Ht−1St−1 + Nt−1, (3.11)

and

Yt = HtSt + Nt . (3.12)

Assume a quasi-static channel in which the fading coefficients remain constant over
two adjacent DSM transmit blocks, namely 2Nt symbol durations. By substituting
(3.10) and (3.11) into (3.12), we have

Yt = Yt−1Xt − Nt−1Xt + Nt . (3.13)

Therefore, the optimal ML detector can be derived as

X̂t = argmin
X

‖ Yt − Yt−1X ‖2 . (3.14)

Applying the identity that Tr{AB} = Tr{BA}, (3.14) can be reduced to

X̂t = argmin
X

Tr
{
(Yt − Yt−1X)H (Yt − Yt−1X)

}

= argmax
X

Tr
{� {YH

t Yt−1X
}}

. (3.15)

According to (3.15), a block diagram of the receiver is shown in Fig. 3.2.

Implementation of the Index-Mapping

We focus on the index-mapping procedure and provide two different implementa-
tion methods. The index-mapping procedure maps the incoming bits to the order of
transmit antennas being activated in a space-time block, which can be denoted by
the permutation of Nt indices of transmit antennas.

(1) Look-Up Table Method: In this method, a look-up table is created to provide the
corresponding permutations for the incoming

⌊
log2(Nt !)

⌋
bits. An example for

Nt = 3 is presented in Table3.1. Since 3! = 6, two permutations out of the six
are discarded. The selection of permutations may affect the overall performance.
For ease of implementation of permutation index-mapping, we choose to discard
the lexicographically larger permutations in this development. For arbitrary Nt ,
the size of the look-up table is 2�log2(Nt !)	. This is an efficient and simple method
when the size of the table is small. However, it is not feasible for larger values
of Nt as the table size grows exponentially.

(2) Permutation Method: This method introduces a one-to-one mapping between
integers and permutations of Nt elements in lexicographical order, i.e., it maps
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Table 3.1 An example of look-up table for Nt = 3

Bits Antenna activation order Blocks

00 (1 2 3)

[
s11 0 0
0 s22 0
0 0 s33

]

01 (1 3 2)

[
s11 0 0
0 0 s23
0 s32 0

]

10 (2 1 3)

[
0 s12 0

s21 0 0
0 0 s33

]

11 (2 3 1)

[
0 0 s13

s21 0 0
0 s32 0

]

an integer m to a sequence a(m) = (a(m)
1 , · · · , a(m)

Nt
) which is a permutation of

the set {1, · · · , Nt}. For fixed Nt , all m ∈ [0, Nt ! − 1] can be presented by a
permutation a(m) of length Nt . This mapping is the so-called Lehmer code [3].
Application of this method to DSM is presented as follows:

(i) Convert the integer m to its factorial representation b(m) of length Nt . We
define the factorial sequence b(m) = (b(m)

1 , · · · , b(m)
Nt

), which takes elements
according to the following equation:

m = b(m)
1 (Nt − 1)! + · · · + b(m)

Nt
0!. (3.16)

As an example, for Nt = 4 and m = 11, the following factorial sequence
b(m) can be calculated:

11 = 1 · 3! + 2 · 2! + 1 · 1! + 0 · 0!
→ b(11) = (1, 2, 1, 0). (3.17)

The algorithm, which calculates the factorial sequence b(m), starts by choos-
ing the maximal b(m)

1 that satisfies b(m)
1 (Nt − 1)! ≤ m and then chooses the

maximal b(m)
2 that satisfies b(m)

2 (Nt − 2)! ≤ m − b(m)
1 (Nt − 1)!, and so on.

(ii) Map the factorial sequence b(m) to a permutation a(m). We define Θ =
(1, 2, · · · , Nt) as an ordered list with its first element zero indexed. The
leftmost permutation element a(m)

1 is chosen as Θb(m)
1

and then the element
Θb(m)

1
is removed from the list Θ = (1, 2, · · · , Nt). Think of this new list

as zero indexed and one can obtain each successive element of a(m) in a
recursive manner:

For l = 1 : Nt

a(m)

l = Θb(m)

l

Θb(m)

l
is removed fromΘ

End For
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As an example with Nt = 4 and m = 11, from the above procedure we have
b(11) = (1, 2, 1, 0). Letting Θ = (1, 2, 3, 4), we have

a(m)
1 = Θb(m)

1
= 2 → Θ = (1, 3, 4) → a(m)

2 = Θb(m)
2

= 4 → Θ = (1, 3)

→ a(m)
3 = Θb(m)

3
= 3 → Θ = (1) → a(m)

4 = Θb(m)
4

= 1 → Θ = ()

Hence, we get a(m) = (2, 4, 3, 1).

In this scheme, for each block, we first convert the incoming
⌊
log2(Nt !)

⌋
bits to

an integer m, and then map m to a(m), dictating the activation order of transmit
antennas. At the receiver side, the demapping procedure is straightforward. We
can reverse themappingprocess andgetm froma. Then the integerm is converted
to the

⌊
log2(Nt !)

⌋
bits.

3.1.2 Average Bit Error Probability Analysis

In this subsection, we examine the performance of the DSM system. For simplicity,
we consider Nt = 2. We first derive an analytical upper bound on the ABEP for
general modulations, and then carry out the asymptotic analysis for the special case
of BPSK modulation.

ABEP Upper Bound

Noting that Pr (Xt = [\]) = Pr (Xt = [/]) = 1
2 , an upper bound on the ABEP can

be thus expressed according to the union bounding technique as

Pe ≤
∑

Xt∈G,Xt=[\]

∑
X̂t∈G

N
(
Xt → X̂t

)
Pr
(
Xt → X̂t

)
M2
(
1 + 2log2(M)

) , (3.18)

where [\] and [/] indicate a diagonal matrix and an anti-diagonal matrix, respec-
tively, N(Xt → X̂t) measures the number of bits in error between Xt and X̂t , and
Pr(Xt → X̂t) denotes the PEP, which accounts for the probability of the error event
that X̂t is decoded given that Xt is conveyed.

Lemma 1 The PEPs can be approximately calculated in terms of the Gaussian
Q-function as

Pr
(
Xt → X̂t|Xt = [\] , X̂t = [\])

= EHt

⎧⎨
⎩Q

⎛
⎝ � {α} hH

1 h1 + �{β} hH
2 h2√

1
γ

(|α|2hH
1 h1 + |β|2hH

2 h2
)
⎞
⎠
⎫⎬
⎭ , (3.19)

and
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Pr
(
Xt → X̂t|Xt = [\] , X̂t = [/]

)

= EHt

{
ESt−1

{
Q

(√
γ

2

(
hH
1 h1 − � {κhH

1 h2
}

+hH
2 h2 − � {μhH

2 h1
}
))}}

, (3.20)

respectively, where α = 1 − x∗
2t−1x̂2t−1, κ = s∗

2t−3s2t−2x∗
2t−1x̂2t−1, β = 1 − x∗

2t x̂2t ,
and μ = s2t−3s∗

2t−2x∗
2t x̂2t . In (3.19) and (3.20), γ = 1/N0 is the SNR at each receive

antenna, st , xt , and x̂t are the transmitted symbol, the information symbol, and the
decoded symbol at time slot t, respectively, and hi = [

hi1, . . . , hiNr

]T
(i = 1, 2) is

the channel vector whose j-th entry denotes the channel gain from the i-th transmit
antenna to the j-th receive antenna.

Proof The PEP can be readily written as

Pr(Xt → X̂t) = Pr
(
Tr
{� {YH

t Yt−1ΔXt
}}

< 0
)
, (3.21)

where ΔXt = Xt − X̂t .
First, consider both Xt and X̂t are diagonal matrices. Therefore, if there exists a

decoding error then it must take place in the signal domain. Assuming that St−1 is a
diagonal matrix, it follows that St is also a diagonal matrix and hence

Tr
{
YH

t Yt−1ΔXt
} = Tr

⎧⎨
⎩
[

hH
1 s∗

2t−1 + nH
2t−1

hH
2 s∗

2t + nH
2t

][
hT
1 s2t−3 + nT

2t−3

hT
2 s2t−2 + nT

2t−2

]T

×
[

x2t−1 − x̂2t−1 0
0 x2t − x̂2t

]}

= (hH
1 s∗

2t−1 + nH
2t−1

)
(h1s2t−3 + n2t−3)

(
x2t−1 − x̂2t−1

)
+ (hH

2 s∗
2t + nH

2t

)
(h2s2t−2 + n2t−2)

(
x2t − x̂2t

)
. (3.22)

Recalling the relationship between the transmitted block and the information block,
i.e., s2t−3x2t−1 = s2t−1 and s2t−2x2t = s2t , (3.22) can be further simplified as

Tr
{
YH

t Yt−1ΔXt
} =αhH

1 h1 + βhH
2 h2 + s∗

2t−3αhH
1 n2t−3

+ s∗
2t−2βhH

2 n2t−2 + s2t−1αnH
2t−1h1 + s2tβnH

2th2

+ x2t−1αnH
2t−1n2t−3 + x2tβnH

2tn2t−2. (3.23)

Therefore, ignoring the second order noise terms in (3.23), when conditioned on the
channel gains, Tr

{
YH

t Yt−1ΔXt
}
is a complex-valued Gaussian distributed RV with

mean

λ1 = αhH
1 h1 + βhH

2 h2, (3.24)

and variance
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σ2
1 = 2

γ

(|α|2hH
1 h1 + |β|2hH

2 h2
)
. (3.25)

For the case in which St−1 is an anti-diagonal matrix, one can easily find that
Tr
{
YH

t Yt−1ΔXt
}
can be expressed similarly to (3.23) with the only exception being

that h1 and h2 are switched. Now, (3.19) can be obtained by noticing the facts that
the probability that St−1 is chosen as either a diagonal matrix or an anti-diagonal
matrix is equal to one half, and the statistics of h1 and h2 are the same.

Second, consider that Xt is a diagonal matrix while X̂t is an anti-diagonal matrix.
This means that the decoding error occurs in the spatial domain. In that case, if St−1

is a diagonal matrix, we have

Tr
{
YH

t Yt−1ΔXt
} = hH

1 h1 +hH
2 h2 −κhH

1 h2 −μhH
2 h1 + s2tnH

2t (h2 − μh1)

+ s2t−1nH
2t−1 (h1 − κh2) + s∗

2t−2

(
hH
2 − κhH

1

)
n2t−2

+ s∗
2t−3

(
hH
1 − μhH

2

)
n2t−3 + x2t−1nH

2t−1n2t−3

− x̂2t−1nH
2t−1n2t−2 − x̂2tnH

2tn2t−3 + x2tnH
2tn2t−2. (3.26)

Again, excluding the second order noise terms in (3.26), Tr
{
YH

t Yt−1ΔXt
}
has a

complex Gaussian distribution with mean and variance given by

λ2 = hH
1 h1 − κhH

1 h2 + hH
2 h2 − μhH

2 h1, (3.27)

and

σ2
2 = 2

γ

(‖h2 − κh1‖2 + ‖h1 − μh2‖2
)
, (3.28)

respectively. For the same reason given before, (3.20) can be obtained. �

Now, with the above lemma, the upper bound on the ABEP can be calculated
from (3.18). Note that, though (3.18) results from the union bound, the ABEP may
be slightly underestimated at very low SNR since the second order noise terms are
neglected. However, we will still refer to the result as an upper bound, especially
when simulations confirm so for the reasonable SNR range. For M > 2, it is difficult
to simplify (3.18) as the statistics of the random variables inside the Gaussian Q-
function in (3.19) and (3.20) are difficult to characterize. In the sequel, however, we
show that a closed-form expression for the upper bound on the ABEP is available
for BPSK signaling, i.e., when M = 2.

Corollary 1 In the case of BPSK modulation, the upper bound on the ABEP of the
DSM scheme is given by
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Pe ≤ (1 − f (γ))Nr

Nr−1∑
l=0

1

2Nr−1+l

(
Nr − 1 + l

l

)

× (1 + f (γ))l +
2Nr−1∑

l=0

1

3 · 22Nr−1+l

(
2Nr − 1 + l

l

)

×
[
(1− f (γ))2Nr (1+ f (γ))l +2

(
1 − f

(γ

2

))2Nr
(
1+ f

(γ

2

))l
)]

, (3.29)

where f (γ) = √
γ/ (2 + γ).

Proof The error events can be explicitly defined as follows:

• E1: Xt = [\] , X̂t = [\] , x̂2t−1 �= x2t−1, and x̂2t = x2t ;
• E2: Xt = [\] , X̂t = [\] , x̂2t−1 = x2t−1, and x̂2t �= x2t ;
• E3: Xt = [\] , X̂t = [\] , x̂2t−1 �= x2t−1, and x̂2t �= x2t ;
• E4: Xt = [\] , X̂t = [/] , x̂2t−1 = x2t−1, and x̂2t = x2t ;
• E5: Xt = [\] , X̂t = [/] , x̂2t−1 �= x2t−1, and x̂2t = x2t ;
• E6: Xt = [\] , X̂t = [/] , x̂2t−1 = x2t−1, and x̂2t �= x2t ;
• E7: Xt = [\] , X̂t = [/] , x̂2t−1 �= x2t−1, and x̂2t �= x2t .

For BPSKmodulation, symbols are drawn from {−1,+1}. Consequently, (3.19) can
be readily derived as

Pr
(
Xt → X̂t|E1

) = EHt

{
Q

(√
γhH

1 h1

)}
= Pr

(
Xt → X̂t|E2

)
, (3.30)

and

Pr
(
Xt → X̂t|E3

) = EHt

{
Q

(√
γ
(
hH
1 h1 + hH

2 h2
))}

. (3.31)

On the other hand, by resorting to the following property:

Pr (s2t−3s2t−2 = 1) = Pr (s2t−3s2t−2 = −1) = 1

2
, (3.32)

Equation (3.20) can be simplified as

Pr
(
Xt → X̂t|E4

) = Pr
(
Xt → X̂t|E7

)

= 1

2
EHt

{
Q

(√
γ

2
‖h1 + h2‖2

)
+ Q

(√
γ

2
‖h1 − h2‖2

)}
, (3.33)

and
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Pr
(
Xt → X̂t|,E5

) = EHt

{
Q

(√
γ

2

(
hH
1 h1 + hH

2 h2
))}

= Pr
(
Xt → X̂t|E6

)
. (3.34)

Then, by virtue of [[4], Eqs. (9.5) and (9.6)], (3.30), (3.31), (3.33), and (3.34) can be
all solved in closed form. Finally, we have (3.29) from (3.18). �

Asymptotic Analysis

Although (3.29) is expressed as a closed form, it offers little insight into the perfor-
mance of DSM. To this end, we focus on the derivation of the asymptotic expression
of (3.29) when the SNR approaches infinity. According to the power series expansion
of (1 + x)−1/2 [[5], Eq. (1.112.4)], we have

Pe ≤ 1

2Nr−1

Nr−1∑
l=0

(
Nr − 1 + l

l

)
1

γNr
+ H.O.T. (3.35)

We see from (3.35) that a full receiver-side diversity order, i.e., Nr , is achieved by a
DSM system, which is identical to a coherent SM system using Nr receive antennas,
and the coding gain of a DSM system is

Gc = 2 ·
[
2

Nr−1∑
l=0

(
Nr − 1 + l

l

)]−1/Nr

. (3.36)

The coding gain of a coherent SM system can be readily shown to be the same as
that of a DSM system, i.e., (3.36), when both systems adopt BPSK modulation.

Note that when DSM and SM both employ BPSK, their rates are different. To
equate their rates, DSM needs to use BPSK for one antenna and QPSK for the other.
It is well known that QPSK has a 3dB SNR disadvantage in comparison to BPSK.
Hence, DSM with mixed BPSK and QPSK will lead to an SNR loss of less than
3dB in comparison with the BPSK-SM which has the same spectral efficiency of
2bps/Hz.

3.1.3 Performance Evaluation

In this subsection, we conduct BER simulations under various system configurations
to examine DSM performance. Simulations are carried out over the quasi-static
Rayleigh fading channel.

DSM Versus SM

Figure3.3 compares the BER performance between DSM and SM using Nt = 4
transmit antennas.We target a spectral efficiency of 3bps/Hz. Note that we have used
the appropriate modulation orders to obtain the same spectral efficiency, i.e., QPSK
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Fig. 3.3 BER performance
of differential detection
DSM versus coherent
detection SM at 3bps/Hz
transmission rate with
Nt = 4, where DSM uses
QPSK whereas SM uses
BPSK
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Fig. 3.4 BER performance
of differential detection
DSM with Nt = 3 and
Nt = 4 at 3bps/Hz
transmission rate. DSM with
Nt = 3 uses QPSK, QPSK
and 8PSK for the three time
instants in each block,
whereas DSM with Nt = 4
always uses QPSK. “Q” and
“8” in the legend stand for
QPSK and 8PSK,
respectively

0 5 10 15 20 25 30
10−6

10−5

10−4

10−3

10−2

10−1

10 0

SNR (dB)

B
ER

DSM,  Nt=4,  Nr=1, QQQQ

DSM,  Nt=4,  Nr=2, QQQQ

DSM,  Nt=4,  Nr=4, QQQQ

DSM,  Nt=3,  Nr=1, QQ8

DSM,  Nt=3,  Nr=2, QQ8

DSM,  Nt=3,  Nr=4, QQ8

8−DPSK,  Nt=1,  Nr=1

8−DPSK,  Nt=1,  Nr=2
8−DPSK,  Nt=1,  Nr=4

for DSM and BPSK for SM. It can be observed that the loss in BER performance
induced by the differential scheme is no more than 3dB. Simulation results show
that though DSM uses higher modulation order than SM in order to make up for its
spectral efficiency loss in the spatial domain, a 3dB degradation is still retained.

DSM with Multiple Transmit Antennas

Figure3.4 compares the DSM BER performance with multiple transmit antennas.
The transmission rate is fixed at 3bps/Hz. For Nt = 4, DSM always uses QPSK
and for Nt = 3, DSM uses QPSK, QPSK, and 8PSK for the three time instants in
each block. The performance of a single-antenna system adopting 8-DPSK is also
considered as a benchmark. It can be observed that in the cases of Nr = 2, 4, DSM
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withNt = 4 outperformsDSMwithNt = 3. This can be accounted for a higher signal
constellation order in the Nt = 3 DSM than the Nt = 4 DSM. The constellation of
larger size is more vulnerable to errors. However, in the case of Nr = 1, DSM with
Nt = 3 exhibits better performance than DSMwith Nt = 4. This can be explained by
the existence of two error types: (1) erroneous antenna detection and (2) erroneous
symbol detection. Using the same number of receive antennas, DSMwithNt = 4 has
more erroneous antenna detections than DSM with Nt = 3. In the case of Nr = 1,
the error is dominated by the erroneous estimation of transmit antennas. Therefore,
despite the use of higher modulation order in DSM with Nt = 3, Nt = 3 DSM still
outperformsNt = 4DSM. For a similar reason, DSMoutperforms the single-antenna
DPSK when more receive antennas are involved.

This observation is significant as it reveals two phenomena. The first is that the
number of transmit antennas and the size of the signal constellation can be traded off.
When the number of receive antennas is relatively small, fewer transmit antennaswith
higher modulation order may be preferable. When the number of receive antennas
is sufficient, it may be better to use more transmit antennas with lower modulation
order. The second is that the number of receive antennas is crucial to the performance
of DSM. To obtain the full potential of DSM, the system should be equipped with
sufficient receive antennas.

DSM Versus Other Transmission Schemes

In Fig. 3.5, for reference, we demonstrate DSM’s performance versus three different
transmission schemes with fixed transmission rate at 3bps/Hz. The first one is the
differential scheme of the well known Alamouti (DA) scheme with Nt = 2 [1]. The
second is the single-antenna differential scheme, DPSK. The third is the differential
scheme of quasi-orthogonal space-time block code (DQOSTBC) [6] with Nt = 4.
Simulation results show that when Nr = 1, DSM exhibits the worst performance.

Fig. 3.5 BER performance
of DSM with Nt = 4 versus
DA, 8-DPSK and
DQOSTBC at 3bps/Hz
transmission rate. DSM with
Nt = 4 uses QPSK and the
others use 8PSK
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However, when Nr increases to 4, DSM outperforms DA, single antenna DPSK and
DQOSTBC. This is because when Nr = 1, 2, the erroneous antenna detection of
DSM is so significant that it offsets its coding gain. The increasing of Nr reduces
the erroneous antenna detection of DSM considerably. Therefore, when Nr = 4 the
coding gain of DSM due to the use of lower-order modulation dominates the result
and thus DSM outperforms the others.

In addition, it can be observed that in all antenna configurations, DA and
DQOSTBC benefit more from increasing the SNR than does DSM. This is because
the diversity order of DSM approaches that of single antenna system which is Nr as
detailed in [7]. In contrast, Alamouti with Nt = 2 provides full diversity, i.e., 2Nr

and QOSTBCwith Nt = 4 provides half of the maximum achievable diversity. Thus,
at high SNR, DA and DQOSTBC outperform DSM.

3.2 Design Guidelines for Differential Spatial Modulation

In this section, we first design a low-complexity near-ML receiver. Then, we present
the idea of Gray coding for improving the coding gain and diversity gain achieved
by DSM system.

3.2.1 Low-Complexity Near-ML Receiver

As indicated in (3.15), the ML detector has to identify the most probable order
out of nearly log2(Nt !) antenna activation orders from the received signals within
Nt time instants, leading to a very high search complexity. In this subsection, we
propose a low-complexity near-ML receiver to solve this problem. To begin with, let
Wt = YH

t Yt−1, which is of dimension Nt × Nt . Due to the independence among the
modulated symbols transmitted in different time slots, (3.15) can be simplified as

L̂t (m̃, i) = argmax
s̃i∈χi

�
{

Wt

(
i, a(m̃)

i

)
s̃i

}
, (3.37)

and ⎧⎨
⎩

m̂ = argmax
m̃∈ω

Nt∑
i=1

�
{

Wt

(
i, a(m̃)

i

)
L̂t (m̃, i)

}

ŝn = L̂t
(
m̂, n

)
, n = 1, . . . , Nt

, (3.38)

where L̂t is of dimension 2�log2(Nt !)	 × Nt and ω = {1, . . . , 2�log2(Nt !)	}. Here, to be
more general, we assume that the i-th modulated symbol is drawn from χi. Since
given m̃1 ∈ ω, there always exists at least an m̃2 ∈ ω with m̃2 �= m̃1 that satisfies
a(m̃2)

i = a(m̃1)
i for some i ∈ ξ(= {1, . . . , Nt}) and large Nt , one will discover from

(3.37) that Lt (m̃2, i) = Lt (m̃1, i) in those cases. To avoid duplicate computation, we
can further simplify (3.37) and (3.38) as
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Ĝt (i, j) = argmax
s̃i∈χi

� {Wt (i, j) s̃i} , (3.39)

and ⎧⎨
⎩

m̂ = argmax
m̃∈ω

Nt∑
i=1

Dt

(
i, a(m̃)

i

)

ŝn = Ĝt
(
n, a(m̂)

n

)
, n = 1, . . . , Nt

, (3.40)

where Dt (i, j) = �
{

Wt (i, j) Ĝt (i, j)
}
with i, j ∈ ξ and both Ĝt and Dt are of

dimension Nt × Nt . The proposed detector is based on (3.39) and (3.40), which is
carried out in the following two steps. The first step is to solve (3.39), and the second
step is to solve (3.40) but with m̃ ∈ ω relaxed to m̃ ∈ {1, . . . , (Nt − 1)(Nt − 1)!} so
as to facilitate low-complexity detection, which will be discussed later. Note that the
above-mentioned relaxation only applies to Nt ≥ 3 cases, which are of particular
interest as we focus on the reduction of the computational complexity for a large Nt .
With such relaxation, however, the detector may decide on m̂ that is not included in
ω, thus resulting in performance loss. Nevertheless, we will see from the simulation
results that this performance loss is negligible. In the sequel, details on how each
step works will be presented, and we will omit the notation t for brevity.

First Step: Signal Domain Pre-detection

The first step aims at low-complexity calculation of the matrix Ĝ defined in (3.39).
This step invokes an initial detection of modulated symbols and thus is termed signal
domain pre-detection. The idea is clarified in the following.

Let us reformulate (3.39) as

Ĝ (i, j) = argmax
s̃i∈χi

{� {W (i, j)} � {s̃i} − � {W (i, j)} � {s̃i}} . (3.41)

The above equation indicates that Ĝ (i, j) is a modulated symbol drawn from χi, for
which the maximum of the expression is achieved. From (3.41), it can be deduced
that �{Ĝ (i, j)} must have the same polarity as �{W (i, j)} and �{Ĝ (i, j)} must have
the opposite polarity to �{W (i, j)}. Therefore, we can solve (3.41) by first searching
for the constellation point,

�

si, belonging to the first quadrant, which satisfies

D (i, j) = �{W (i, j)} �
{

Ĝ (i, j)
}

− � {W (i, j)} �
{

Ĝ (i, j)
}

= |� {W (i, j)}| �
{

�

si

}
+ |� {W (i, j)}| �

{
�

si

}
, (3.42)

based on the symmetry of the PSK constellation and thenmapping
�

si to Ĝ (i, j) based
on the above-mentioned polarity property in analogywith [8]. However,we find that a
further reduction of search complexity, which accounts for a half fewer constellation
points than [8], is possible, thanks to the symmetry of the real and imaginary parts
of the constellation points belonging to the first quadrant. To show this, define



3.2 Design Guidelines for Differential Spatial Modulation 69

Δ (i, j) =
{
0, |� {W (i, j)}| > |� {W (i, j)}|
1, otherwise

(3.43)

Further, let Ĝ (i, j) = e
√−1 2π

Mi
K(i,j) and

�

si = e
√−1 2π

Mi

(
K ′(i,j)+ Mi

8 Δ(i,j)
)
. By definition,

the solutions of
�

si and Ĝ (i, j) are now translated into the solutions of K ′ (i, j) and
K (i, j), respectively. Since given a1 > a2 > 0 and b1 > b2 > 0 it follows that
a1b1 + a2b2 > a1b2 + a2b1, from (3.42) the search for

�

si can be completed by

K ′ (i, j) = argmax
k∈
{
0,..., Mi

8

}
{
|� {W (i, j)}| cos

(
2πk

Mi
+ πΔ(i, j)

4

)

+ |� {W (i, j)}| sin
(
2πk

Mi
+ πΔ(i, j)

4

)}
. (3.44)

Then, according to Ĝ (i, j) = sign{�{W (i, j)}} · �{�

si} − √−1 sign{�{W (i, j)}} ·
�{�

si}, the relationship between K ′ (i, j) and K (i, j) can be readily established as

K (i, j) =Mi

4

(
2 + sign {� {W (i, j)}} + sign {� {W (i, j)}}

sign {� {W (i, j)}}
)

− sign {� {W (i, j)}}
sign {� {W (i, j)}}

(
K ′ (i, j) + Mi

8
Δ(i, j)

)
. (3.45)

Example Assume 16-PSK modulation for the i-th time slot, i.e., Mi = 16 and

χi =
{
1, e2

√−1π/16, . . . , e2
√−1π15/16

}
. Suppose that W (i, j) = −2 − 3

√−1. Thus,

we have Δ(i, j) = 1, sign {� {W (i, j)}} = −1, and sign {� {W (i, j)}} = −1.
Searching through about one-eighth of the constellation points according to (3.44)
gives K ′ (i, j) = 1 and accordingly

�

si = e2
√−1π3/16. Then, from (3.45) we have

K (i, j) = 5 and accordingly Ĝ (i, j) = e2
√−1π5/16, which agrees with that solved by

(3.41) via searching through the whole constellation (Fig. 3.6).
When Ĝ is ready, it is straightforward to obtain the metric matrix D from (3.42).

Second Step: Joint Detection

As discussed earlier, the second step is to search for an optimal order of indices of
transmit antennas, parametrized by m̂, via

m̂ = argmax
m̃∈{1,...,(NT −1)(Nt−1)!}

Nt∑
i=1

D
(

i, a(m̃)
i

)
, (3.46)

and to search for themost-likely transmitted symbols through the candidates included
in Ĝ. This step invokes both signal domain and spatial domain detection and thus
is termed joint detection in this letter. As the signal domain detection is simply
ŝn = Ĝ

(
n, a(m̂)

n

)
with n = 1, . . . , Nt , we will mainly focus on the spatial domain

detection in the following.
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Fig. 3.6 Search zones
corresponding to Δ (i, j) = 0
and Δ (i, j) = 1,
respectively, for 16-PSK
modulation

As indicated in (3.46), to perform the spatial domain detection, we have to first
initialize {a(1), . . . , a((Nt−1)(Nt−1)!)}, which becomes impractical for a largerNt . Notic-
ing that the metric accumulation in (3.46) is dictated by the sequence a(m̃), which has
memory, we are motivated by the Viterbi algorithm [9] to reduce the search complex-
ity. The idea can be clarified through the following example. Assume that Nt = 4
and there exist two candidates m̃1 and m̃2, giving a(m̃1) = {1, 2, 3, 4} and a(m̃2) =
{2, 1, 3, 4}. Then, from (3.46), it can be inferred that m̃1 is preferred over m̃2 when
D (1, 1)+D (2, 2)+D (3, 3)+D (4, 4) > D (1, 2)+D (2, 1)+D (3, 3)+D (4, 4), and
vice versa. In fact, the above decision can be made merely via comparing the follow-
ing two accumulatedmetricsD (1, 1)+D (2, 2) andD (1, 2)+D (2, 1). Moreover, to
extend, provided that D (1, 1) + D (2, 2) is larger (smaller) than D (1, 2) + D (2, 1),
the antenna activation orders with the first two indices being {2, 1} ({1, 2}) can be all
removed from the search space.

To realize this idea, we find it useful to predefine some parameters, as listed
in Table3.2, and introduce the following enumeration method. The adopted enu-
meration method is based on the combinational number system (CNS) [3], which
enables us to map a natural number r ∈ {1, . . . ,C (Nt, n)} to a unique permutation
{cn, . . . , c1} with c1, . . . , cn ∈ {1, . . . , Nt} and cn > · · · > c1, via

r = C (cn − 1, n) + · · · + C (c1 − 1, 1) + 1. (3.47)

The enumeration procedure starts by choosing the maximal cn that satisfies
C (cn − 1, n) ≤ r − 1, and proceeds by choosing the maximal cn−1 that satisfies
C (cn−1 − 1, n − 1) ≤ r −C (cn − 1, n) − 1 and so on until (3.47) is satisfied. As an
example, for Nt = 5, n = 3, and r = 6, the permutation {c3, c2, c1} can be calcu-
lated as {5, 3, 1}. With the above-mentioned preliminaries, we summarize the entire
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Table 3.2 Definition of
parameters in Algorithm1

ψpre a set that stores all most-likely antenna activation
orders up to the last time slot

ψnow a set that stores all most-likely antenna activation
orders up to the current time slot

dpre a vector that stores accumulated metrics
corresponding to those antenna activation

orders in ψpre

dnow a vector that stores accumulated metrics
corresponding to those antenna activation

orders in ψnow

ζ a set that stores the indices of transmit antennas
that are probably chosen at the

next time slot

Algorithm 1: Viterbi decoding based spatial domain detector
1: Initialization: ψpre := ξ, dpre := D (1, :) , dpre (Nt) := −∞
2: for i = 2 : Nt % loop 1 starts
3: dnow := [0, . . . , 0] % C (Nt, i − 1) zeros
4: for z = 1 : C (Nt, i − 1) % loop 2 starts
5: ζ := ξ\ψpre {z}
6: for k = 1 : Nt − i + 1 % loop 3 starts
7: Sort ψpre {z} ⊕ ζ {k} in descending order

and get its address via (3.47) as r
8: if dpre (z) + D (i, ζ {k}) > dnow (r)
9: ψnow {r} := ψpre {z} ⊕ ζ {k}
10: dnow (r) := dpre (z) + D (i, ζ {k})
11: end if
12: end for % loop 3 ends
13: end for % loop 2 ends
14: dpre := dnow , ψpre := ψnow

15: end for % loop 1 ends
16: Transfer ψnow to the corresponding parameter m̂

process of the proposed spatial domain detection in Algorithm1. In the algorithm,
the initialization corresponds to the 1-st time slot case, where dpre (Nt) := −∞ guar-
antees that m̃ ∈ {1, . . . , (Nt − 1) (Nt − 1)!} This implies that all antenna activation
orders starting with index Nt are excluded in the search. Note that it is also feasible
to enable m̃ ∈ ω in order to achieve the optimal performance, which, however, will
significantly complicate the search as we have to judge the legality of each possible
antenna activation order up to the current time slot. For the (i ≥ 2)-th time slot case,
in total (Nt − i + 1)C (Nt, i − 1) permutations of i out ofNt transmit antenna indices
are to be grouped into C (Nt, i) classes. In each class, i permutations of the same i
indices will compete with each other and only the one with the largest accumulated
metric will be saved and fed to the (i + 1)-th time slot. The process continues until
i = Nt , i.e., all transmit antennas have been considered in the comparison.
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Table 3.3 Parameters evolution in the example

i = 1 i = 2 i = 3

ψpre {1, . . . , NT } {1, . . . , NT } {{1, 2} , {1, 3} , {2, 3}}
ψnow – {{1, 2} , {1, 3} , {2, 3}} {1, 2, 3}
dpre [1, 0.5,−∞] [1, 0.5,−∞] [1.6, 1.8, 1.3]

dnow – [1.6, 1.8, 1.3] 2.5

Fig. 3.7 Illustration of the example, where the solid line represents the survivor path whereas the
dotted line represents the discarded path

Example Suppose that NT = 3 and

D =
⎡
⎣ 1 0.5 0.2
0.4 0.6 0.8
0.7 0.3 0.9

⎤
⎦ .

According to Algorithm1, the evolution of some important parameters for different
time slots (before line 14) is presented in Table3.3. A graphical illustration is also
provided in Fig. 3.7.

3.2.2 Gray Coding for Antenna Activation Orders

In DSM, the antenna activation orders are used as an information carrying mecha-
nism.Consequently, the difference between antenna activation orders plays an impor-
tant role in the BER performance of DSM. In previous study, the antenna activation
orders are set to follow the lexicographic order such that similar permutations may
lead to huge bit difference between the corresponding information bit sequences.
This, however, will degrade the BER performance of DSM as a detection error most
probably occurs between similar permutations at high SNR. To enhance the DSM
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Table 3.4 A look-up table
for Nt = 3

Bits in
lexicographic
order

Permutations Bits in gray
code order

Permutations

00 (1 2 3) 00 (1 2 3)

01 (1 3 2) 01 (1 3 2)

10 (2 1 3) 11 (3 1 2)

11 (2 3 1) 10 (3 2 1)

performance, in this subsection we present the idea of encoding permutations of
antenna indices in the gray code order for DSM.

Look-Up Table

Table3.4 shows the mapping between the information bits and the corresponding
permutations in the lexicographic order and gray code order for Nt = 3, respectively,
where two out of in total six permutations have been discarded. Note that although
not specified, it can be readily figured out that both manners give rise to the same
result for Nt = 2. From Table 3.4, it is obvious that the discarded permutations in the
gray code order are different from those in the lexicographic order. However, one can
see surprisingly that the lexicographic order for Nt = 3 also satisfies the requirement
of the gray code order, i.e., any two permutations having only two indices difference
differ from only one bit. This implies that both manners for Nt = 3 will result in the
same BER performance. For Nt > 3, the lexicographic order cannot meet the above
requirement any longer and both manners will lead to totally different performance.
This will be verified in the sequel.

Ranking and Unranking Methods

The look-up table method necessitates a storage of all permutations at both the trans-
mitter and receiver, which becomes impractical for large Nt . For example, 36,28,800
and 2.4329 × 1018 permutations need to be stored for Nt = 10 and 20, respectively.
Obviously, it is impractical to store them for current computers. Therefore, it is advis-
able to create an easy-to-implement one-to-one mapping from the information bits
to the corresponding permutations, called unranking, and inverse mapping from the
permutations to the corresponding information bits, called ranking.

To begin with, we have to first figure out how to generate permutations in the gray
code order. Aiming at this, we resort to the idea presented in [10]. Table3.5 gives a
solution for Nt = 4. From this example, we can expect some important properties of
gray code order for a general Nt as follows. For ease of exposition, let us define left
and right moving directions for number Nt as

←−
Nt and

−→
Nt , respectively. Also, define

a directional indicator for number Nt as INt , where INt = 1 stands for the situation

of
←−
Nt and INt = 0 for the situation of

−→
Nt . If the whole swaps between number Nt

and the adjacent element in the set {1, 2, . . . , Nt} for the same direction is said to be
one round for number Nt , one will see that the total number of rounds of number
Nt , denoted by LR, is (Nt − 1)!. In addition, it can be concluded that INt = 1 if lNt is
odd and INt = 0 if lNt is even, where lNt is a variable indicating that number Nt is in
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Table 3.5 Generating
permutations of {1, 2, 3, 4} in
the gray code order

1234, 1243, 1423, 4123,
←−
4

4132, 1432, 1342, 1324,
−→
4

3124, 3142, 3412, 4312,
←−
4

4321, 3421, 3241, 3214,
−→
4

2314, 2341, 2431, 4231,
←−
4

4213, 2413, 2143, 2134.
−→
4

the lNt -th round. Details on the generation rule can be referred to the Trotter-Johnson
ranking and unranking algorithms [10]. In what follows, we summarize them in our
notations and mainly focus on their application to DSM.

Assume that we have a permutation a = {a1, a2, . . . , aNt } where u, au ∈
{1, 2, . . . , Nt}. Define Pau as the position of the element au in a[au], where a[au] indi-
cates the sub-permutation of a, which discards the elements greater than au. Initially,
we will determine whether a is generated from the permutations {1, 2} or {2, 1} for
obtaining l3. It is obvious that a is generated from {1, 2} if P2 = 2, which indicates
l3 = 1 (I3 = 1), while a is generated from {2, 1} if P2 = 1, which indicates l3 = 2
(I3 = 0). For the case of Nt > 3, {lj}Nt

j=4 can be calculated recursively by

lj = (lj−1 − 1) · (j − 1) + Īj−1 · Pj−1 + Ij−1 · (j − Pj−1), (3.48)

where Īj−1 = 1 − Ij−1. Finally, the integer d ∈ {1, . . . , 2m1} corresponding to a is
calculated by

d = (lNt − 1) · Nt + ĪNt · PNt + INt · (Nt + 1 − PNt ). (3.49)

Then, the information bit sequence in the gray code order can be directly obtained
from d.

The unranking process is the inversion of the ranking process. Firstly, the infor-
mation bit sequence in the gray code order is converted into an integer d. Then, lNt

and PNt can be derived as lNt = �d/Nt� and PNt =< d >Nt +1, respectively. For the
case of Nt > 3, lk and Pk with k = Nt − 1 can be calculated by lk = �lk+1/k� and
Pk =< lk+1 >k +1, respectively. Then, we set k := k − 1 and iteratively obtain lk
and Pk , respectively. The process continues until k = 3, when {lk}Nt

k=3 and {Pk}Nt
k=3

are all ready. Note that {Ik}Nt
k=3 can be determined by {lk}Nt

k=3. Finally, we can rebuild
the permutation from the ranking algorithm.

SNR Gain Analysis

We now analyze the performance of the gray code order by comparing it with that of
the lexicographic order. To isolate the effect of Gray coding, we consider the special
case of DSM, i.e., differential space shift keying (DSSK), in which {si}Nt

i=1 are set to
1s for all time.



3.2 Design Guidelines for Differential Spatial Modulation 75

An upper bound on the ABEP can be derived according to the union bounding
technique as

Pe ≤ 1

m1 · 2m1

2m1∑
p=1

2m1∑
q=1

N(Xp → X̂q)Pr(Xp → X̂q), (3.50)

where Pr(Xp → X̂q) is the pairwise error probability accounting for the probability
of detecting the information matrix X̂q when Xp is transmitted, and N(Xp → X̂q)

is the number of bits in difference between Xp and X̂q. Assuming a rich scattering
environment, at high SNR the upper bound in (3.50) can be further approximated as

Pe ≤ c · SNR−rminNR

m1 · 2m1

∑
p,q

N(Xp → X̂q|Rp,q = rmin), (3.51)

where c is a constant, N(·|·) is the conditional number of bits in error, Rp,q =
rank{Xp − X̂q} and rmin = minRp,q. It can be readily figured out that for both
the gray code order and lexicographic order we have rmin = 1, which implies
that DSSK achieves unit transmit diversity order regardless of which encoding
manner is employed. Therefore, the performance of the gray code order and lex-
icographic order differ from the SNR gain only. To evaluate the value, let us
define the total number of bits in difference with Rp,q = 1 for both manners as
NG

error = ∑
p,q NG(Xp → X̂q|Rp,q = 1) and NL

error = ∑
p,q NL(Xp → X̂q|Rp,q = 1),

where the subscripts G and L refer to the gray code order and lexicographic order,
respectively. Then, from (3.51) the SNR gain achieved by the gray code order over
lexicographic order in dB, which is defined based on the BER criterion, can be thus
calculated by

GSNR = 10

Nr
log10(N

L
error/NG

error). (3.52)

Figure3.8 shows the comparison results between the BER performances of the
gray code order and lexicographic order for Nt = 4, 6 and Nr = 1, 2, 3, 4 in DSSK
under the spectral efficiencies of 1 and 1.5bps/Hz, respectively. At BER = 10−3, it
can be seen that in the case of Nr = 1 the proposed gray code order achieves about
1.2 and 0.3dB SNR gains over the lexicographic order for Nt = 4 and Nt = 6,
respectively. Note that the performance gain in DSM is still impressive though it
becomes a little smaller than that in DSSK. In addition, from the figure, it is notable
that the SNR gain brought by coding decrease as Nr increases for a given Nt .

Figure3.9 shows the calculated SNR gains achieved by the gray code order over
the lexicographic order for Nt = {3, 4, 5, 6} and Nr = 1 from (3.52) in DSSK. It is
expected that no SNR gain is available for Nt = 3 and it achieves almost 1.2dB SNR
gain for Nt = 4, in which NL

error = 136 and NG
error = 104. On the other hand, we see

that the theoretical results match their simulation counterparts in Fig. 3.8.
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Fig. 3.8 BER performance
between the gray code order
and lexicographic order for
different configurations in
DSSK
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Fig. 3.9 The coding gain
ratio between the gray code
order and lexicographic
order for Nt = {3, 4, 5, 6}
and Nr = 1 in DSSK
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3.2.3 Diversity Enhancing Scheme

From the analysis in Sect. 3.2.2, we see that the transmit diversity order achieved by
DSMsystemsdepends on rmin. Since in the gray code order two adjacent permutations
have two elements difference, theminimum rank equals one and in return the transmit
diversity order remains unit. To improve the diversity performance of DSM, in this
subsection we propose a novel scheme, i.e., intersect (I-)gray code order, based on
the gray code order.

In the I-gray code order, the new permutations consist of the ones which locate the
odd (or even) positions of the full permutations in the gray code order. The example
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Table 3.6 I-gray code order for Nt = 3

Candidates in gray
code order

Permutations in gray
code order

Selected permutations Permutations in I-gray
code order

(1 2 3)

(1 3 2) (1 2 3) (1 2 3) (1 2 3)

(3 1 2) (1 3 2) (3 1 2) (3 1 2)

(3 2 1) (3 1 2) (2 3 1)

(2 3 1) (3 2 1)

(2 1 3)

for Nt = 3 is given in Table3.6, where only the odd positions, i.e., 1st, 3rd and 5th, of
the full permutations in the gray code order are selected for the purpose. To modulate
the information bits, however, only 2�log2(Nt !/2)	 = 2 permutations are permitted to
be used, which obtains the legitimate permutations as (1 2 3) and (3 1 2). It is clear
that two adjacent permutations in the I-gray code order will have three elements
difference, which improves an additional transmit diversity order in DSSK.

The direct application of the I-gray code order to conventional DSM fails to
achieve a transmit diversity order of two since the independent symbol-by-symbol
transmission scheme will limit rmin to be unit. To overcome this problem, it is advis-
able to introduce correlation between two adjacent modulated symbols in a DSM
block under the framework of the I-gray code order. To this end, we extend the idea
of coordinate interleaved orthogonal design (CIOD) to our design. Specifically, in a
DSM block, for a pair of modulated symbols drawn from a phase rotated constella-
tion with angle θ, the real and imaginary parts of one modulated symbol is combined
with the imaginary and real parts of the other modulated symbol. For example, the
information matrix for Nt = 2, 3 with antenna activation orders (1 2) and (3 1 2)
can be expressed by

Xt =
[

sR
1 + jsI

2 0
0 sR

2 + jsI
1

]
, (3.53)

and

Xt =
⎡
⎣ 0 sR

2 + jsI
3 0

0 0 sR
3 + jsI

1
sR
1 + jsI

2 0 0

⎤
⎦ , (3.54)

respectively, where {si = sR
i + jsI

i }4i=1 ∈ X θ and X θ denotes the rotated constellation
X with angle θ.

Figure3.10 shows the BER performances of the I-gray code order and gray code
order with Nt = 4, Nr = 2, and θ = 15◦ in DSSK and DSM, respectively. We see
that due to the improvement of diversity performance, the I-gray code order with
4-QAM outperforms the gray code order with either 4-QAM or BPSK in DSM at
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Fig. 3.10 BER performance
between the gray code order
and I-gray code order with
NT = 4, NR = 2 in DSSK
and DSM
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high SNR. The I-gray code order with 4-QAM performs worse than the gray code
order with BPSK at low SNR while better at high SNR. This is because the coding
effect dominates the BER at low SNR while the diversity effect takes place at high
SNR. In DSSK, I-gray code order still obtains an additional transmit diversity order
at the price of one information bit loss for each transmission.

3.3 Precoding Aided Differential Spatial Modulation

In this section, we propose a novel MIMO scheme based on DSM termed as PDSM.
By mapping information to the receiver-side space-time transmit blocks and con-
ducting differential modulation, the PDSM scheme achieves reduced receiver-side
complexity.

3.3.1 Transceiver Structure

We assume Nt � Nr to ensure pre-coding design. In contrast to the traditional DSM,
which conveys information via different transmitter-side space-time transmit blocks,
the concept of PDSM is to activate specific receiver-side space-time receive blocks
with the aid of pre-coding.

Design of PDSM Symbols

The first step of PDSM transmission is to map the information bits into space-time
information blocks Xt ∈ C

Nr×Nr , (t = 1, 2 . . . ), which will be transmitted during
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time slot Nr(t − 1) + 1 to Nrt. The space-time information blocks are designed to
satisfy the following two properties:

1. There is only one non-zero element in each column and row.
2. The non-zero elements are extracted from the M-PSK alphabet.

Thus, there are in all Nr ! different patterns of nonzero elements in Xt , which can
accommodate at most �log2 (Nr !)	 space bits. We note that to utilize all possible Nr !
patterns to convey information, one can turn to the FBE scheme, which, however,
may result in unacceptable encoding delay when the fraction is ratio of two large
integers. Since every information block is transmitted over Nr time slots, the PDSM
scheme achieves the spectrum efficiency measured by bps/Hz of

RPDSM = 1

Nr

⌊
log2 (Nr !)

⌋+ log2 (M) . (3.55)

Define the set of all possible Xt to be G. To perform differential modulation, the
DSM transmit blocks are constructed as follows. First, an arbitrary matrix S0 ∈ G is
chosen to be the initial transmit block. Then, the t-th transmit block during time slot
Nr(t − 1) + 1 to Nrt is obtained according to

St = St−1Xt, t = 1, 2 . . . . (3.56)

Since the set G satisfies the closure property under multiplication:

∀P1, P2 ∈ G, P1P2 ∈ G, (3.57)

we have St ∈ G. We note that the constellation size M for the Nr non-zero entries
in the information blocks are not necessarily to be the same. In this situation, if we
define G to be the set where all the non-zero entries of its elements are extracted form
the Mmax-PSK constellation, where Mmax refers to the maximum constellation size
of the Nr nonzero symbols, the aforementioned property (3.57) still holds.

Pre-coding Design

For the t-th transmit block St , the corresponding pre-coded block Ot ∈ C
Nt×Nr can

be represented as
Ot = PDSt, (3.58)

where P ∈ C
Nt×Nr is the pre-coding matrix and D ∈ C

Nr×Nr is a diagonal power nor-
malizationmatrix which guarantees that the transmitted power is averaged regardless
of different transmit blocks. The i-th element of the main diagonal of D is equal to
di =

√
1/ ‖pi‖2, where pi is the i-th column of the pre-coding matrix P. [Ot]i,j of

the obtained pre-coded block represents the signal transmitted from the i-th transmit
antenna at time slot Nr(t − 1) + j.

If we assume perfect CSI at the transmitter, ZF pre-coding can be used to deliver
desired signals to the receiver with perfect elimination of inter-channel interference.
The ZF pre-coder can be formulated as:
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PZF = HH(HHH)−1. (3.59)

Differential Detection

When ZF pre-coding is employed, the t-th received block at the receiver is equal to

Yt = DSt + Wt, (3.60)

where Wt ∈ C
Nr×Nr is the independent identically distributed (i.i.d.) AWGN with

[Wt]i,j

∼ CN (0, N0). Given that the channel is quasi-static, by plugging (3.56) into (3.60),
Yt can be represented with Yt−1 as

Yt = DSt−1Xt + Wt

= Yt−1Xt + Wt − Wt−1Xt . (3.61)

Accordingly, the non-coherent ML detector can be obtained as

X̂t = argmax
∀Xt∈G

Tr
{� {YH

t Yt−1Xt
}}

. (3.62)

3.3.2 ABEP Upper Bound Analysis

We employ the union bounding technique to analyze the upper bound on the ABEP
for the case of Nr = 2.

When Nr = 2, only two information block patterns,

(
x1 0
0 x2

)
,

(
0 x2
x1 0

)
,

are available for transmission. Since Pr(Xt = [\]) = Pr(Xt = [/]), an upper bound
on the ABEP can be expressed as

Pe �
∑

Xt∈G,Xt=[\]

∑
X̂t∈G

N
(
Xt → X̂t

)
Pr
(
Xt → X̂t

)
M2
(
1 + 2log2(M)

) . (3.63)

Lemma 2 The instantaneous PEP of PDSM conditioned on D2 can be approxi-
mately calculated in terms of the Gaussian Q-function as

Pr
(
Xt → X̂t|Xt = [\] , X̂t = [\], D2

) = Q

⎛
⎝ � {α} d2

1 + �{β} d2
2√(|α|2d2

1 + |β|2d2
2

)
1
γ

⎞
⎠ (3.64)

and
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Pr
(
Xt → X̂t|Xt = [\] , X̂t = [/], D2

) = Q

⎛
⎝
√(

d2
1 + d2

2

)
γ

2

⎞
⎠, (3.65)

respectively, where α = 1 − s∗
2t−1s2t−3x̂2t−1, β = 1− s∗

2ts2t−2x̂2t , and γ = 1
N0

is the
system SNR at each receive antenna; st , xt and x̂t are the transmit symbol, information
symbol, and the detected symbol at time instant t.

Proof The PEP can be written from (3.62) as

Pr
(
Xt → X̂t

) = Pr
(
Tr
{� {YH

t Yt−1ΔXt
}}

> 0
)
, (3.66)

where ΔXt = Xt − X̂t .
If we assume that St−1 is a diagonal matrix, when Xt and X̂t are both diagonal

matrices, Tr
{
YH

t Yt−1ΔXt
}
can be derived as

Tr
{
YH

t Yt−1ΔXt
} = (d1s∗

2t−1 + n∗
2t−1,1

) (
d1s2t−3 + n2t−3,1

) (
x̂2t−1 − x2t−1

)
+ n∗

2t−1,2n2t−3,2
(
x̂2t−1 − x2t−1

)
+ (d2x∗

2t + n∗
2t,2

) (
d2x2t−2 + n2t−2,2

) (
x̂2t − x2t

)
+ n∗

2t,1n2t−2,1
(
x̂2t − x2t

)
. (3.67)

where nt,i ∼ CN (0, N0), i = 1, 2, is the noise experienced at the i-th receive antenna
at time instant t.

Recalling the relationship between information blocks and transmit blocks in
(3.56), (3.67) can be further simplified as

Tr
{
YH

t Yt−1ΔXt
} =αd2

1 + βd2
2 + αd1

(
s∗
2t−3n2t−3,1 + s2t−1n∗

2t−1,1

)
+ βd2

(
s∗
2t−2n2t−2,2 + s2tn

∗
2t,2

)+ o (n) , (3.68)

where o (n) represents the higher order noise terms. If we ignore o (n),
Tr
{
YH

t Yt−1ΔXt
}
conditioned on specific D2 is a complex-valued Gaussian distrib-

uted RV with mean
λ1 = αd2

1 + βd2
2 (3.69)

and variance

σ2
1 = 2

γ

(
α2d2

1 + β2d2
2

)
. (3.70)

When St−1 is an anti-diagonal matrix, Tr
{
YH

t Yt−1ΔXt
}
can be expressed in a

similar form to (3.68) except for the switch between d1 and d2. If we notice that the
probability of St−1 being a diagonal matrix or an anti-diagonal matrix is equal to one
half, and the statistics of d1 and d2 are the same (which will be clarified later), (3.64)
can be obtained.
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For the case of Xt being a diagonal matrix and X̂t being an anti-diagonal matrix,
if St−1 is a diagonal matrix, we have

Tr
{
YH

t Yt−1ΔXt
} = − d2

1 − d2
2 + d1

(
s∗
2t−1x̂2t−1n2t−2,1 − s∗

2t−1x2t−1n2t−3,1

+s2t−3x̂2tn
∗
2t,1 − s2t−3x2t−1n∗

2t−1,1

)+ d2
(
s∗
2t x̂2tn2t−3,2

−s∗
2tx2tn2t−2,2 + s2t−2x̂2t−1n∗

2t−1,2 − s2t−2x2tn
∗
2t,2

)+ o (n) . (3.71)

If we exclude higher order noise terms, Tr
{
YH

t Yt−1ΔXt
}
in (3.71) conditioned on

specific D2 is also a complex-valued Gaussian RV with mean

λ2 = −d2
1 − d2

2 (3.72)

and variance

σ2
2 = 4

γ

(
d2
1 + d2

2

)
. (3.73)

Therefore, (3.65) can be obtained for the same reason given before. �

As can be seen from (3.64) and (3.65), the upper bound depends on RVs
d2

i , i = 1, 2. By the definition of D, we have

d2
i = 1[(

HHH
)−1
]

i,i

, (3.74)

where HHH is the wishart random matrix, and d2
i , i = 1, 2, have the PDF of

fd2
i
(x) = 1

� (L)
xL−1e−x, x > 0. (3.75)

Now the ABEP upper bound can be calculated from (3.63). For M > 2, the sta-
tistics of the RVs inside the Gaussian Q-functions in (3.64) and (3.65) are too com-
plicated to characterize. However, a closed-form expression for the upper bound on
the ABEP is available for BPSK signaling.

The error events for BPSK modulation can be explicitly defined as
•E1 : Xt = [\] , X̂t = [\] , x̂2t−1 �= x2t−1, x̂2t = x2t;
•E2 : Xt = [\] , X̂t = [\] , x̂2t−1 = x2t−1, x̂2t �= x2t;
•E3 : Xt = [\] , X̂t = [\] , x̂2t−1 �= x2t−1, x̂2t �= x2t;
•E4 : Xt = [\] , X̂t = [/] , x̂2t−1 = x2t−1, x̂2t = x2t;
•E5 : Xt = [\] , X̂t = [/] , x̂2t−1 �= x2t−1, x̂2t = x2t;
•E6 : Xt = [\] , X̂t = [/] , x̂2t−1 = x2t−1, x̂2t �= x2t;
•E7 : Xt = [\] , X̂t = [/] , x̂2t−1 �= x2t−1, x̂2t �= x2t .
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Since the RVs of d2
i , i = 1, 2, have the same PDF and the BPSK symbols are

drawn form {−1,+1}, in light of (3.64) and (3.65), we can group the error events
into 3 different types and write their PEPs as

Pr
(
Xt → X̂t|E1, D2

) = Pr
(
Xt → X̂t|E2, D2

) = Q

(√
d2
1γ

)
, (3.76)

Pr
(
Xt → X̂t|E3, D2

) = Q

(√(
d2
1 + d2

2

)
γ

)
(3.77)

and

Pr
(
Xt → X̂t|E4, D2

) = Pr
(
Xt → X̂t|E5, D2

) = Pr
(
Xt → X̂t|E6, D2

)

= Pr
(
Xt → X̂t|E7, D2

) = Q

⎛
⎝
√(

d2
1 + d2

2

)
γ

2

⎞
⎠ , (3.78)

respectively.
By averaging the Q-function over all realizations of d2

1 using (3.75), we can bound
the PEP of (3.76) as

Pr
(
Xt → X̂t|E1

) = Pr
(
Xt → X̂t|E2

)

= Ed2
1

{
Q

(√
d2
1γ

)}
� 1

2

(γ

2
+ 1
)−L

, (3.79)

where the Chernoff bound Q(x) � 1
2e−x2/2 has been used.

For (3.77) and (3.78), the evaluation requires the joint PDF of the correlated RVs
d2
1 and d2

2 . Given that d2
1 and d2

2 are correlated and distributed as Gamma(L, 1),
their joint PDF according to [[11], Eq. (8.3)] is the Kibble’s bivariate gamma
distribution

fd2
1 ,d

2
2
(x, y) = (1 − ρ)−L

� (L)

∞∑
k=0

ak(xy)L+k−1e− x+y
1−ρ , (3.80)

whereak = ρk
/[

� (L + k) (1 − ρ)2kk!], andρ = E{(d2
1 − L)(d2

2) − L}/L is thePear-
son product-moment correlation coefficient that can be estimated for a given system
configuration.

Following the same procedure in [[12], Eq. (63)], by averaging (3.77) with (3.80),
we have

Pr
(
Xt → X̂t|E3

) = ED2

{
Q

(√(
d2
1 + d2

2

)
γ

)}

� (1 − ρ)−L

2t2L
1

1F0

(
L; ; ρ

(1 − ρ)2t21

)
, (3.81)
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where t1 = γ
/
2 + 1

/
(1 − ρ) and

1F0 (L; ; x) =
+∞∑
k=0

(L)(k)

k! xk (3.82)

is the generalized hypergeometric function as defined in [[5], p. 1010] with (L)(k) =
L (L + 1) · · · (L + k + 1) denoting the Pochhammer symbol.

Similarly, the PEP in (3.78) can be averaged by (3.80) and written as:

Pr
(
Xt → X̂t|E4

) = Pr
(
Xt → X̂t|E5

) = Pr
(
Xt → X̂t|E6

)
= Pr

(
Xt → X̂t|E7

)

= ED2

⎧⎨
⎩Q

⎛
⎝
√(

d2
1 + d2

2

)
γ

2

⎞
⎠
⎫⎬
⎭

� (1 − ρ)−L

2t2L
2

1F0

(
L; ; ρ

(1 − ρ)2t22

)
, (3.83)

where t2 = γ/4 + 1
/
(1 − ρ).

Finally, by plugging (3.79), (3.81) and (3.83) into (3.63), we have the closed-form
ABEP upper bound for BPSK signaling as

Pe �1

3

[(γ

2
+ 1
)−L + (1 − ρ)−L

t2L
1

1F0

(
L; ; ρ

(1 − ρ)2t21

)

+4(1 − ρ)−L

t2L
2

1F0

(
L; ; ρ

(1 − ρ)2t22

)]
. (3.84)

3.3.3 Performance Evaluation

Monte Carlo simulations are conducted under quasi-static Rayleigh fading channels
to examine the performance of PDSM and verify the theoretical analysis. The SNR
is defined as γ = Ps/N0 = 1/N0, where the signal power Ps is set to be 1 for the use
of the normalization matrix D and the normalization of M-PSK constellation points.

Simulation Versus Theoretical Results

Before comparisonwith the benchmark, Fig. 3.11 demonstrates the simulation results
and theoretical analysis of our proposed PDSM architecture with 2 receive antennas
and BPSK.We note that due to the ignorance of higher order noises and the bounding
techniques, our theoretical analysis of (3.84) is relatively loose. However, if we add a
1.7dB offset to the theoretical results, the simulation curve of the considered system
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Fig. 3.11 BER performance
of PDSM with 2 receive
antennas and BPSK
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setups perfectly matches the theoretical curve. As can be seen from the figure, the
slope of the curve increases with the number of transmit antennas.

PDSM Versus PSM

Figure3.12 compares the BER performance of PDSM and PSM under identical
system configuration usingNr = 2, 4 receive antennas. ForNr = 2, The PSM system
applies BPSK constellation, while the PDSM system uses mixed BPSK and QPSK
constellation to reach the same spectrum efficiency of 2bps/Hz. For Nr = 4, The
PSM system applies BPSK constellation, while the PDSM system uses QPSK to
reach the same spectrum efficiency of 3bps/Hz. One can see from the figure that
although higher modulation order is used in PDSM to match the data rate, the BER
performance loss induced by the differential scheme in comparison with PSM is no
more than 3dB. Moreover, the performance losses between PDSM and PSM both
reduce from about 3 to 2dBwith the transmit antenna number increasing fromNt = 4
to Nt = 16 for either Nr = 2 or Nr = 4.

PDSM with Multiple Receive Antennas

Figure3.13 compares the BER performance of PDSM with Nr = 3 and Nr = 4 at
the fixed data rate of 3bps/Hz. 4-receive-antenna system uses QPSK in all 4 nonzero
elements of each information block and reaches a space bit data rate of 1bps/Hz,while
3-receive-antenna system uses two QPSK and one 8-PSK constellation to match the
data rate and achieves a space bit data rate of 2/3bps/Hz. As can be seen from
the simulation results, the 4-receive-antenna system outperforms 3-receive-antenna
systemwhen equipped with more than six transmit antennas at a relatively high SNR
region. It can be explained with the higher constellation order applied in 3-receive-
antenna system. However, 3-receive-antenna system exhibits better performance for
Nt < 6, and in the lowSNR region for all considered transmit antenna configurations.
It is because the space bits are more vulnerable in face of poor channel state or less
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Fig. 3.12 Comparison of
BER performance between
PDSM and PSM with: a 2
receive antennas at 2bps/Hz
and b 4 receive antennas at
3bps/Hz
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robust pre-coding matrices. When space bit error occurs, the constellation signal bits
in the wrong space-time block pattern will be determined randomly by the noise.

This observation reveals a trade-off between space bits and constellation bits.
We can make proper optimization at the receiver according to the transmit antenna
configuration and system SNR, e.g., when fewer transmit antennas are equipped, the
receiver may deactivate certain antenna and correspondingly increase the constella-
tion order to achieve the optimal performance without sacrificing data rate.
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Fig. 3.13 Comparison of
BER performance of PDSM
with Nr = 3 and Nr = 4 at
3bps/Hz
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3.4 Applications to Cooperative Communications

In this section, we propose a dual-hop hybrid DSM (DH-HDSM) architecture, where
a PDSM architecture in the first hop and a DSM architecture in the second hop are
formed.

3.4.1 System Model

The system model of DH-HDSM is depicted in Fig. 3.14. We consider a wireless
communication system with a source node (SN) of NS antennas and a destination
node (DN) of ND antennas. The direct link between the SN and the DN is assumed
to be too weak to support high quality transmission and thus, NR single antenna
relay nodes (RNs) serve to deliver the message from the SN to the DN. The RNs are
considered to be either connected with an error-free backhaul link or in a distributed
form,whichwill be illustrated later. To enable linear pre-coding,NS ≥ NR is assumed
and the channel is supposed to be quasi-static during the transmission. Also, the SN
is assumed to have perfect CSI of the first hop.

Design of the Information and Transmit Blocks

The speciality of DH-HDSM lies in the design of the information blocks Xt ∈
C

NR×NR , t = 1, 2, 3 . . ., which will be transmitted from the SN to the RNs during
time slots (2t − 2)NR + 1 ∼ (2t − 1)NR. To ensure differential modulation, each
information block contains NR non-zero elements and satisfies the properties of:

1. There is only one non-zero element in each column and row.
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Fig. 3.14 System model of DH-HDSM

2. The non-zero elements are extracted from the normalizedM-PSK alphabet, where
M denotes the cardinality.

In consideration of property 1), we notice that there are in total NR! different patterns
of the non-zero elements. Thus, k1 = ⌊

log2(NR!)⌋ information bits, which will be
referred to as space bits, can be chosen to select a specific pattern of the informa-
tion blocks. Then, by mapping another k2 = NR log2(M) constellation bits to the
M-PSK constellation to form the NR non-zero elements, we obtain the correspond-
ing Xt ∈ G, with G defined to be the set of all possible Xt . An arbitrary element
can be chosen from G as the initial transmit block S0. Then, the subsequent transmit
blocks can be obtained according to St = St−1Xt . Since the pattern of the non-zero
elements inside Xt can be regarded as the permutation of the columns of the identity
matrix, and the non-zero elements are drawn from PSK constellations, it is evident
that the information blocks satisfy the closure property under multiplication,

∀P1, P2 ∈ G, P1P2 ∈ G. (3.85)

Thus, the transmit blocks are also drawn from G.
Transmission of the First Hop

The received signal at the RNs can be expressed as

YRt = HSRPDSt + WRt , (3.86)

where YRt ∈ C
NR×NR collects the received signals at the RNs during time slots

(2t − 2)NR + 1 ∼ (2t − 1)NR, and HSR ∈ C
NR×NT represents the channel

matrix between the SN and the RNs, whose elements are assumed to be i.i.d. RVs
∼ CN (0, 1). P ∈ C

NT ×NR and D ∈ C
NR×NR are the pre-coding matrix and the

power normalization matrix, respectively. The i-th diagonal element of D is equal

to di =
√
1
/‖pi‖2, where pi is the i-th column of the pre-coding matrix P with

i ∈ {1, . . . , NR}. By recalling the properties of the transmit blocks, we can easily
find that the power normalization matrix ensures unity transmit power (Ps = 1) at
each time instant.We note that a simple power normalization factorβ can also be used
here as β =

√
NR/Tr{PPH}. However, it simply sets a limit to the average transmit
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power over all possible transmit symbols, such that the instantaneous transmit power
may still be possible to reach a relatively high level, which requires the amplifiers
to have much wider dynamic range [13]. Thus, in consideration of practical deploy-
ment, we choose the power normalizationmatrix tomaintain constant transmit power
and relax the hardware restrictions. Finally, the last term WRt ∈ C

NR×NR in (3.86)
represents the i.i.d. AWGNs experienced at the RNs with its elements following
CN (0,σ2

R). The SNR of the first hop is defined as γSR = Ps/σ
2
R = 1/σ2

R.
We consider ZF pre-coding. The ZF pre-coding matrix is the pseudo-inverse of

the channel matrix HSR, which is equal to

PZF = HH
SR

(
HSRHH

SR

)−1
. (3.87)

Under the assumption of ZF pre-coding, the t-th received block at the RNs can be
given by

YRt = DSt + WRt , (3.88)

with its (i, j)-th element representing the received signal at the i-th RN at time slot
(2t−2)NR + j. In this way, the PDSM architecture is formed for the first hop.We note
that due to pre-coding, the transmit antennas at the SN are active simultaneously.
However, at the RNs, since D is a diagonal matrix, the pattern of the non-zero
elements in the collection of the received signals at the RNs is exactly in the form
of DSM transmit blocks. Consequently, if we ignore the influence of noise, only
one RN receives signal at each time slot and each RN receives signal once during
the transmission. In other words, the space bits are mapped to the received signal
patterns at the RNs.

Centralized Detection Algorithm

If the RNs are connected with a backhaul link, ML centralized detection (CD) algo-
rithm can be employed by jointly using the information from all RNs. Since the
channel is assumed to be quasi-static, recalling the relationship between transmit
blocks and information blocks, we notice that the t-th received block in (3.88) can
be represented by the (t − 1)-th received block as

YRt = YRt−1Xt − WRt−1Xt + WRt . (3.89)

Thus, we are able to apply differential detection to retrieve the t-th information block
according to

X̃t = argmin
∀Xt∈G

{∥∥YRt − YRt−1Xt

∥∥2}

= arg max
∀Xt∈G

Tr
{� {YH

Rt
YRt−1Xt

}}
. (3.90)

As can be seen from the above equation, the ML CD algorithm only requires the
knowledge of the present and previous received blocks and the power normalization
matrix D is no longer needed.
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Given that the initial transmit block S0 is known prior at the RNs, the correspond-
ing transmit block S̃t to be relayed to the DN can be calculated by

S̃t = S̃t−1X̃t, (3.91)

with its (i, j)-th entry denoting the signal to be transmitted from the i-th relay at time
slot (2t − 1)NR + j during the second hop. Since X̃t and S̃t are both drawn from
G, each RN is activated once, and only one RN is active at any time slot during the
second hop.

Distributed Detection Algorithms

In some cases, the backhaul link between RNs comes at a very high price, because
usually, the individual RNs in the virtual MIMO (VMIMO) scenarios are battery-
powered mobile terminals, the backhual links will cost the wireless spectrum and
battery resources, which are crucial to the communication quality and service time
of the terminals. Thus, the removal of backhaul links and the resultant distributed
detection (DD) protocol are much more practical. On the one hand, with the DD
protocol, the RNs can be released from the heavy battery resource demand and extend
the service duration. On the other hand, the saved spectrum can also be utilized to
boost the system capacity. Since the RNs detect their own signals without assistance
of each other, to illustrate the DD algorithms, we first write down the received signal
vectors at the i-th RN from (3.88) as

yRt ,i = dist,i + wRt ,i, (3.92)

where yRt ,i, st,i and wRt ,i represent the i-th row of YRt , St and WRt , respectively. In
consideration of the property that there exists only onenon-zero elements in every row
of St , we can rewrite st,i ∈ X as st,i = eici, where ei = [0, . . . , 1, . . . , 0] is a 1× NR

vector drawn from the i-th row of the identity matrix INR with i ∈ {1, . . . , NR}, ci ∈
{s1, . . . , sM} represents the symbol selected from the M-PSK signal constellation,
and X is the collection of all possible st,i. The simulation results will show that by
properly using the time domain properties of the received signal vector, the proposed
DD detectors could harvest the performance gain provided by the time-domain joint
detection.

In the following, we will introduce the optimal ML detector and the simplified
near-optimal one for the RNs respectively.

(a) Optimal ML Detector

From (3.92), the optimal ML detection at the j-th RN can be carried out according
to

s̃t,i = argmin
∀st,i∈X

∥∥yRt ,i − dist,i

∥∥2. (3.93)

We note that the above equation can be further simplified due to the fact that di is a
real value, whichmeans that the pre-codingmethod neutralizes the phase shift caused
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by the channels and the received signal is simply a copy of the original symbol with
an scaling factor of di. Using the fact that ci is an M-PSK symbol, the above equation
can be represented in a simpler form of

s̃t,i = argmax
∀st,i∈X

� {y∗
Rt ,ist,i

}
. (3.94)

Thus, incoherent ML detection can be done at the RNs without the knowledge of di.
Since only one non-zero elements exists in st,i, it can be easily obtained that the total
search complexity of the above ML detector is as low as O(MNR) per RN.

(b) Low-Complexity Near-Optimal Detector

To further reduce the computational expense at the RNs, we propose a two-stage
near-optimal DD algorithm, which takes the time interval with the largest received
power as the active one, and then conducts ML detection to obtain the the most
likely M-PSK symbol. The process of the proposed detector at the i-th RN can be
demonstrated as

j̃i = argmax
ji={1,...,NR}

∣∣yRt ,ie
T
ji

∣∣,
c̃i = argmax

∀ci∈{s1,...,sM }
�
{

yRt ,ie
T
j̃i

c∗
i

}
. (3.95)

It is clear from (3.95) that the search complexity of the sub-optimal detector is reduced
to M per RN, which is 1

/
NR of that of the ML detector.

Obviously, both DD algorithms can be done at each RN independently and ensure
that each RN detects only one active time slot. By concatenating the detected vectors
obtained by the DD algorithms, the t-th detected transmit block can be written as

S̃t =
[̃
c1eT

j̃1
, · · · , c̃NR eT

j̃NR

]T
, which will be forwarded to the DN with its elements

defined exactly the same as in (3.91). We note that because the RNs determine
the received symbols in a distributed form, corresponding vectors in the received
transmit blocks can be directly obtained by the detector. This is quite different from
the CD, which extracts the information block X̃t via differential demodulation and
calculates the corresponding transmit block S̃t afterwards according to the differential
modulation criterion.

Transmission and Detection of the Second Hop

After the detection in an either centralized or distributed form, the RNs obtain the
transmit block S̃t to be relayed to theDN. Then, during the time slots (2t−1)NR+1 ∼
2tNR, the RNs forward S̃t to the DN, resulting in the received block

YDt =HRDS̃t + WDt , (3.96)

where YDt ∈ C
ND×NR collects the received signals at the DN, HRD ∈ C

ND×NR repre-
sents the channelmatrix between theRNs and theDN,whose elements are assumed to
be i.i.d. RVs∼ CN (0, 1), and WDt ∈ C

ND×NR denotes the i.i.d. AWGNs experienced
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at the DN with its elements following CN (0,σ2
D). Similar to that of the first hop,

the SNR of the second hop is defined as γRD = Pr/σ
2
D = 1/σ2

D, where Pr is the
average transmit power at the RNs and is equal to 1 because the proposed CD and
DD algorithms ensure that each RN is activated precisely once during each transmit
block. Since the transmission of each block requires 2NR time instants, we have the
data rate of DH-HDSM measured in bps/Hz as k = (k1 + k2)

/
2NR.

Finally, the optimal differentialMLdetection canbe applied at theDNaccording to

X̂t = argmin
∀Xt∈G

∥∥YDt − YDt−1Xt

∥∥2. (3.97)

We note that for CD at the RNs, S̃t is a legal transmit block. The transmission of
the second hop is therefore identical to that of a DSM system. However, as mentioned
before, although both proposed DD algorithms ensure that each RN detects one non-
zero elements during the first hop transmission, the relayed block may be illegal
because it’s possible that at a single time slot, multiple RNs are activated, or all
RNs remain silent. Since the DN is unaware of the error detection at the RNs, the
detector may suffer from a performance penalty caused by the illegal transmit blocks.
Error-aware detection at the DN is believed to be able to mitigate the performance
loss, which, however, is at the cost of other system expenses. In order to achieve
low complexity, we decide to discard error correction at the DN and assume S̃t to be
always legal. As will be illustrated in the simulations, the performance loss caused
by the illegal transmit blocks is negligible at high SNR.

3.4.2 ABEP Upper Bound Analysis

The well-known union bounding technique is employed to evaluate the ABEP of the
proposed scheme. Our performance analysis focuses on ZF pre-coding.

Average Bit Error Probability for CD with Two RNs and BPSK

When CD is employed at the RNs, the two hops of DH-HDSM can be treated as
independent PDSM and DSM transmissions. Thus, the end-to-end ABEP can be
expressed in a similar form as in [4], which is given by

PSD (γSR, γRD) = PR (γSR) + PD (γRD) − PR (γSR) PD (γRD) , (3.98)

where PR (γSR) and PD (γRD) represent the ABEPs at the RNs (PDSM) and the DN
(DSM), respectively.

To arrive at a closed-form expression of the ABEP, we focus on the situation
where two RNs and BPSK are involved. We begin with the derivation of the APEP
of the first hop (PDSM).

Lemma 3 The ABEP upper bound of the first hop with 2 RNs, BPSK and CD is
given by
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PR (γSR) ≤1

3

[
2(1 − f (γSR))L

L−1∑
l=0

1

2L+l
C(L − 1 + l, l)

× (1 + f (γSR))l + (1 − ρ)−L

t2L
1

1F0

(
L; ; ρ

(1 − ρ)2t21

)

+4(1 − ρ)−L

t2L
2

1F0

(
L; ; ρ

(1 − ρ)2t22

)]
, (3.99)

where f (γRD) =
√

γRD
/
(2 + γRD), L = NS − NR + 1, t1 = γSR

/
2 + 1

/
(1 − ρ),

and t2 = γSR
/

4 +1
/
(1 − ρ) with ρ = E{(d2

1 − L)(d2
2) − L}/L being the Pearson

product-moment correlation coefficient.

Proof This proof is similar to that of Lemma2, and thus is omitted here for brevity.
�

The evaluation of the second hop (DSM) has been well discussed in Sect. 3.3.2,
which can be applied in our analysis as

Lemma 4 The ABEP upper bound of the second hop with 2 RNs, BPSK and CD is
given by

PD (γRD) �(1 − f (γRD))ND

ND−1∑
l=0

1

2ND−1+l
C(ND − 1 + l, l)(1 + f (γRD))l

+
2ND−1∑

l=0

C(2ND − 1 + l, l)

3 · 22ND−1+l

[
(1 − f (γRD))2ND(1 + f (γRD))l

+2(1 − f (γRD/2))2ND(1 + f (γRD/2))l] . (3.100)

Now, with (3.99) and (3.100), we can complete the derivation of (3.98).

Average Bit Error Probability for DD

We provide the ABEP analysis of the proposed scheme when the RNs apply the
DD algorithms for arbitrary NS, NR and ND and arbitrary constellation size. Since
the transmitted block S̃t might be an illegal transmit block, (3.98) does not hold any
more. Thus, we evaluate the end-to-end ABEP via

PSD(γSR, γRD) �
∑

Xt∈G,Xt=[\]

∑
X̂t∈G

N
(
Xt → X̂t

)
PSD

(
Xt → X̂t, γSR, γRD

)
M2
(
1 + 2log2(M)

) , (3.101)

where PSD
(
Xt → X̂t, γSR, γRD

)
is the end-to-end PEP when Xt is transmitted at the

SN and X̂t is erroneously detected at the DN, which can be represented in another
form by taking X̃t into account:
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PSD
(
Xt → X̂t, γSR, γRD

) =
∑
X̃t∈A

PSR
(
Xt → X̃t, γSR

)
PRD

(
X̃t → X̂t, γRD

)
, (3.102)

where X̃t ∈ A includes all the possible detected legal and illegal information blocks
at the RNs, PSR

(
Xt → X̃t, γSR

)
represents the PEP that Xt is transmitted at the SN

and X̃t is detected at the RNs, and PRD
(
X̃t → X̂t, γRD

)
denotes the PEP that X̃t is

transmitted at the RNs and X̂t is detected at the DN. We note that because the DD
algorithms directly retrieve the transmit block S̃t , the evaluation of X̃t is based on the
relationship of S̃t = S̃t−1X̃t , which requires both the present and previous detected
transmit blocks. However, when both S̃t and S̃t−1 are illegal, the analysis might fall
into severe trouble, because the derivation of X̃t from S̃t = S̃t−1X̃t may be a non-
solution problem. Nevertheless, we could assume that the detection of the former
transmitted transmit block S̃t−1 is error-free, which means S̃t−1 = St−1. Then, X̃t

can be easily calculated by X̃t = SH
t−1S̃t .

Bearing this in mind, in the following, we evaluate PRD
(
X̃t → X̂t, γRD

)
first,

which is suitable for both proposed DD algorithms at the RNs.

Lemma 5 The PEP of the second hop with DD at the RNs is given by

PRD
(
X̃t → X̂t, γRD|HRD, Xt, St−1

)

= Q

⎛
⎝
√

γRD

2

‖HRDSt−1C1‖2 − ‖HRDSt−1C2‖2√
‖HRDSt−1C‖2 + ∥∥HRDSt−1X̃tCH

∥∥2
⎞
⎠ , (3.103)

where C1 = X̃t − Xt , C2 = X̃t − X̂t and C = C2 − C1 = Xt − X̂t .

Proof From (3.97), we notice that the probability of the erroneous detection of X̂t

at the DN when Xt is transmitted at the SN, i.e., PRD
(
X̃t → X̂t, γRD

)
, is equal to

Pr(
∥∥YDt − YDt−1Xt

∥∥2 >

∥∥∥YDt − YDt−1X̂t

∥∥∥2), given that X̃t is detected at the RNs.

By substituting (3.96) into the above inequation and recalling the assumption of
S̃t−1 = St−1, the ignorance of the second order noise terms results in

PRD
(
X̃t → X̂t, γRD|HRD, Xt, St−1

)
= Pr

(∥∥HRDSt−1C1 + WDt − WDt−1Xt

∥∥2
>
∥∥HRDSt−1C2 + WDt − WDt−1X̂t

∥∥2)

= Pr

(
‖HRDSt−1C1‖2 − ‖HRDSt−1C2‖2

> 2�
{
Tr

{
(HRDSt−1C)HWDt +

HRDSt−1X̃tCHWH
Dt−1

+ CHWH
Dt−1

WDt

}})

≈ Pr
(‖HRDSt−1C1‖2 − ‖HRDSt−1C2‖2
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> 2� {Tr {(HRDSt−1C)HWDt+HRDSt−1X̃tCHWH
Dt−1

}})
. (3.104)

Taking note that

Tr
{
(HRDSt−1C)HWDt + HRDSt−1X̃tCHWH

Dt−1

}
∼ CN

(
0,
(
‖HRDSt−1C‖2 + ∥∥HRDSt−1X̃tCH

∥∥2)/γRD

)
, (3.105)

Equation (3.103) can be readily obtained. �

To arrive at a closed-form expression of (3.103),we have to average theQ-function
over all channel realizations. However, The term inside the Q-function is composed
of four correlated gamma RVs, which makes the evaluation a tough task. Thus, we
decide to calculate the PEP of the second hop in a numerical way.

The next step to obtain (3.102) is to evaluate PSR
(
Xt → X̃t, γSR

)
. In order to

simplify the analysis, we write it in another form as

PSR
(
Xt → X̃t, γSR

) = PSR
(
St → S̃t, γSR|St−1

)

=
NR∏
i=1

Edi

{
PSRi

(
st,i → s̃t,i, γSR|di, St−1

)}
, (3.106)

where PSRi

(
st,i → s̃t,i, γSR|di, St−1

)
represents the conditional probability when st,i

is transmitted to the i-th RN but s̃t,i is detected, given di and St−1 and the cor-
responding St and S̃t can be obtained from Xt and X̃t with respect to St−1. It is
obvious that there are three possible error events between st,i and s̃t,i, which can be
defined as: (i) E1 = {

eji → eji , ci → c̃i
} ; (ii) E2 =

{
eji → ẽji , ci → ci

} ; and (iii)
E3 =

{
eji → ẽji , ci → c̃i

}
, which represent the signal error, the time-interval error

and the joint signal and time-interval error, respectively.
Since two DD algorithms are proposed, in the following, we will complete the

derivation for optimal ML detection and near-optimal detection respectively.

Lemma 6 The conditional PEP of the first hop with optimal ML DD at the RNs is
given by

PSR
(
St → S̃t, γSR

)

=
NR∏
i=1

{(
1 − f ′ (γSR,ϑi)

)L L−1∑
l=0

C(L − 1 + l, l)

2L+l

(
1 + f ′ (γSR,ϑi)

)l}
, (3.107)

where f ′ (γSR,ϑi) =
√

ϑiγSR
/
(4 + ϑiγRD) and ϑi = ∥∥Δst,i

∥∥2 = ∥∥st,i − s̃t,i

∥∥2.

Proof The PEP at the i-th RN under the optimal ML detection (3.93) can be
expressed as
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PSRi

(
st,i → s̃t,i, γSR|di

) = Pr
(∥∥yRt ,i − dist,i

∥∥2−∥∥yRt ,i − dĩst,i

∥∥2>0|di, St−1

)
,

(3.108)

where

∥∥yRt ,i − dist,i

∥∥2 − ∥∥yRt ,i − dĩst,i

∥∥2
= −d2

i

(∣∣st,i

∣∣2 + ∣∣̃st,i

∣∣2 − st,ĩsH
t,i − sH

t,ĩst,i

)
− 2di�

{
wRt ,i

(
st,i − s̃t,i

)H}

= −d2
i ϑi − 2di�

{
wRt ,iΔst,i

H
}
. (3.109)

It’s obvious that (3.109) conditioned on the channel realization is a complex-valued

RV with mean −d2
i ϑi and variance 4d2

i ϑi

/
γSR. Therefore, (3.108) can be written in

terms of Q-function as

PSRi

(
st,i→̃st,i, γSR|di

) = Q

⎛
⎝
√

γSRd2
i ϑi

2

⎞
⎠ . (3.110)

Depending on the error events, ϑi in (3.110) takes the following values of:

ϑi =
{ |ci − c̃i|2, E1

2 , E2,E3
. (3.111)

Then, by virtue of [[4], Eqs. (9.5) and (9.6)], we have

PSRi

(
st,i → s̃t,i, γSR

)

= (1 − f ′ (γSR,ϑi)
)L L−1∑

l=0

1

2L+l
C(L − 1 + l, l)

(
1 + f ′ (γSR,ϑi)

)l
. (3.112)

By substituting (3.112) into (3.106), we can complete the proof of the PEP (3.107).
�

Finally, substituting (3.103) and (3.107) into (3.102), and averaging it over X̃t and
St−1, we can obtain the ABEP upper bound (3.101) when applying optimal ML DD
at the RNs.

Lemma 7 The conditional PEP of the first hop with near-optimal DD at the RNs is
given by

PSR
(
St → S̃t, γSR

) =
NR∏
i=1

{g (γSR,ϑi)}, (3.113)

with
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g (γSR,ϑi) =

⎧⎪⎨
⎪⎩
(
1 − f ′ (γSR,ϑi)

)L L−1∑
l=0

C(L−1+l,l)
2L+l

(
1 + f ′ (γSR,ϑi)

)l
,E1,

21−L(2+γSR)−L

M E2,E3

Proof Following the definition of the three error events, we can easily see from (3.95)
that the conditional PEP of E1 at the j-th RN is exactly the same as that in (3.112).

When E2 or E3 happens at the i-th RN, wrong time interval decision occurs with
the probability of

PSRi

(
eji → ej̃i

, γSR|di

)
= Pr

(∣∣yRt ,ie
T
ji

∣∣ < ∣∣∣yRt ,ie
T
j̃i

∣∣∣ |di

)

= Pr
(∣∣dici + wRt ,ie

T
ji

∣∣ < ∣∣∣wRt ,ie
T
j̃i

∣∣∣ |di

)
. (3.114)

It’s obvious that
∣∣∣dici + wRt ,ie

T
ji

∣∣∣ follows the Rice distribution of
f (x, γSR) = 2γSRx exp

(− (x2 + d2
i

)
γSR
)

I0
(
2djγSRx

)
, (3.115)

where I0 (·) represents the zero-order modified bessel function of the first kind [[5],

p. 911]. Meanwhile,
∣∣∣wRt ,ie

T
j̃i

∣∣∣ follows the Rayleigh distribution of

f (x, γSR) = 2γSRx exp
(−x2γSR

)
. (3.116)

Therefore, (3.114) can be straightforwardly calculated as

PSRi

(
eji → ẽji , γSR|di

) = 1

2
e− d2i γSR

2 . (3.117)

By averaging (3.117) over d2
i , we obtain

PSRi

(
eji → ẽji , γSR

) = 21−L(2 + γSR)−L. (3.118)

When the erroneous detection of the time interval happens, the symbol detection
depends randomly on the AWGN. Since both the M-PSK constellation and the
AWGN are circularly symmetric, the probabilities of E2 and E3 are both 1

/
M of

(3.118), i.e.,

PSRi

(
eji → ẽji , ci → ci, γSR

) = PSRi

(
eji → ẽji , ci → c̃i, γSR

)

= 21−L(2 + γSR)−L

M
. (3.119)

Finally, substituting (3.112) and (3.119) into (3.106) concludes the proof of
(3.113). �
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The ABEP upper bound (3.101) when applying near-optimal DD at the RNs can
be readily obtained by plugging (3.103) and (3.113) into (3.102), and then averaging
it over X̃t and St−1.

3.4.3 Performance Evaluation

Monte Carlo simulations are conducted to examine the performance of the proposed
DH-HDSM and verify the theoretical analysis.

For comparison, the dual-hop hybrid spatial modulation (DH-HSM) architecture
in [12] is introduced as a benchmark.Besides, since the proposed lowcomplexityDH-
HDSM architecture mainly benefits from differential modulation, classical VMIMO
architecture with DPSK modulation is also considered. Since each RN is active only
once during each transmit block, for fairness of the comparison, we consider the
single-RN-activation systems of (i) single relay systemand (ii) the best relay selection
system. In the differential VMIMOarchitectures, the same linear pre-codingmethods
are used at the SN, and the DN detects the received signal via the differential ML
detector.

In the single relay system, which will be referred to as dual-hop DPSK with 1
relay (DH-Dw1R), the SN conveys the DPSK symbol to the single RN. We note that
the detection method to obtain the constellation symbols in (3.95) can be applied
to achieve optimal performance and minimum complexity. Besides, when the same
symbol constellation size is utilized, the proposed detection method in DH-Dw1R
results in the same computational complexity as the near-optimal DD algorithm in
DH-HDSM. Recalling the fact that DD is applied once per transmit block in DH-
HDSM at every RN, while the single RN in DH-Dw1R detects the symbol every time
it receives a symbol, we notice that the overall complexity at the RNs in DH-HDSM
is the same as DH-Dw1R. In other words, the computation load is distributed to the
multipleRNs byDH-HDSM.Regarding theEE, since eachRN transmits a unit power
symbol every 2NR time slots in DH-HDSM, the overall transmit power consumption
at the RNs is also identical to that in DH-Dw1R. However, since additional space
bits can be carried by the patterns of the information blocks, we could draw the
conclusion that DH-HDSM achieves improved spectrum efficiency than DH-Dw1R.

In the following, the best relay selection system will be denoted as dual-hop
DPSK with best relay selection (DH-DwBRS). In DH-DwBRS, the SN will select
the RN with the most preferable RN-DN channel gain and send DPSK symbols via
pre-coding. The selected RN employs the same detection method as in DH-Dw1R
and transmits the detected symbol to the DN. We note that the comparison between
DH-HDSM and DH-DwBRS is unfair, because the selection of the best RN at the
SN requires the knowledge of the instantaneous RNs-DN link CSI, which means
feedback links have to be placed in both hops. However, we show that the proposed
DH-HDSM still has enhanced BER performance in the majority of the considered
system setups even with a simplified open-loop architecture. Also, apart form the
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feedback links to obtain the CSI between RNs and DN, the detection complexity of
DH-DwBRS at the RNs is the same as in DH-Dw1R.

For simplicity and without loss of generality, we assume the SNR during the first
hop and the second hop is the same, i.e., σ2

R = σ2
D = N0, and the overall SNR is

defined as γ = (Ps + Pr)
/
σ2 = 2γSR = 2γRD throughout the simulations.

Performance Comparison Between DH-HDSM and DH-HSM

Figures3.15 and 3.16 compare the BER performance of DH-HDSM and DH-HSM
with NS = 8, NR = 2 at the data rate of 1bps/Hz, where DH-HSM applies BPSK
constellation and DH-HDSM uses BPSK and QPSK for different non-zero elements
to achieve the same data rate. Both ZF and MMSE pre-coding are considered in the
simulations.

In Fig. 3.15, theCDalgorithm is considered at theRNs.As shown in the figure, due
to the application of differential modulation, an about 2dB BER performance loss of
the proposed DH-HDSM can be observed as compared with DH-HSM. Besides, for
a small number of receive antennas ND = {1, 2, 4}, MMSE and ZF pre-coding have
similar performance, because as can be seen from the performance analysis, the error
performance is dominated by the hop with lower diversity order, i.e., the second hop.
When ND = 16, MMSE achieves an about 0.5dB gain from the minimized mean
square error (MSE).

Next, Fig. 3.16 considers the scenario where DD is performed at the RNs. For
simplicity, we take the near-optimal algorithm as the representative for DH-HDSM.
Besides, simulation curves of CD algorithm with ZF pre-coding are also plotted
for reference to reveal the performance penalty introduced by DD. As shown in
the figure, for ND = 16, DH-HDSM outperforms DH-HSM for about 2dB when
DD is applied at the RNs. Also, the performance difference between the CD and
DD algorithms is indistinguishable for DH-HDSM except for ND = 16 in very low
SNRs. However, for DH-HSM, as ND increases to 4, although the curves merge at

Fig. 3.15 BER performance
of DH-HDSM and DH-HSM
with the system setup of
NS = 8, NR = 2 and
ND = {1, 2, 4, 16} at a data
rate of k = 1bps/Hz when
CD is applied at the RNs
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Fig. 3.16 BER performance
of DH-HDSM and DH-HSM
with the system setup of
NS = 8, NR = 2 and
ND = {1, 2, 4, 16} at a data
rate of k = 1bps/Hz when
DD is applied at the RNs
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high SNR, the performance gap between CD and DD at the BER of 1 × 10−2 is up
to 1dB. When ND goes up to 16, the performance difference increases to about 4dB.
This is because when the receive antenna number is small, the error occurs mainly
in the second hop. Thus, different detection strategies at the RNs affect little of the
performance. However, as the receive antenna number increases, due to the improved
diversity order, the detection of the second hop becomes nearly error-free even at
very low SNR. Thus, the performance is mainly dominated by the error detection at
the RNs. Since the DD algorithm in DH-HDSM exploits the time domain properties
of the transmit blocks and performs joint detection, the performance loss compared
with optimal ML CD algorithm is negligible. However, the DD of the DH-HSM
detects the symbol one by one, which will easily cause the multiple relay activation
in the second hop, and result in the hug performance gap with CD. In conclusion,
the performance gain of DH-HDSM in comparison with DH-HSM comes from the
moderate performance penalty as compared with CD.

Moreover, in Fig. 3.16, the comparison betweenMMSEandZFpre-coding reveals
that while maintaining similar performance to ZF in DH-HDSM,MMSE pre-coding
suffers an about 0.5dB loss of SNR in DH-HSM when ND = 16. This is because
MMSE pre-coding introduces interference among RNs, while CD conducts joint
detection and can benefit from the minimized symbol MSE, the performance of the
DD algorithm suffers from the introduced interference because the detection is done
at the RNs independently. For DH-HDSM, since the interference remains constant
at a specific RN for a given SNR, according to (3.94) and (3.95), it doesn’t affect
the detection of time intervals as compared with ZF pre-coding, which results in,
as shown in Fig. 3.16, negligible performance loss. However, the interference will
affect the detection of activation states in DH-HSM and cause larger probability
of multiple active RNs during the second hop. At a large ND, since the detection
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Fig. 3.17 BER performance
of DH-HDSM and other
differential VMIMO
architectures of DH-Dw1R
and DH=DwBRS with the
system setup of
NS = 8, NR = 2 and
ND = {1, 2, 4, 16} at a data
rate of k = 1bps/Hz
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at the RNs becomes the bottleneck of the system, the performance degradation is
noticeable.

Performance Comparison Between DH-HDSM and Other Differential VMIMO
Architectures

In Fig. 3.17, we evaluate the performance of DH-HDSM with the differential
VMIMO architectures of DH-Dw1R and DH-DwBRS. Near-optimal DD is consid-
ered for DH-HDSM to achieve minimum complexity. As shown in the figure, when
ND = 1, DH-Dw1R slightly outperforms DH-HDSM. As ND increases to more than
2, DH-HDSM demonstrates an about 0.5dB performance gain against DH-Dw1R
in the high SNR region. This can be explained by the resolution of the space bits at
the DN. To be more specific, when ND is small, the detection of the space bits, i.e.,
the RN activation sequence, is highly dependent on the instantaneous channel gains
between each RN and the DN antennas. Thus, error detection may easily occur when
the channels are poor. When that happens, the detection of the constellation bits is
randomly decided by the noise and results in performance degradation. When ND is
large, due to the increased diversity order, the resolution of the space bits increases,
and the error detection is mainly within the constellation bits. Thanks to the addi-
tional space bits, DH-HDSM can use a smaller symbol constellation as compared
with DH-Dw1R to reach the target data rate, and thus can offer better performance.
As for DH-DwBRS, although the comparison is unfair, we notice that when ND is
large, DH-HDSM offers better performance in the considered SNR region. However,
due to the higher diversity order provided by relay selection, DH-DwBRS will offer
better performance at higher SNR.We note that the performance gain of DH-HDSM
against DH-Dw1R and DH-DwBRS is mainly provided by the multiplexing gain
from the increased space bits. In the considered scenario, since only 2 RNs help to
form the DH-HDSM architecture, the data rate provided by the space bits is only
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0.25bps/Hz. Thus, the reduction of the symbol constellation size is insignificant,
which accounts for the inappreciable performance difference. When more RNs are
involved, the performance gain can be more significant.

3.5 Summary

In this chapter, we designed a new space-time domain index modulation scheme,
called DSM. To explore its insights, we further provided the design guidelines for
DSM, which mainly consider the low-complexity detector and application of Gray
coding in antenna activation orders. We also proposed the receive DSM that maps
the information into the receive antennas. Finally, we applied DSM and PDSM to
cooperative communication scenarios, where a DH-HDSM architecture is designed.
In the DH-HDSMarchitecture, we further proposed two different detection protocols
CD and DD at the RNs, both of which achieve reduced complexity at the RNs and
DN. The performance analyses of the above schemes were well investigated.
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Chapter 4
Frequency Domain Index Modulation

Chapters2 and 3 discuss how index modulation operates in the space and space-
time domains, respectively. In this chapter, we focus on the implementation of index
modulation in the frequency domain. First, the orthogonal frequency division mul-
tiplexing with index modulation (OFDM-IM), which is a representative of this sort,
is introduced. Then, design guidelines for improving the diversity gain, coding gain,
and spectral efficiency of OFDM-IM systems are provided. Finally, we present the
idea of integrating intercarrier interference (ICI) self-cancellation techniques into
the OFDM-IM framework to combat the severe ICI in the Vehicle to X (V2X) com-
munications.

4.1 OFDM with Index Modulation

In this section, we introduce OFDM-IM, which conveys additional information
through the indices of OFDM active subcarriers. The achievable rate of OFDM-IM
is also analyzed.

4.1.1 Transceiver Structure

Suppose that the system bandwidth is BT , which is occupied by a total of N OFDM
subcarriers, i.e., subcarrier spacing is BS = BT /N . In OFDM-IM, the N subcarriers
are split into G = N/L groups, each of which consists of L subcarriers. For group
g, the subcarrier indices are given by

Ψ g = {βg
1 , . . . ,β

g
L

}
(4.1)

where β
g
l ∈ {1, . . . , N }with g = 1, . . . , G and l = 1, . . . , L . Note thatΨ g1 ∩Ψ g2 =

∅ and Ψ 1 ∪ · · · ∪ Ψ G = {1, . . . , N }, where g1, g2 ∈ {1, . . . , G} and g1 �= g2.
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Fig. 4.1 Baseband transmitter structure of OFDM-IM with arbitrary grouping

It is assumed that both the transmitter and receiver have agreed on the subcarrier
grouping in (4.1). The reason why subcarrier grouping is employed in OFDM-IM
will be clarified in the sequel.

Figure4.1 depicts the OFDM-IM baseband transmitter structure. The source bits
are equally split into G blocks, each of which consists of two parts. The bits associ-
ated with bit block g determine the states of all subcarriers and modulate the symbols
carried on the active subcarriers within subcarrier group g. Specifically, m out of L
subcarriers within the subcarrier group are set to be inactive according to the bits of
the first part and the remaining L − m subcarriers are activated to transmit (L − m)

M-ary PSK/QAMmodulated symbols according to the bits of the second part. Note
that given L and m, there are in total C (L , m) combinations of active/inactive sub-
carrier indices (or say subcarrier activation patterns); however, to transmit integer
number of bits only 2�log2(C(L ,m))� ones are utilized though this is not limited in this
Section. Take L = 4 and m = 2 for example. All C (4, 2) = 6 combinations for
subcarrier group g are listed as follows:

Ω
g
1 = {βg

1 ,β
g
2

} (
Ω̄

g
1 = {βg

3 ,β
g
4

})
, Ω

g
2 = {βg

1 ,β
g
3

} (
Ω̄

g
2 = {βg

2 ,β
g
4

})
,

Ω
g
3 = {βg

1 ,β
g
4

} (
Ω̄

g
3 = {βg

2 ,β
g
3

})
, Ω

g
4 = {βg

2 ,β
g
3

} (
Ω̄

g
4 = {βg

1 ,β
g
4

})
,

Ω
g
5 = {βg

2 ,β
g
4

} (
Ω̄

g
5 = {βg

1 ,β
g
3

})
, Ω

g
6 = {βg

3 ,β
g
4

} (
Ω̄

g
6 = {βg

1 ,β
g
2

})
,

where Ω
g
j represents the j-th combination of the active subcarrier indices for sub-

carrier group g and Ω̄
g
j is the complement of Ω

g
j with respect to the set Ψ g , which

therefore denotes the j-th combinationof the inactive subcarrier indices for subcarrier
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group g. The way to select one out of C (L , m) combinations of active/insubcarrier
indices according to random bits will be discussed in Sect. 4.2.2. Assume that the
output of the index selector for active subcarriers is

xg
c ∈

{
Ω

g
1 , . . . ,Ω

g
C(L ,m)

}
. (4.2)

At this point, it is clear that subcarrier grouping is necessary for OFDM-IM since
without it we have L = N and C (N , m) can take very large values, which makes the
implementation complexity of OFDM-IM high. On the other hand, assume that the
vector of the modulated symbols at the output of the M-ary modulator is given by

xg
s ∈ X L−m . (4.3)

Denote the total transmit power of the system as PT . By taking into account xg
c and

xg
s for all g and concatenating G subcarrier groups, the frequency-domain OFDM
symbol is created as

x = [x1, . . . , xN ]
T , (4.4)

where xi ∈ {0,√PG/ (L − m)x1
s , . . . ,

√
PG/ (L − m)xG

s } with PG = PT /G repre-
senting the total transmit power within each subcarrier group and i = 1, . . . , N . Note
that as the transmitter has no knowledge of theCSI, it is wise to allocate active subcar-
riers with equal power. Also note that the power allocated to each active subcarrier
is PG/ (L − m) for OFDM-IM rather than PG/L for classical OFDM in order to
balance the total transmit power. Alternatively, it is feasible to constrain the transmit
power of each active subcarrier to be the same as that of classical OFDM. However,
though the latter policy has the merit of lower peak to average power ratio (PAPR),
it is unfavorable for OFDM-IM in the maximization of information transmission
capability. Before transmission, the inverse fast Fourier transform (IFFT) is applied
to (4.4), yielding

x̆k = 1√
N

N∑
i=1

xi e
2
√−1π(i−1)(k−1)

N , k = 1, . . . , N , (4.5)

and a length-Q cyclic prefix (CP) of samples
[
x̆N−Q+1, . . . , x̆N

]T
is appended to the

beginning of the time-domain main OFDM symbol x̆ = [x̆1, . . . , x̆N
]T
.

Consider a slowly time-varying multipath Rayleigh fading channel with channel
impulse response

h̆ =
[
h̆1, . . . , h̆D

]T
, (4.6)
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where D is the number of channel taps, and h̆d (d = 1, . . . , D) is circularly symmetric
complex Gaussian distributed with Eh̆d

[|h̆d |2] = δ2d , and Eh̆[h̆H h̆] = ∑D
d=1 δ2d = 1.

Suppose that the CP length Q is no smaller than D − 1. After the removal of the CP
of the received signal and the application of the FFT, the frequency-domain received
signal on the i-th subcarrier is given by

yi = hi xi + wi , i = 1, . . . , N , (4.7)

where hi =∑D
d=1 h̆de−2

√−1π(i−1)(d−1)/N is the channel coefficient and wi is AWGN
of power σ2 at the i-th subcarrier, whose vector representations are given as h and
w, respectively. Note that Eh

[
hH h

] = N and σ2 = N0BS , where N0 is the power
spectral density of the AWGN. The task of the OFDM-IM receiver is to jointly detect
the active/inactive subcarrier indices and the modulated symbols for each subcarrier
group from (4.7). Assume that the channel estimates, which can be obtained by
transmitting pilots prior to data transmission, are perfect. For subcarrier group g,
ML detection can be carried out via

(
x̂g

c , x̂g
s

) = argmin
xg

c ,x
g
s

∑
i∈Ψ g

|yi − hi xi |2

= argmin
xg

c ,x
g
s

‖yg − diag {hg} xg‖2, (4.8)

where yg , hg , and xg are vectors with elements being the frequency-domain received
signals, channel coefficients, and frequency-domain transmitted symbols for subcar-
rier group g, respectively.

Note that from the principle of OFDM-IM described above, one can discover
that the index modulation always works efficiently even if all subcarriers are faded
completely correlatively, i.e., h1 = · · · = hN , thanks to the IFFT at the transmitter
and the FFT at the receiver. This is quite different from the SM technique, which
fails when the channels between different transmit antennas are highly correlated.

Since (4.8) has to search through C (L , m) combinations from (4.2) and X L−m

from (4.3), the computational complexity grows exponentially with C (L , m) and
L − m according to O (C (L , m) M L−m

)
. In the sequel, we introduce two low-

complexity OFDM-IM detectors, namely log-likelihood ratio (LLR) detector and
two-stepML detector, respectively, which lead to similar performance to the optimal
ML detector but with much lower computational complexity.

LLR Detector

The LLR detector operates by first calculating the LLR values associated with all
subcarriers from

L L Ri = log
Pr (Ai |yi )

Pr
(
Āi |yi

) = log
Pr (Ai )

Pr
(
Āi
) + log

f (yi |Ai )

f
(
yi |Āi

) (4.9)

with i = 1, . . . , N , where Ai represents the event that the i-th subcarrier is active
while Āi means just the opposite, and
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log
f (yi |Ai )

f
(
yi |Āi

) = |yi |2
N0

+ log
1

M

∑
s̃∈X

|yi − hi s̃|2
N0

. (4.10)

Then, it sorts all LLR values associated with a subcarrier group in descending order
and picks out the first L − m ones, whose corresponding subcarriers are simply
regarded tobe active. Finally, the symbols carriedon thedetermined active subcarriers
are demodulated independently.

It is clear from (4.9) that the computational complexity of the LLR detector is
aboutO (M) per subcarrier, which is the same as that of the classical OFDMdetector.

Two-Step ML Detector

Inspiring by the fact that the transmitted modulated symbols are mutually indepen-
dent, we propose to decompose the ML detector in (4.8) into two steps to reduce the
computational complexity. In the first step, we demodulate the received signals at all
subcarriers within subcarrier group g as follows:

ŝi = argmin
s∈X

∣∣∣∣∣yi − hi

√
PG

L − m
s

∣∣∣∣∣
2

, i ∈ Ψ g. (4.11)

Note that the outputs of (4.11) for each subcarrier group are L symbol estimates, but
only L − m ones are necessary. In the second step, we first calculate the following
ML values:

ηi = 2�
{

y∗
i hi

√
PG

L − m
ŝi

}
− PG

∣∣hi ŝi

∣∣2
L − m

, i ∈ Ψ g. (4.12)

Then, we decide on one hand on the L − m active indices that have maximum
ML values in (4.12), obtaining x̂g

c , and on the other hand on the L − m symbol
estimates in (4.11) with indices x̂g

c , obtaining x̂g
s . It is clear from (4.11) and (4.12)

that the computational complexity of the two-step ML detector is also aboutO (M).
However, unlike the LLR detector, the two-step ML detector dispenses with the
knowledge of the noise power at the receiver. Finally, the receiver de-maps

(
x̂g

c , x̂g
s
)

to the corresponding information bits in reverse operations to the index mapper and
M-ary modulation for subcarrier group g, and collects all information bits from G
subcarrier groups to complete reception of an OFDM symbol.

4.1.2 Achievable Rate Analysis

In this subsection, we investigate the (ergodic) achievable rate of OFDM-IM assum-
ing CSI at the receiver (CSIR). For fair comparison between OFDM-IM and classical
OFDM, we resort to a unified definition of SNR as γ = PT /N0BT = PG/Lσ2. The
achievable rate of OFDM-IM is defined as [1]
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ROFDM−IM (γ) = 1

BT

(
BS Eh

[
I (x; y|h)

])

= 1

N
Eh
[
I (x; y|h)

]
, (4.13)

where I (·, ·) denotes the mutual information. Note that (4.13) is exactly the spectral
efficiency of OFDM-IM, measured in bps/Hz [2]. For simplicity, we restrict our
analysis to the OFDM-IM system with regular subcarrier grouping, which implies
that the frequency correlation is the same for all subcarrier groups, though it can be
easily extended to arbitrary subcarrier grouping. An example for regular subcarrier
grouping is the existing localizedgrouping, since under thismethod the (a, b)-th entry
of the covariance matrix of hg , defined as � = Ehg [hg(hg)H ], equals [�LG]a,b =∑D

d=1 δ2de−2
√−1π(a−b)(d−1)/N with a, b = 1, . . . , L , which does not depend on g.

Now, under the assumption of regular subcarrier grouping and based on the fact
that the encoding and decoding processes associated with each subcarrier group are
identical and statistically independent, (4.13) can be simplified as

ROFDM−IM (γ) = 1

N

G∑
g′=1

Ehg′
[
I
(

xg′ ; yg′ |hg′)]

= 1

L
Ehg

[
I
(
xg

s , xg
c ; yg|hg

)]
, ∀g ∈ {1, . . . , G}. (4.14)

According to (4.14), in the sequel we will only focus on one subcarrier group for
achievable rate analysis. For brevity,weomit the superscript g for all variables defined
above. In addition, we let βl = l for notational simplicity such that all subcarriers
within the subcarrier groupwill be indexed from {1, . . . , L}. Note that with the above
notation, we will refer to the i-th subcarrier simply as the βi -th subcarrier of OFDM
signals.

Finite Constellation Input

Let us consider xs to be a finite signal set, i.e., M is finite. However, for practical
interests, we restrict the signal set to be a discrete constellation, such as M-ary PSK
or QAM, where the constellation points are equiprobable.

Proposition 1 The achievable rate of OFDM-IM is given by

ROFDM−IM (γ) = L − m

L
log2 (M) + log2 (C (L , m))

L
− (log2 (e) − 1

)− λ (γ) ,

(4.15)

with

λ (γ) = Mm−L

LC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

Ev,h

⎡
⎣log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

L∏
i=1

ξ (vi , hi , γ)

⎞
⎠
⎤
⎦,

(4.16)
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where

ξ (vi , hi , γ) =

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

2e
−
∣∣∣∣∣vi +hi

√
γL

L−m

(
sp

Ω
−1
j (i)

−sp′
Ω

−1
j ′ (i)

)∣∣∣∣∣
2

, i ∈ Ω j ∩ Ω j ′

2e
−
∣∣∣∣∣vi +hi

√
γL

L−m sp
Ω

−1
j (i)

∣∣∣∣∣
2

, i ∈ Ω j ∩ Ω̄ j ′

2e
−
∣∣∣∣∣vi −hi

√
γL

L−m sp′
Ω

−1
j ′ (i)

∣∣∣∣∣
2

, i ∈ Ω̄ j ∩ Ω j ′

2e−|vi |2 , i ∈ Ω̄ j ∩ Ω j ′

, (4.17)

and v = [v1, . . . , vL ]T is a complex Gaussian random vector with zero mean and
covariance matrix IL .

Proof From (4.14), the achievable rate of OFDM-IM is given by

ROFDM−IM (γ) = 1

L

[
H (xs, xc) − Eh

[
H (xs, xc|y, h)

]]
(4.18a)

= L − m

L
log2 (M) + log2 (C (L , m))

L

− 1

L
Eh
[
H (xs, xc|y, h)

]
, (4.18b)

where H(·) denotes the entropy, (4.18a) is derived according to the definition of
mutual information [3], and (4.18b) holds due to the independence between symbol
modulation and subcarrier activation. Towards computing (4.14), we turn to calculate
Eh[H (xs, xc|y, h)] in favor of (4.18b). First, let us express H (xs, xc|y, h) according
to its definition [3] as

H (xs, xc|y, h) = −
C(L ,m)∑

j=1

∑
p(L−m)

∫
y
Pr
(
xc = Ω j , xs = s

)
f
(
y|xc = Ω j , xs = s, h

)

× log2

(
Pr
(
xc = Ω j , xs = s

)
f
(
y|xc = Ω j , xs = s, h

)
f (y|h)

)
dy,

(4.19)

where s = [sp1 , . . . , spL−m ]T ∈ X L−m , Pr
(
xc = Ω j , xs = s

) = Mm−L/C (L , m),

f
(
y|xc = Ω j , xs = s, h

) = 1(
πσ2

)L

m∏
i=1

e−
∣∣∣∣yΩ̄ j (i)

∣∣∣∣
2

σ2

L−m∏
i=1

e−
∣∣∣∣yΩ j (i)

−hΩ j (i)

√
PG

L−m spi

∣∣∣∣
2

σ2 ,

(4.20)

and
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f (y|h) = 1

C (L , m) M L−m
(
πσ2

)L

C(L ,m)∑
j ′=1

∑
p′(L−m)

×
L−m∏
i ′=1

e−

∣∣∣∣∣yΩ j ′ (i ′)−h
Ω j ′ (i ′)

√
PG

L−m sp′
i ′

∣∣∣∣∣
2

σ2

m∏
i ′=1

e−

∣∣∣∣∣yΩ̄ j ′ (i ′)

∣∣∣∣∣
2

σ2 . (4.21)

Then, changing the integral variables in (4.19) by

vi =
{

(yi − hi xi ) /σ, i ∈ Ω j

yi/σ, i ∈ Ω̄ j
, (4.22)

(4.19) can be reformulated as

H (xs, xc|y, h) = − L log2 (π) + 1

M L−mC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

×
∫

v
f (v) log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

L∏
i=1

ξ (vi , hi , γ)

2

⎞
⎠ dv

+ 1

M L−mC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

∫
v

f (v) log2

(
1

f (v)

)
dv, (4.23)

where v = [v1, . . . , vL ]T and f (v) = π−Le−‖v‖2 from (4.22). Since extracting the
coefficient 1/2 from the first term at the right hand side of (4.23) yields −L and the
integral in the second term gives the differential entropy of v, h (v) = L log2 (πe),
we have

1

L
Eh
[
H (xs, xc|y, h)

] = log2 (e) − 1 + λ (γ) . (4.24)

Finally, substituting (4.24) into (4.18b) completes the proof. ��
For the case that OFDM-IM has full subcarrier-correlations, i.e., h1 = · · · = hL ,

the expectation over h in (4.15) is simplified to an expectation over a single random
variable. However, it should be noted that the resulting achievable rate is larger than
log2(M)(L−m)/L at high SNR,whichwill be validated in the followingCorollary 1.

Corollary 1 When SNR approaches 0 and +∞, the achievable rates of OFDM-IM
tend to

lim
γ→0

ROFDM−IM (γ) = 0, (4.25)

and
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lim
γ→+∞ ROFDM−IM (γ) = L − m

L
log2 (M) + log2 (C (L , m))

L
, (4.26)

respectively.

Proof First, consider γ → 0. In this case, we have lim
γ→0

ξ (vi , hi , γ) = 2e−|vi |2 from

(4.17) and

lim
γ→0

λ (γ) = 1

L M L−mC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

× Ev

[
log2

(
2Le−‖v‖2C (L , m) M L−m

)]

= L − m

L
log2 (M) + log2 (C (L , m))

L
− (log2 (e) − 1

)
, (4.27)

from (4.16). Then, substituting (4.27) into (4.15) yields (4.25). Second, consider
γ → +∞. Let μ

(
j, j ′, p, p′) = ∣∣ j − j ′∣∣+ ∥∥p − p′∥∥, where p = [p1, . . . , pL−m]T

and p′ = [p′
1, . . . , p′

L−m]T . Then, (4.16) can be rewritten as

λ (γ) = 1

L M L−mC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

× Ev,h

⎡
⎢⎢⎢⎢⎢⎣
log2

⎛
⎜⎜⎜⎜⎜⎝
2Le−‖v‖2 +

C(L ,m)∑
j ′=1

∑
p′(L−m)︸ ︷︷ ︸

μ( j, j ′,p,p′) �=0

L∏
i=1

ξ (vi , hi , γ)

⎞
⎟⎟⎟⎟⎟⎠

⎤
⎥⎥⎥⎥⎥⎦

. (4.28)

Since for μ
(

j, j ′, p, p′) �= 0 we always have at least an element, i , which belongs
to
(
Ω j ∩ Ω j ′

) ∪ (Ω j ∩ Ω̄ j ′
) ∪ (Ω̄ j ∩ Ω j ′

)
, satisfying lim

γ→+∞ ξ (vi , hi , γ) = 0 from

(4.17), the second term inside the logarithmic function in (4.28) approaches zero
for γ → +∞. Therefore, it follows that lim

γ→+∞ λ (γ) = 1 − log2 (e), which, when

substituted into (4.15), makes (4.26) valid. ��
Corollary 1 is intuitive. When SNR is very small, the transmitted information is

seriously contaminated bynoise and thus no rate can be guaranteed by the channel.On
the contrary, when SNR is very large, all transmitted information can be transferred
through the channelwith an arbitrarily lowprobability of error and thus the achievable
rate is limited to the entropy at the channel input.

To the best of our knowledge, no closed-form result exists for (4.15). Conse-
quently, we have to calculate it based on the Monte Carlo method, which, however,
need not guarantee accuracy. To circumvent the above problems, we derive a closed-
form lower bound in the sequel.
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Proposition 2 The achievable rate of OFDM-IM is lower bounded by

RL
OFDM−IM (γ)

�= L − m

L
log2 (M)+ log2 (C (L , m))

L
− log2 (e) + 1− 1

LC (L , m)

× 1

M L−m

C(L ,m)∑
j=1

∑
p(L−m)

log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

1∣∣IL + �� j, j ′
∣∣
⎞
⎠, (4.29)

where � j, j ′ is an L × L diagonal matrix whose i-th diagonal element is given by

[
� j, j ′

]
i,i =

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

γL
L−m

∣∣∣∣∣sp
Ω

−1
j (i)

−sp′
Ω

−1
j ′ (i)

∣∣∣∣∣
2

2 , i ∈ Ω j ∩ Ω j ′

γL
L−m

∣∣∣∣∣sp
Ω

−1
j (i)

∣∣∣∣∣
2

2 , i ∈ Ω j ∩ Ω̄ j ′

γL
L−m

∣∣∣∣∣sp′
Ω

−1
j ′ (i)

∣∣∣∣∣
2

2 , i ∈ Ω̄ j ∩ Ω j ′

0, i ∈ Ω̄ j ∩ Ω̄ j ′

, (4.30)

with i = 1, . . . , L.

Proof The proof is somewhat similar to that in [4, Appendix B]. Thus, we only pro-
vide some intermediate steps toward the result. Since log2 (·) is a concave function,
applying Jensen’s inequality to (4.16) gives

λ (γ) ≤ 1

L M L−mC (L , m)

C(L ,m)∑
j=1

∑
p(L−m)

× log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

Eh

[
L∏

i=1

Evi [ξ (vi , hi , γ)]

]⎞
⎠, (4.31)

where we have resorted to the property that v is independent of h. Thanks to the
integral result in [5, Eq. (3.323.2)], the inner expectation in (4.31) can be solved as

Evi [ξ (vi , hi , γ)] =

⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

e− γL
L−m

|hi |2
∣∣∣∣∣∣∣
sp

Ω
−1
j (i)

−sp′
Ω

−1
j ′ (i)

∣∣∣∣∣∣∣

2

2 , i ∈ Ω j ∩ Ω j ′

e− γL
L−m

|hi |2
∣∣∣∣∣∣sp

Ω
−1
j (i)

∣∣∣∣∣∣
2

2 , i ∈ Ω j ∩ Ω̄ j ′

e− γL
L−m

|hi |2
∣∣∣∣∣∣∣
sp′

Ω
−1
j ′ (i)

∣∣∣∣∣∣∣

2

2 , i ∈ Ω̄ j ∩ Ω j ′

1, i ∈ Ω̄ j ∩ Ω̄ j ′

. (4.32)
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Then, introducing the matrix� j, j ′ , we can express
∏L

i=1 Evi [ξ (vi , hi , γ)] according
to (4.32) as e−hH � j, j ′ h. Finally, the expectation over h in (4.31) can be solved in closed
form as

Eh

[
L∏

i=1

Evi [ξ (vi , hi , γ)]

]
= 1

πL |�|
∫

h
e−hH(�−1+� j, j ′)hdh

= ∣∣IL + �� j, j ′
∣∣−1

, (4.33)

which, when substituted into (4.31) and then into (4.15), proves (4.29). ��
Corollary 2 When all subcarriers within a subcarrier group are faded completely
correlatively, the proposed lower bound becomes

RL
OFDM−IM−FC (γ)

�= L − m

L
log2 (M) + log2 (C (L , m))

L
− (log2 (e) − 1

)

− 1

LC (L , m)M L−m

C(L ,m)∑
j=1

∑
p(L−m)

× log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

1

1 + Tr
{
� j, j ′

}
⎞
⎠ . (4.34)

Proof In the case of h1 = · · · = hL , � becomes an all-ones matrix and∣∣IL + �� j, j ′
∣∣ = 1 + Tr

{
� j, j ′

}
, which, when substituted into (4.29),

proves (4.34). ��
Corollary 3 When SNR approaches 0 and +∞, the proposed lower bounds tend to

lim
γ→0

RL
OFDM−IM (γ) = − log2 (e) + 1, (4.35)

and

lim
γ→+∞ RL

OFDM−IM (γ) = L − m

L
log2 (M) + log2 (C (L , m))

L
− (log2 (e) − 1

)
,

(4.36)

respectively.

Proof For γ → 0, we have � j, j ′ → 0L . Therefore, (4.35) holds from (4.29). On the
other hand, for γ → +∞, we have
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lim
γ→+∞

C(L ,m)∑
j ′=1

∑
p′(L−m)

1∣∣IL + �� j, j ′
∣∣

= 1 + lim
γ→+∞

C(L ,m)∑
j ′=1

∑
p′(L−m)︸ ︷︷ ︸

μ( j, j ′,p,p′)�=0

1∣∣IL + �� j, j ′
∣∣ = 1. (4.37)

Therefore, (4.36) holds from (4.29). ��
FromCorollarys 1 and3, a constant gap, i.e.,− log2 (e)+1, between ROFDM−IM (γ)

and RL
OFDM−IM (γ) will be expected in both low and high SNR regions. However,

this does not apply to the remaining SNR region. Despite this, RL
OFDM−IM (γ) tracks

very well the trend of ROFDM−IM (γ) with the increase of SNR and can be used to
estimate some parameters of practical interest with satisfactory accuracy.

From (4.29), it is clear that the achievable rate of OFDM-IM not only depends
on the channel correlation, which is controlled by �, but also on the modulation
type, which determines � j, j ′ . An example for the former issue has been presented
in Corollary 2. In the following, both issues will be discussed in more detail.

When only subcarrier activation is applied in OFDM-IM, which is called OFDM
with subcarrier shift keying (OFDM-SSK), the resulting achievable rate can be
expressed as

ROFDM−SSK (γ) = log2 (C (L , m))

L
− (log2 (e) − 1

)− 1

LC (L , m)

C(L ,m)∑
j=1

× Ev,h

⎡
⎣log2

⎛
⎝C(L ,m)∑

j ′=1

∏
i∈(Ω j ∩Ω j ′)∪(Ω̄ j ∩Ω̄ j ′)

2e−|vi |2

×
∏

i∈Ω j ∩Ω̄ j ′

2e
−
∣∣∣vi +hi

√
γL

L−m

∣∣∣2 ∏
i∈Ω̄ j ∩Ω j ′

2e
−
∣∣∣vi −hi

√
γL

L−m

∣∣∣2
⎞
⎠
⎤
⎦ , (4.38)

which follows from (4.15) by setting M = 1. Also, a closed-form lower bound exists
by letting M = 1 in (4.29):

RL
OFDM−SSK (γ) = log2 (C (L , m))

L
− (log2 (e) − 1

)− 1

LC (L , m)

×
C(L ,m)∑

j=1

log2

⎛
⎝C(L ,m)∑

j ′=1

1∣∣IL + �� j, j ′
∣∣
⎞
⎠, (4.39)

where � j, j ′ is an L × L diagonal matrix whose i-th diagonal element is
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[
� j, j ′

]
i,i =

{
0, i ∈ (Ω j ∩ Ω j ′

) ∪ (Ω̄ j ∩ Ω̄ j ′
)

γL
2(L−m)

, i ∈ (Ω̄ j ∩ Ω j ′
) ∪ (Ω j ∩ Ω̄ j ′

) , (4.40)

with i = 1, . . . , L .
Recalling that on-off keying (OOK) transmits information by the intensity of the

signal [6], we can readily determine that the OFDM-SSK is in fact an application of
OOK modulation to OFDM subcarriers. Similarly, we can also apply OOK modu-
lation to each subcarrier independently, thus generating a new scheme called OOK-
OFDM. In Sect. 4.1.3, we will compare the performance of the two aforementioned
schemes.

Infinite Constellation Input

Let us consider xs to be an infinite signal set, i.e., M is infinite. However, we restrict
the signal set to be Gaussian, since it enables OFDM-IM to reach the supremum of
all achievable rates [3, 7].

To begin with the derivation for the ergodic capacity of OFDM-IM, we first look
into the conditional capacity of OFDM-IM on the channel, which can be expressed
according to the chain rule for mutual information [3] as

COFDM−IM (γ) = 1

L
I (xs, xc; y|h) = 1

L

[
I (xs; y|xc, h) + I (xc; y|h)

]
. (4.41)

In (4.41), the first term at the right hand side is given by

1

L
I (xs; y|xc, h) = 1

L

C(L ,m)∑
j=1

Pr
(
xc = Ω j

)
I
(
xs; y|xc = Ω j , h

)

= 1

LC (L , m)

C(L ,m)∑
j=1

∑
i∈Ω j

log2

(
1 + γ|hi |2L

L − m

)

= L − m

L

[
1

L

L∑
i=1

log2

(
1 + γ|hi |2L

L − m

)]
, (4.42)

where the last equality follows from the fact that each subcarrier is activated with
probability (L − m) /L . It is clear from (4.42) that the degrees of freedom associated
with OFDM-IM reduce to L − m as opposed to L associated with classical OFDM,
but OFDM-IM contributes a power gain of L/(L − m) > 1. From (4.41), we see that
in addition to this power gain, OFDM-IM also introduces a portion of information
rate from subcarrier activation, i.e., the second term at the right hand side:

I (xc; y|h)

L
= 1

LC (L , m)

C(L ,m)∑
j=1

∫
y

f
(
y|xc = Ω j , h

)
log2

(
f
(
y|xc = Ω j , h

)
f (y|h)

)
dy,

(4.43)
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where

f
(
y|xc = Ω j , h

) = e
− |yi |2

σ2[1+γ|hi |2L/(L−m)](
πσ2

)L

∏
i∈Ω j

L − m

L − m + γ|hi |2L

∏
i∈Ω̄ j

e− |yi |2
σ2 , (4.44)

and

f (y|h) =
C(L ,m)∑

j=1

Pr
(
xc = Ω j

)
f
(
y|xc = Ω j , h

)

= 1

C (L , m)
(
πσ2

)L

C(L ,m)∑
j=1

∏
i∈Ω̄ j

e− |yi |2
σ2

×
∏
i∈Ω j

1

1 + γ|hi |2L/ (L − m)
e
− |yi |2

σ2[1+γ|hi |2L/(L−m)] . (4.45)

According to the above analysis, one can expect that the instantaneous capacity of
OFDM-IM will be smaller than that of the classical OFDM at high SNR due to the
reduction in degrees of freedom. However, as OFDM-IM benefits from a power gain
and additional information rate transferred via subcarrier activation, it is not clear
whether OFDM-IM can outperform classical OFDM or not at low-to-medium SNR.
The answer is given in the following proposition.

Proposition 3 The instantaneous capacity of OFDM-IM is smaller than that of
classical OFDM over the entire SNR region:

COFDM−IM (γ) < COFDM (γ) , ∀m > 0, (4.46)

where

COFDM (γ) = 1

L

L∑
i=1

log2
(
1 + γ|hi |2

)
, (4.47)

denotes the instantaneous capacity of classical OFDM [1, 2].

Proof Under Gaussian input, the PDF of the received signal on the i-th subcarrier
conditioned on the channel is given by

f (yi |hi ) = 1

πσ2

[
(L − m)2

L

1

L − m + γ|hi |2L
e
− (L−m)|yi |2

σ2(L−m+γ|hi |2L) + m

L
e− |yi |2

σ2

]
,

(4.48)
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where i = 1, . . . , L . In light of (4.48), it can be readily proved that the mean of yi

conditioned on hi is zero and its variance yields

Eyi |hi

[|yi |2
] = L − m

L
σ2

(
1 + γ|hi |2L

L − m

)
+ m

L
σ2 = |hi |2PG

L
+ σ2. (4.49)

Since the differential entropy of a zero-mean non-Gaussian RV is always smaller
than that of a zero-mean Gaussian RV of the same variance [3], it follows that

h (yi |hi ) ≤ log2
(
πeσ2

(
γ|hi |2 + 1

))
, (4.50)

with equality iff m = 0 which corresponds to the classical OFDM case. Then,
according to [3, Theorem 9.6.2], i.e.,

h (y|h) ≤ h (y1|h1) + · · · + h (yL |hL) , (4.51)

with equality iff the received signals at all subcarriers conditioned on the channel
are independent, and I (xs, xc; y|h) = h (y|h) − Llog2

(
πeσ2

)
, we arrive at (4.46),

completing the proof. ��
In OFDM-IM, the power of the received signal on each subcarrier remains the

same as that of classical OFDM. The distribution of the received signal, however, is
not Gaussian. This differs from classical OFDM, thus leading to a smaller instanta-
neous capacity.

Having the conditional capacity of OFDM-IM in (4.41), we can then calculate the
ergodic capacity of OFDM-IM, denoted by C̄OFDM−IM (γ), by averaging the channel
realizations. Numerical results will be presented in Sect. 4.1.3. From Proposition 3,
it is expected that the ergodic capacity of OFDM-IMwill always be smaller than that
of classical OFDM. This can be explained alternatively by the fact that the parallel
channels resulting from OFDM-IM are rank-reduced, while the ergodic capacity of
a vector Gaussian channel is achieved if and only if the channel has full rank.

4.1.3 Performance Evaluation

In this subsection, we present numerical results to make comparisons between clas-
sical OFDM and OFDM-IM. In the numerical calculations, the total number of
subcarriers is chosen as N = 64 and the channel is assumed to have an exponentially
decaying power delay profile with δ2d = e−(d−1)/

∑D
u=1 e−(u−1) and D = 10 taps,

where d = 1, . . . , D. The achievable rate is chosen as the performance metric. Since
as will be validated in Sect. 4.2.1, the ultimate performance of OFDM-IM is available
by adopting interleaved grouping in practice, in the following we will simply let the
subcarriers within each subcarrier group experience independent fading in order to
examine the ultimate performance of OFDM-IM and avoid channel particularity.
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Fig. 4.2 Performance
comparison between
classical OFDM with BPSK,
OOK-OFDM, and
OFDM-SSK
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Performance of OFDM-SSK

With the aid of (4.38) and (4.39), we compute the achievable rates of OFDM-SSK,
classical OFDMwith BPSK, and OOK-OFDM, in Fig. 4.2. To examine the constant-
shifted method mentioned in Sect. 4.1.2, we add log2 (e) − 1 to the lower bound on
the achievable rate of OFDM-SSK. As seen from the figure, this constant-shifted
lower bound overestimates the exact value in the moderate SNR region, though
it achieves a perfect approximation at both low and high SNRs. Therefore, this
method is infeasible in practice. Regarding the performance of these three schemes,
we can conclude from Fig. 4.2 that classical OFDM with BPSK outperforms the
other two schemes while OFDM-SSK performs worse in general though it exhibits
similar performance to OOK-OFDM in the very low SNR region. The positive result
associated with classical OFDM with BPSK can be accounted for its 3 dB larger
minimumEuclidean distance thanOOK-OFDMand its double entropy at the channel
input over OFDM-SSK. The behavior of OFDM-SSK in the very low SNR region
can be attributed to the coding gain from index modulation.

Performance of Different Subcarrier Activation Strategies

We present an example with L = 8 and 8-PSK in Fig. 4.3, where m varies from 1
to 5. As can be seen, besides m = 1, in which case OFDM-IM and classical OFDM
have the same entropy at the channel input, OFDM-IM with m = 2 and m = 3 also
have the potential to outperform classical OFDM despite smaller input entropy. For
m = 4 and 5, the input entropies are too small to exploit the channel, thus leading
to a smaller achievable rate than classical OFDM. Therefore, an intriguing question
may arise: what is the optimal m in maximizing the achievable rate for a given SNR.
For the above example, answers are given in Fig. 4.4, where SNRs equal to 0, 6,
and 12 dB are considered, and the corresponding lower bounds are also plotted. It is
shown that there exists an optimal non-zerom (marked with a circle) which may vary
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Fig. 4.3 Comparison
between classical OFDM
and OFDM-IM with L = 8
and 8-PSK
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Fig. 4.4 Effect of m on the
achievable rate in the case of
L = 8, 8-PSK, and SNRs
equal to 0, 6, and 12 dB,
respectively
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for different SNR values. However, we expect in general that when SNR becomes
very high the optimal m is more likely to be 1 since the entropy at the channel
input is the largest. On the other hand, it is clear from Fig. 4.4 that the proposed
lower bound can also point out the same solutions for its potential to trace the exact
values as the increase of SNRwell (see Fig. 4.2 for further evidences). Therefore, for
computational tractability, the use of the proposed lower bound is more advisable
in the determination of the optimal m. It is worth noting that under a finite-alphabet
input, the achievable rates of all schemes will always saturate at their corresponding
uncoded transmitted information rates at very high SNR.
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Fig. 4.5 Effect of modulation types on the achievable rates of classical OFDM and OFDM-IM
with L = 16 and a m = 1; b m = 2

Which is More Favorable For OFDM-IM: PSK or QAM?
An example for the comparison between 16-PSK and 16-QAM inputs is shown in
Fig. 4.5, where the simulation parameters are L = 16 and (a) m = 1; (b) m = 2. For
figure clarity, the lower bounds are omitted. Different from the conclusion drawn
in spatial modulation that PSK may be better than QAM [8], from the figure we
see that QAM is always more favorable than PSK for OFDM-IM in the sense of
higher achievable rate. On the other hand, we see that OFDM-IM with m = 1
and m = 2 shows an SNR gain of nearly 1 dB over classical OFDM for a large
SNR range when both employ 16-PSK modulation whereas very little gain is found
when both employ 16-QAM modulation. Reasons can be found by comparing the
minimum Euclidean distances of the overall constellations of classical OFDM and
OFDM-IM with 16-PSK and 16-QAM. The overall constellations of OFDM-IM
are different from those of classical OFDM. Particularly, in OFDM-IM, one more
constellation point is located at the origin, which is introduced from the inactive state,
and meanwhile a power gain of L/ (L − m) is shared by all conventional 16-PSK
and 16-QAM constellation points. Therefore, the minimum Euclidean distance of
the overall constellation of OFDM-IM with 16-PSK will still be determined by the
two adjacent 16-PSK constellation points of enhanced power while that with 16-
QAM will be determined by the origin point and its nearest 16-QAM constellation
point of enhanced power. It should be noted that since in OFDM-IM the origin point
appears with probability m/L while each 16-PSK/QAM constellation point appears
with probability (L − m) /M L , the comparison through measuring the Euclidean
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Fig. 4.6 Comparison
between classical OFDM
and OFDM-IM with L = 8
in terms of ergodic capacity
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distance directly need not guarantee absolute accuracy. However, this can be adopted
as a general principle to foresee the comparison result when a larger alphabet, such
as 64-PSK/QAM is considered.

Effects of Gaussian Input

We compare the performance of OFDM-IM with classical OFDM under Gaussian
input.

With L = 8 and m spanning from 1 to 7, the comparison in terms of ergodic
capacity is illustrated in Fig. 4.6. The expectation of (4.42) over channels, which
accounts for the portion of ergodic capacity contributed by symbol modulation, is
also depicted. As seen from the figure, the contribution of subcarrier activation to the
ergodic capacity, which equals the gap between the black and blue dashed curves,
cannot be neglected. Take m = 4 for example. At SNR equal to 27 dB, the ergodic
capacity of OFDM-IM is about 5.3 bps/Hz and the portion contributed by symbol
modulation is about 4.6 bps/Hz. Therefore, the other portion contributed by subcarrier
activation is about 5.3−4.6 = 0.7 bps/Hz, resulting in the ratio between the portions
of the ergodic capacity contributed by subcarrier activation and symbol modulation
as high as 0.7/4.6 = 15.2%.On the other hand, it is clear that the figure substantiates
our conclusion presented in Sect. 4.1.2 that OFDM-IM performs worse than classical
OFDM under Gaussian input.

4.2 Design Guidelines for Performance Improvement

In this section, we propose four novel methods suited to OFDM-IM systems to
improve the diversity gain, coding gain, and spectral efficiency, respectively. The first
one is called interleaved grouping, which groups subcarriers in an interleavedmanner
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for index modulation. The achievable rate of OFDM-IMwith interleaved grouping is
analyzed. The second one is called equiprobable subcarrier activation (ESA), which
allows equiprobable activation of all OFDM-IM subcarriers. TheABEP performance
of OFDM-IM systems with ESA is analyzed. The third one is called hybrid index
modulation, which introduces an additional bit to select the classical OFDM mode
or the OFDM-IM mode. The achievable rate of the hybrid OFDM-IM (OFDM-
HIM) scheme is studied. The fourth one is called OFDM with in-phase/quadrature
index modulation (OFDM-I/Q-IM), which extends index modulation to include the
in-phase and quadrature dimensions. The ABEP performance of OFDM-I/Q-IM
systems is examined.

4.2.1 Interleaved Grouping

In this subsection, we propose a new subcarrier grouping approach for OFDM-IM
to improve the performance of OFDM-IM, whose idea is motivated by the derived
lower bound on the achievable rate of OFDM-IM in Sect. 4.1.2, which reveals that the
correlation among channel coefficients on the subcarriers within a subcarrier group
plays a key role.

Unlike the previous OFDM-IM scheme, in which the subcarrier grouping is per-
formed in a localized manner [9], we suggest grouping the subcarriers in an inter-
leaved manner, as shown in Fig. 4.7. After interleaved grouping, the set of subcarrier
indices for subcarrier group g will be given by

Ψ g = {βg
1 , . . . ,β

g
L

}
= {g, . . . , g + (L − 1) G} , (4.52)

with β
g
l = g + (l − 1) G, where g = 1, . . . , G and l = 1, . . . , L . Note that when

interleaved grouping is employed at the transmitter, it should be followed at the
receiver. It is evident that applying either subcarrier grouping rule, i.e., localized
grouping or interleaved grouping, leads to the same overall system complexity. Also
note that from (4.52), it is clear that interleaved grouping is a kind of regular sub-
carrier grouping approaches since the (a, b)-th entry of the covariance matrix of hg

is [�IG]a,b = ∑D
d=1 δ2de−2

√−1π(a−b)(d−1)/L with a, b = 1, . . . , L , which does not
depend on g. Therefore, the analysis conducted in Sect. 4.1.2 also applies to inter-
leaved grouping. The reason for adopting interleaved grouping is clarified in the
following proposition.

Proposition 4 OFDM-IM with interleaved grouping achieves the highest informa-
tion rate in both low and high SNR regions when the spacing of any two subcar-
riers within a subcarrier group is no smaller than the coherence bandwidth of the
channel.
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Fig. 4.7 Localized grouping versus interleaved grouping

Proof When SNR is either low or high, it follows from [10] that

ROFDM−IM (γ) ≈ L − m

L
log2 (M) + log2 (C (L , m))

L
− 1

LC (L , m)M L−m

×
C(L ,m)∑

j=1

∑
p(L−m)

log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

1∣∣IL + �� j, j ′
∣∣
⎞
⎠, (4.53)

where� j, j ′ is defined in (4.30).Note that it is straightforward to have (4.53) according
to Corollarys 1 and 3. From (4.53), the optimal �∗, which maximizes the achievable
rate of OFDM-IM, lies in the following:

�∗ = argmin
∀�

C(L ,m)∑
j=1

∑
p(L−m)

log2

⎛
⎝C(L ,m)∑

j ′=1

∑
p′(L−m)

1∣∣IL + �� j, j ′
∣∣
⎞
⎠. (4.54)
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To solve (4.54), let us assume that the diagonal elements of � j, j ′ are all positive. In
this case, from [3, Theorem 16.8.2] (i.e., Hadamard’s inequality), we have

1∣∣IL + �� j, j ′
∣∣ = 1∣∣∣�−1

j, j ′ + �

∣∣∣ ∣∣� j, j ′
∣∣ ≥

L∏
i=1

1

1 + [� j, j ′
]

i,i

, (4.55)

with equality iff� = IL , which represents the case in which hg is a fully independent
random vector. Since the logarithmic function ismonotonically increasing, we obtain
�∗ = IL .

However, the above assumption does not hold since, as shown in (4.30), there is
at least one zero among the diagonal elements of � j, j ′ . Despite this, we will see that
the solution, i.e., �∗ = IL , is still valid. To show this, first assume that only one
diagonal element of � j, j ′ , e.g.,

[
� j, j ′

]
k,k
, equals zero. In this case, we can eliminate

the k-th row as well as the k-th column of� and� j, j ′ , yielding updated �̃ and �̃ j, j ′ .
Consequently, it follows from [3, Theorem 16.8.2] that

1∣∣IL + �� j, j ′
∣∣ = 1∣∣∣�̃−1

j, j ′ + �̃

∣∣∣ ∣∣�̃ j, j ′
∣∣ ≥

L∏
i=1

1

1 + [� j, j ′
]

i,i

, (4.56)

with equality iff �̃ = IL−1. Since for different j, j ′ ∈ {1, . . . ,C (L , m)}, the location
of the zero in the diagonal elements of � j, j ′ spans from 1 to L , we achieve that
�∗ = IL . In analogy with the above analysis, the same conclusion can be drawn
when more diagonal elements of � j, j ′ equal zero.

In order to achieve the maximum rate of OFDM-IM, the subcarriers within a
subcarrier group should be spaced apart in frequency as far as possible to benefit
from the independent fading. It is easy to see that interleaved grouping meets this
requirement most perfectly, thus completing the proof. ��

In practical systems, the condition in Proposition 4 can be satisfied. Take LTE sys-
tems for example. In a macrocell, the coherence bandwidth is on the order of 1 MHz
[11]. Therefore, for a system bandwidth of 20 MHz, the subcarriers within each sub-
carrier group after interleaved grouping will experience independent fading provided
that L < 20. Since as disclosed in Sect. 4.1.3, the superiority of OFDM-IM over clas-
sical OFDM narrows as the alphabet size of the signal input grows, L < 20 is advan-
tageous for OFDM-IM. Since C̄OFDM−IM (γ) is dominated by Eh[I (xs; y|xc, h)]with
xs being a Gaussian signal set (especially as SNR gets higher), which is independent
of the channel correlation as (4.42) implies, the gap between the resulting ergodic
capacity of localized grouping and interleaved grouping will be very small. From
(4.29) and the proof for Proposition 4, we see that the lower bound on the achievable
rate of OFDM-IM achieves its maximum when � = IL , i.e., subcarriers within a
subcarrier group are faded independently. Therefore, we expect that the interleaved
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Fig. 4.8 Comparison
between classical OFDM
and OFDM-IM with
localized grouping and
interleaved grouping in terms
of achievable rate with
parameters chosen as L = 2,
m = 1, and BPSK
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Fig. 4.9 Comparison
between classical OFDM
and OFDM-IM with
localized grouping and
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of achievable rate with
parameters chosen as L = 4,
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grouping will also perform better than the localized grouping in the moderate SNR
region for PSK/QAM-constrained input.

Here, we give an example to show how the interleaved grouping behaves with
respect to the localized grouping. In this example, the total number of subcarriers
is chosen as N = 64 and the channel is assumed to have an exponentially decay-
ing power delay profile with δ2d = e−(d−1)/

∑D
u=1 e−(u−1) and D = 10 taps, where

d = 1, . . . , D. The results are shown in Figs. 4.8, 4.9, and 4.10, where the para-
meters are chosen as: L = 2, m = 1, and BPSK in Fig. 4.8; L = 4, m = 1, and
QPSK in Fig. 4.9; L = 8, m = 1, and 8-PSK in Fig. 4.10a; L = 16, m = 1, and
16-PSK in Fig. 4.10b. To see how OFDM-IM compares with classical OFDM, the
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performance of classical OFDM employing the same alphabet for symbol modu-
lation as OFDM-IM is also depicted. It is noted that the OFDM-IM with L = 2,
m = 1, and localized grouping is exactly the enhanced subcarrier index modula-
tion OFDM scheme [12]. Also note that the OFDM-IM and the classical OFDM in
Figs. 4.8, 4.9, and 4.10 share the same entropy at the channel input. As seen from
the figures, unlike classical OFDM for which the grouping type is irrelevant to per-
formance, OFDM-IM with interleaved grouping can achieve up to 3, 2, 0.5, and
0.2 dB SNR gains over OFDM-IM with localized grouping at achievable rates equal
to 0.95 bps/Hz in Fig. 4.8, 1.85 bps/Hz in Fig. 4.9, 2.6 bps/Hz in Fig. 4.10a, and
2.8 bps/Hz in Fig. 4.10b, respectively. This is expected because the independence of
channel fading makes the different subcarrier activation types easier to differentiate,
which in turn improves the coding gain from index modulation. On the other hand, at
those achievable rates, OFDM-IM with interleaved grouping outperforms classical
OFDMwith an SNR gain of up to 3 dB. From the figures, we also see that the result-
ing achievable rates by interleaved grouping from the practical channel model match
the ultimate ones derived by assuming fully independent fading, perfectly. This is
in consistent with Proposition 3 as in those cases the interleaved grouping ensures
the channel coefficients on subcarriers within a subcarrier group are approximately
statistically independent.
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4.2.2 Equiprobable Subcarrier Activation

In this subsection, we propose an ESA scheme, in which a table of a very small size
is required to be stored at both the transmitter and the receiver.

Principle of ESA

Consider the OFDM-IM system introduced in Sect. 4.1.1. At the transmitter, a part
of incoming bits, which is of number p1 = �log2(C(L , m̄))�, are used to activate
m̄(= L − m) out of L subcarriers per subcarrier group. For ease of decomposition,
the mapping of p1 bits to the subcarrier activation patterns (SAPs) for group g,
i.e., Ω

g
i , i ∈ {1, . . . , 2p1}, is called unranking, and the reverse operation is called

ranking. Without loss of generality, let us focus on the first subcarrier group and
index the subcarriers belonging to it from {1, . . . , L}. The superscript g is omitted
for notational simplicity.

The existing solution, which is called combinatorial method, generates lexico-
graphically ordered sequences [9]. Assume that the elements of Ωi are sorted in a
strictly increasing order. Then, according to the combinatorial theory we can build a
one-to-one mapping which relates a natural number to m̄-combinations:

i = C(Ωi (m̄) − 1, m̄) + · · · + C(Ωi (1) − 1, 1) + 1. (4.57)

To implement ranking, we first substitute Ωi into (4.57) and then map the integer i
to p1 bits. For unranking, we first map the p1 bits to an integer i and then determine
Ωi (m̄), . . . ,Ωi (1) successively. Specifically, we choose Ωi (m̄) to be the maximal
integer that satisfies i ≥ C(Ωi (m̄) − 1, m̄) + 1 and Ωi (m̄ − 1) to be the maximal
integer satisfying i ≥ C(Ωi (m̄) − 1, m̄) + C(Ωi (m̄ − 1) − 1, 1) + 1 and so on. An
example for L = 8 and m̄ = 2 is given in Table4.1.

The combinatorial method has some deficiencies. This can be observed from the
example in Table4.1 by examining the activation probabilities of all subcarriers,
which are Pr (A1) = 3/8, Pr (A2) = Pr (A3) = Pr (A4) = Pr (A5) = Pr (A6) =
5/16, Pr (A7) = 1/16, and Pr (A8) = 0. This indicates that the lexicographically
ordered subcarriers may be given totally different activation probabilities. However,
since all subcarriers experience the same fading statistically, this mismatch will
lead to a performance degradation to the system with ESA. In addition, another
performance degradation is expected when we force log Pr (Al) − log Pr

(
Āl
) =

log(m̄/m), l = 1, . . . , L , for LLR detection in (4.9), which is often made in the
literature, since it is violated in the practice. The above mentioned degradations
motivate us to propose the ESA method.

The idea of ESA is to generate the SAPs in a cyclic manner. For better under-
standing, let us give an example. First, assume a legal SAP Ωb1 = {1, 2, . . . , m̄}.
Then, by taking cyclic shift on each element of Ωb1 based on {1, 2, . . . , L}, which
is called column cyclic shift in this letter, we can obtain L − 1 new patterns, which
are {2, 3, . . . , m̄ + 1}, {3, 4, . . . , m̄ + 2}, . . . , {L , 1, . . . , m̄ − 1}. It is clear from the
above L patterns that each subcarrier is activatedwith equal probability, namely m̄/L .
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Table 4.1 Combinatorial method versus ESA method (L = 8, m̄ = 2)

Incoming bits Combinatorial method ESA method

[0 0 0 0] Ω1 = {1, 2} {1, 2}
[0 0 0 1] Ω2 = {1, 3} {2, 3}
[0 0 1 0] Ω3 = {2, 3} {3, 4}
[0 0 1 1] Ω4 = {1, 4} {4, 5}
[0 1 0 0] Ω5 = {2, 4} {5, 6}
[0 1 0 1] Ω6 = {3, 4} {6, 7}
[0 1 1 0] Ω7 = {1, 5} {7, 8}
[0 1 1 1] Ω8 = {2, 5} {8, 1}
[1 0 0 0] Ω9 = {3, 5} {1, 3}
[1 0 0 1] Ω10 = {4, 5} {2, 4}
[1 0 1 0] Ω11 = {1, 6} {3, 5}
[1 0 1 1] Ω12 = {2, 6} {4, 6}
[1 1 0 0] Ω13 = {3, 6} {5, 7}
[1 1 0 1] Ω14 = {4, 6} {6, 8}
[1 1 1 0] Ω15 = {5, 6} {7, 1}
[1 1 1 1] Ω16 = {1, 7} {8, 2}

Algorithm 2: ASDV generation

1: Initialization: d(1) = [1, . . . , 1, L − m̄ + 1]T , I1 = L , b = 1, j = m̄ − 1
2: while d(b)(1) ≤ L/m̄
3: b = b + 1
4: d(b)(1 : m̄ − 2) = d(b−1)(1 : m̄ − 2)
5: d(b)( j) = d(b−1)( j) + 1
6: for l = j + 1 : m̄ − 1
7: d(b)(l) = 1
8: end for
9: d(b)(m̄) = L −∑m̄−1

j=1 d(b)( j)

10: if d(b)(m̄) < 1, j = j − 1, Go to line 5 end if
11: Store d(b) and calculate Ib if d(b) is not a cyclic shift of

{d(1), . . . , d(b−1)}.
12: end while
13: Output: d(1), . . . , d(�T �), I1, . . . , I�T �

Similarly, taking column cyclic shifts to Ωb2 = {1, 2, . . . , m̄ −1, m̄ +1} for L times
allows us to obtain another N different patterns, which also satisfy the ESA require-
ment. This process continues until 2�log2 C(L ,m̄)� different patterns are collected. It is
worth noting that the above example only shows how to perform column cyclic shifts
and ignores the problem of how to figure out the basic patterns such as Ωb1 and Ωb2 .
The solution to this problem is given in the following. To begin with, let us define a
so-called adjacent subcarrier distance vector (ASDV) as
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Algorithm 3: Unranking
1: Initialization: Transfer p1 bits into integer i , b = 1, i ′ = i
2: while i ′ > Ib
3: i ′ = i ′ − Ib, b = b + 1
4: end while
5: Ω

(i)
1 = i ′

6: for j = 2 to k
7: Ωi ( j) = Ωi ( j − 1) + d(b)( j − 1)
8: if Ωi ( j) > L
9: Ωi ( j) = Ωi ( j) − L
10: end if
11: end for
12: Output: Ωi

d(b) = [d(b)
1 , . . . , d(b)

k ]T , (4.58)

with d(b)
j =< Ω

(b)
< j+1>m̄

− Ω
(b)
j >L , where b ∈ {1, . . . , 2p1} and j ∈ {1, . . . , m̄}.

For instance, in the above example d(b1) = [1, . . . , 1, L + 1 − m̄]T , d(b2) =
[1, . . . , 1, 2, L − m̄]T , and all column cyclic shifts generated by Ωb1 and Ωb2 share
the same d(b1) and d(b2), respectively. By definition, we can now conclude that all
ASDVs associated with the basic patterns have the same l1 norm, which equals L .
As a double check, in the above example

∥∥d(b1)
∥∥
1 = ∥∥d(b2)

∥∥
1 = L . Therefore, based

on this property there will be C(L − 1, m̄ − 1) candidates for the basic patterns
given L and m̄. However, we should be careful since those candidates include a
couple of ones that are cyclically shifted with each other, which will produce the
same group of patterns. For example, for two ASDVs [e, f, g] and [g, e, f ], where
e, f, g are positive integers with e + f + g = L , their corresponding basic patterns
are {1, 1 + e, 1 + e + f } and {1, 1 + g, 1 + g + e}, respectively, where the latter
is the g-times column cyclic shifted version of the former. Since there are at most
m̄ − 1 distinct cyclic shifts for a pattern, the number of valid candidates for the basic
patterns approximates to T = C(L − 1, m̄ − 1)/m̄. From above, we summarize the
generation of ASDVs in Algorithm 2. Since all ASDVs have the same l1 norm of L ,
we only consider the case that the first element of any ASDV is no larger than L/m̄,
as reflected in line 2. With all ASDVs and the numbers of column cyclic shifts they
can generate, denoted by I1, . . . , I�T �, we can therefore proceed to perform ranking
and unranking.

To determine the SAP according to the corrsponding p1 bits, we first figure out
which basic pattern it belongs to and then decide how many column cyclic shifts
it should perform. This process is detailed in Algorithm 3, where the “while” loop
determines the basic pattern, the variable i ′ stores the number of column cyclic shifts,
and the “for” loop performs the column cyclic shifts.
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Algorithm 4: Ranking
1: Initialization: b′ = 1, v = 0
2: Calculate d(b) from Ωî according to ASDV definition.

3: while d(b) �= d(b′)

4: v = v + Ib′ , b′ = b′ + 1
5: end while
6: v = v + Ωî (1)
7: Output: The binary representation of v

Given a SAPΩî , the basic pattern it belongs to can be directly determined accord-
ing to the definition of ASDV and the number of column cyclic shifts it results in can
be also directly inferred from its first subcarrier index. The entire process of ranking
is presented in Algorithm 4.

According to the above-mentioned principle, we also present the results of the
ESA method for L = 8 and m̄ = 2 in Table4.1. It is observed that all subcarriers are
activated with an equal probability of 1/4 for this example.

From above, we see that both the ranking and the unranking involve very simple
mathematical operations and the computational complexity mainly arises from the
generation of ASDVs. Fortunately, the ASDVs need to be prepared only once prior
to the signal transmission and reception provided that they can be saved by both
the transmitter and the receiver. Since the total ASDVs just include roughly C(L −
1, m̄ − 1) indices, this storage requirement is easy to satisfy in today’s systems.
We should note that the proposed ESA method cannot always guarantee perfect
equiproble subcarrier activation; however, it tries as best as it can. This imperfection
occurs when 2p1 is not a multiple of L . Fortunately, since in OFDM-IM systems
the group size L is usually chosen to be an integer power of two, this imperfection
happens very rarely.

SNR Gain Analysis

We focus on the g-th subcarrier group. However, for brevity we omit the superscript g
for all variables. For notational simplicity, we letβl = l such that all subcarrier within
the subcarrier group will be indexed from {1, . . . , L}. Let Pr(x → x̂) represent the
PEP for the event that x = [x1, . . . , xL ]T is transmitted; however, it is erroneously
detected as x̂ = [x̂1, . . . , x̂L ]T . From [9], this PEP can be approximated as

Pr
(
x → x̂

) ∼= 1

12
Eh

[
e−q1‖�h‖2F

]
+ 1

4
Eh

[
e−q2‖�h‖2F

]
, (4.59)

where q1 = γ/4, q2 = γ/3, and � = diag{x − x̂}. Denote Ξ as an index set
whose elements indicate the locations associated with the non-zero values of x − x̂,
h̃ as the effective CFR vector whose entries are {hi , i ∈ Ξ}, and X̃ as a diagonal
matrix of dimensions |Ξ | × |Ξ | whose diagonal elements are {�(i, i), i ∈ Ξ}. The
expectations in (4.59) can be calculated as
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Eh

[
e−qz‖�h‖2F

]
= 1

π|Ξ ||�̃|
∫

e−h̃H W−1
z h̃dh̃

= |qzA�̃ + I|Ξ ||−1, z = 1, 2, (4.60)

where A = X̃H X̃, �̃ = Eh̃{h̃h̃H } is the channel covariance matrix, and W−1
z =

qzA + �̃−1. Finally, having the PEP and letting N
(
x, x̂
)
measure the number of bits

in error, we can obtain an upper bound on the ABEP of OFDM-IM systems as

Pe ≤ 1

p2p

∑
x

∑
x̂

Pr
(
x → x̂

)
N
(
x, x̂
)
, (4.61)

where p = p1 + p2 with p2 = m̄ log2(M). Note that (4.61) applies to both the
combinatorial and the ESA methods, leaving their difference in the selection of x.

From (4.61), the asymptotic ABEP can be readily derived as

Pe
∼= 1

p2p

∑
x

∑
x̂

(
4r

12
+ 3r

4

) r∏
ξ=1

λ−1
ξ γ−r N

(
x, x̂
)

∼= γ−dmin
4dmin + 3dmin+1

12p2p

∑
dmin

dmin∏
ξ=1

λ−1
ξ N

(
x, x̂
)
, (4.62)

where r = rank{A�̃}, dmin = min r is the diversity order,
∑

dmin
represents the sum

operation applying to all x and x̂ conditioned on r = dmin , and λξ, ξ = 1, . . . , r , are
the non-zero eigenvalues of A�̃.

By definition, the coding gain can be derived from (4.62) as

Gc =
(
4dmin + 3dmin+1

12p2p

∑
dmin

∏dmin

ξ=1
λ−1

ξ e (x, x̂)

)− 1
dmin

, (4.63)

which satisfies Pe
∼= (Gcγ)−dmin . From (4.63), the SNR gain of the ESAmethod over

the combinatorial method can be readily expressed in terms of decibels as

Gsnr = 10 log10(G
E S A
c /GC O M

c ), (4.64)

where G E S A
c and GC O M

c denote the resulting coding gains of the ESA and the com-
binatorial methods, respectively.

Performance Evaluation

Weconduct computer simulations to examine theABEPperformance of the proposed
ESAmethod. The systemparameters are chosen as N = 128 and L = 8. Thewireless
channel is modeled by an uniform power delay profile with 10 taps. The localized
grouping is assumed.
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Fig. 4.11 The relationship between the SNR gain and the number of active subcarriers for L = 8

To completely isolate the effect of ESA, we first consider the OFDM-SSK system.
By varying the number of active subcarriers m̄, we obtain the SNR gains in Fig. 4.11,
where the simulation results are obtained at a BER value of 10−5. One can observe
that an up to 1.9 dB SNR gain is approximately achieved for m̄ = 3, in which case the
spectral efficiency is R = 0.625 bps/Hz. For m̄ = 1 and 7, no gain is attained since
in both cases, all eight possible subcarrier activation patterns are used for indexing.
Actually, since the ratio of the illegal subcarrier activation patterns is just about 8.6%,
a very small SNR gain, about 0.2 dB, is obtained for m̄ = 4. Finally, it should be
noted that since the exact SNR gain depends on the specific probability distribution
of the active subcarriers, asymmetric SNR gains are obtained.

We then consider the OFDM-IM system with BPSK, QPSK, 8-PSK, and 16-
PSK modulations, which correspond to spectral efficiencies of R = 1, 1.375, 1.75,
2.125 bps/Hz, respectively, to examine the effect of ESA in the presence of modu-
lated symbols. The comparison results for m̄ = 3 are shown in Fig. 4.12, where all
analytical upper bounds are removed for clarity. The LLR detector exhibits nearly
the same performance as the ML detector, and thus we only present an example for
BPSK modulation in the figure. It can be seen from Fig. 4.12 that the SNR gains for
the considered scenarios are approximately 1.3, 0.8, 0.6, and 0.3 dB, respectively.
The decreasing SNR gain can be understood since the error contributed by modula-
tion bits becomes dominant at high SNR and the ratio of the number of bits carried
by the modulated symbols to that of the active subcarrier indices becomes higher as
the modulation order increases. However, as the OFDM-IM scheme is beneficial for
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Fig. 4.12 Combinatorial method versus ESAmethod in terms of ABEP for OFDM-IMwith BPSK
modulation and OFDM-SSK with L = 8 and m̄ = 3

relatively low transmission rates below 2 bps/Hz [13], the ESA method is favorable
in practice.

4.2.3 Hybrid Index Modulation

In this subsection, we propose hybrid subcarrier indexmodulation to further improve
the spectral efficiency of OFDM-IM, in which different subcarrier groups can choose
the OFDM-IM mode or OFDM mode, independently. Choice of the mode can be
readily detected by the receiver and thus creating an additional means of information
transfer.

Principle of the Proposed Scheme

With L = M , OFDM-IM achieves its maximum spectral efficiency, log2(M), when
only a single subcarrier is deactivated within each group. This is because C (L , m) ≤
Mm with equality if and only if m = 1. In this case, OFDM-IM achieves a spectral
efficiency which equals that of the classical OFDM system. However, with m = 1
and the same total transmit power, the OFDM-IM signal differs from the classical
OFDM signal in two aspects: (i) OFDM-IM contains one less active subcarrier than
classical OFDM; and (ii) the average power per active subcarrier is higher in the
OFDM-IM system.



134 4 Frequency Domain Index Modulation

Consider now an OFDM-IM subcarrier group with the above-mentioned para-
meters and an OFDM subcarrier group with all subcarriers activated. One can then
distinguish the two by determining whether the single inactive subcarrier is present
or not. In other words, the “OFDM-IM” or “classical OFDM” mode of each group
can be determined by checking the presence of the inactive subcarrier. Such “mode-
selection” flexibility of each group introduces yet another means of information
carriage: this mode can carry 1 bit, thus leading to spectral efficiency improvement.

This newly proposed system is illustrated in Fig. 4.13, where a group of L = 4 is
exemplified.With L = 4, themodulation type is therebyQPSK according to L = M .
The number of bits per block is increased from 8 to 9, boosting the spectral efficiency
from 2 bps/Hz to 2.25 bps/Hz. The first bit is used as the indicator, which refers to the
classical OFDM transmission if it is zero and theOFDM-IM transmission, otherwise.

Achievable Rate Analysis

The spectral efficiency of the proposed system is shown to be higher than that of the
OFDM-IM system, but its superiority in the sense of error-free transmission rates
is not that clear. To see how it is, we examine its achievable rate as follows. For
ease of analysis, we assume Rayleigh fading channels and do not take into account
the intercarrier interference (ICI). The ergodic achievable rate of the OFDM-HIM
system can be readily derived in analogy with the analysis presented in Sect. 4.1.2,
and thus is omitted here for brevity. In Fig. 4.14, the ergodic achievable rates of the
OFDM-HIM system for BPSK and QPSK modulations, are compared with those of
the classical OFDM and OFDM-IM systems. At very high SNR, all systems saturate

Fig. 4.13 Principle of the OFDM-HIM system
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Fig. 4.14 Achievable rate of the OFDM-HIM system

at their corresponding uncoded spectral efficiencies as expected.However, in the low-
to-medium SNR region, the superiority of the proposed system over the other two is
still overwhelming. For example, the proposed system achieves an up to 3 dB SNR
gain when the target rates are 0.9 and 1.9 bps/Hz for BPSK and QPSK modulations,
respectively.

4.2.4 In-phase/Quadrature Index Modulation

In this subsection, we propose OFDM-I/Q-IM, which carries additional information
bits through the in-phase and quadrature dimensions. The asymptotic ABEP and the
exact coding gain achieved by OFDM-I/Q-IM are also analyzed.

Principle of the Proposed Scheme

The block diagram of the OFDM-I/Q-IM transmitter is depicted in Fig. 4.15. For the
transmission of each OFDM block with N subcarriers, a total number of q incoming
data bits are first divided into 2G groups, each of which consists of p bits, i.e.,
q = 2pG. Each group of p-bits is then used to generate the in-phase/quadrature part
of an OFDM subblock consisting of L = N/G subcarriers. Unlike classical OFDM
that maps all data bits to constellation points for all subcarriers, each group of p-
bits in OFDM-I/Q-IM is composed of two parts: the first part has p1 bits used for
index modulation and the second part has p2 bits used for symbol modulation, i.e.,
p = p1+ p2. Specifically, for the in-phase/quadrature part of each OFDM subblock,
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Fig. 4.15 Block diagram of OFDM-I/Q-IM transmitter

the p1 bits are fed to the index selector to inactivate m out of L subcarriers, while the
remaining L − m subcarriers are set to be active. For the g-th (1 ≤ g ≤ G) OFDM
subblock, the indices of L − m active subcarriers in the in-phase and quadrature
dimensions are independently given by

I I
g =

{
i I
g (1), . . . , i I

g (L − m)
}
, I Q

g =
{

i Q
g (1), . . . , i Q

g (L − m)
}
, (4.65)

where i I
g (a), i Q

g (a)∈{1, . . . , L} for a = 1, . . . , L−m. The remaining p2 bits are then
fed to symbol modulator to generate transmitted symbols in the in-phase/quadrature
dimension on the L − m active subcarriers, resulting in the in-phase/quadrature part
of the g-th OFDM subblock:

x I
g (η) =

{
s I
g (η), η ∈ I I

g

0, otherwise
, x Q

g (η) =
{

s Q
g (η), η ∈ I Q

g

0, otherwise
, (4.66)

where s I
g (η) and s Q

g (η) are independently drawn froman M-ary pulse amplitudemod-
ulation (PAM) alphabet	 for η = 1, . . . , L . Combining the in-phase and quadrature
parts in (4.66), yields each complex OFDM subblock as



4.2 Design Guidelines for Performance Improvement 137

xg(η) = x I
g (η) + j x Q

g (η), g = 1, . . . , G, η = 1, . . . , L . (4.67)

Concatenating these G complex OFDM subblocks creates an OFDM block. Before
transmission, the OFDM block is first transformed into the time domain signal block
by utilizing an N -point inverse DFT, and then appended with a CP longer than the
maximum delay spread of the channel.

After the removal of the CP at the receiver, an N -point DFT is employed to obtain
the received block in the frequency domain, whose g-th subblock is given by

yg(η) = hg(η)xg(η) + wg(η), η = 1, . . . , L , (4.68)

where hg(η) and wg (η) denote the CFR and the zero-mean complex AWGN with
variance σ2 on the η-th tone of the g-th subblock, respectively. The spectral efficiency
of OFDM-I/Q-IM is given by

� = 2 (p1 + p2)

L
= 2

�log2(C(L , m))�
L

+ 2
(L − m) log2(M)

L
, (4.69)

where p1 = �log2(C(L , m))� and p2 = (L − m) log2(M).
For each subblock, by considering a joint detection for the indices of the active

subcarriers and the modulated symbols carried on, the ML detector for OFDM-I/Q-
IM is given by

{x̂g(η)}L
η=1 = argmin

{xg(η)}L
η=1

L∑
η=1

|yg(η) − hg(η)xg(η)|2

= argmin
{xg(η)}L

η=1

L∑
η=1

|hg(η)|2|r I
g (η) − x I

g (η)|2

+ |hg(η)|2|r Q
g (η) − x Q

g (η)|2, (4.70)

where r Q
g (η) is the quadrature part of rg(η). From (4.70), it is clear that the detections

of the in-phase and quadrature parts can be separated due to themutual independence.

Performance Evaluation

The upper bounded and asymptotic ABEPs ofOFDM-I/Q-IM systems can be derived
in analogy with Sect. 4.2.3. For brevity, the analysis is omitted.

Figure4.16 shows the comparison results of the ABEP performance for 4-QAM
source. To make a fair comparison, all techniques operate at the same spectral effi-
ciency of � = 2 bps/Hz, where L = 2 and m = 1 for the in-phase/quadrature part
of OFDM-I/Q-IM and L = 4 and m = 1 for OFDM-IM. As seen from Fig. 4.16,
OFDM-I/Q-IM achieves about 6 dB SNR gain over classical OFDM.

Figure4.17 compares the coding gains of OFDM-I/Q-IM and OFDM-IM over
classical OFDM, where three different spectral efficiency values are considered: 2,
4, and 6 bps/Hz. To achieve the same spectral efficiency as the classical OFDMwith
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M2-QAM, OFDM-IM can simply deactivate one out of M2 subcarriers deliberately.
For OFDM-I/Q-IM, it can achieve the same spectral efficiency by deactivating one
out of M subcarriers in the in-phase/quadrature dimension. It can be observed from
Fig. 4.17 that both the coding gains of OFDM-I/Q-IM and OFDM-IM over classical
OFDM decrease as the spectral efficiency value increases. However, at the same
spectral efficiency, the coding gain achieved by OFDM-I/Q-IM is much larger than
that achieved by OFDM-IM.

4.3 Applications to High-Mobility Communications

In this section, we propose a novel scheme which merges the advantages of the well-
known ICI self-cancellation technique and the OFDM-IM technique to combat the
ICI for V2X communications.

4.3.1 OFDM-IM with ICI Self-Cancellation

In this subsection,we first briefly review the ICI self-cancellation techniques and then
present the idea of how to integrate ICI self-cancellation techniques into the OFDM-
IM framework. The transceiver structure of the proposed system is designed, whose
overall complexity is shown to be nearly the same as that of classical OFDM.

ICI Self-Cancellation Techniques Overview

ICI self-cancellation methods have been attracting considerable attention for its sim-
plicity in implementation and effectiveness in ICImitigation ever since its emergence
in [14]. In this monograph, we refer to the ICI self-cancellation techniques as the
ones that resort to data repetition in the frequency domain, though there are also
other variations. Generally, ICI self-cancellation techniques are designed based on
the single carrier frequency offset (CFO) model. Under the single CFO assumption,
as indicated in Fig. 4.18a, b, the ICI coefficient from one subcarrier to the desired
subcarrier, whose magnitude and phase refer to the attenuation and the rotation of the
interference signal, is closely related to its adjacent subcarrier, symmetric subcarrier,
and mirror subcarrier [15]. Such relationship is shown to be either nearly the same
magnitude and opposite phases or nearly the same magnitude and a phase difference
of π, depending on their frequency separation from the desired subcarrier as well as
the CFO value. Based on this property, we can simply transmit data copies, either
with sign conversion or phase conjugation relationship, onto the adjacent, symmet-
ric, or mirror subcarrier pair of the OFDM symbol, and expect a reduced ICI level
after combination at the receiver. This is the key idea of ICI self-cancellation.

Some specific properties of the ICI self-cancellation techniques are:

• The spectral efficiency is halved with respect to classical OFDM, yet can be com-
pensated for by employing larger signal alphabet sizes.
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• With respect to the one-path approach, the two-path approach is compatible with
the traditional OFDM transceiver design without any modifications, but is prone
to CFO deviation.

• The performance of different schemes varies with different CFO values and chan-
nel conditions, and thus scheme selection in practice depends on the actual com-
munication environment. For example, the carrier-to-interference ratio (CIR) per-
formance of conversion-based schemes is degraded with a large channel length.

Integration of ICI Self-Cancellation into OFDM-IM

OFDM-IM transfers the part of information bits from the modulated symbols to
their indices,which are transmitted implicitly over the superimposed signal generated
from the remaining subcarriers, maintaining the spectral efficiency of the system and
meanwhile having a smaller number of active subcarriers than classical OFDMat any
time. This provides OFDM-IMwith the potential of ICI reduction. However, in high-
speed mobile channels such as V2X channels where ICI can be severe, the received
signal power of each inactive subcarrier will be enhanced, whereas that of each active
subcarrier will be reduced, rendering subcarrier states difficult to identify and further
leading to worse system performance than classical OFDM. ICI self-cancellation
techniques provide a possible solution to this problem since, as discussed above, they
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will reduce the power leakage from the active subcarriers to the inactive subcarriers
due to ICI. In addition, the performance of ICI self-cancellation should be improved
due to a smaller number of active subcarriers by the nature of OFDM-IM. Therefore,
we expect a win-win situation as long as the ICI self-cancellation techniques can be
successfully integrated into the OFDM-IM architecture. We consider the one-path
implementation of the integration. For brevity, we take Zhao’s scheme [14], which
applies adjacent mapping and conversion operation, as an illustrative example.

Suppose that the system bandwidth is BT , which is occupied by a total of N
OFDM subcarriers. The subcarrier spacing is BS = BT /N . In the proposed scheme,
the N subcarriers are split into G = N/2L groups, each of which consists of 2L
subcarriers. For subcarrier group g, the subcarrier indices are given by

Ψ g = {βg
1 ,β

g
2 , . . . ,β

g
2L

}
, (4.71)

whereβ
g
l ∈ {1, . . . , N }with g = 1, . . . , G and l = 1, . . . , 2L . Note thatΨ g1∩Ψ g2 =

∅ and Ψ 1 ∪ · · · ∪ Ψ G = {1, . . . , N }, where g1, g2 ∈ 1, . . . , G and g1 �= g2. Here,
we consider the case that the subcarriers of indices

{
β

g
1 ,β

g
3 , . . . ,β

g
2L−1

}
follow the

interleaved mapping, i.e., β
g
2t−1 = 2 (Lg − L + t) − 1, and let β

g
2t = β

g
2t−1 + 1,

where t = 1, . . . , L , in order to allow ICI to be self cancelled.
Figure4.19 depicts the transmitter structure of the proposed scheme. First, a total

of q bits are equally split into G blocks, each of which consists of two parts p1 and
p2. This means G (p1 + p2) = q. Then, the first part p1 will determine the states
of all subcarriers and the second part p2 will modulate the symbols transmitted on

Fig. 4.19 Transmitter structure of the proposed scheme
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the active subcarriers within a subcarrier group. Details on how they work will be
presented in the following by taking block g as a demonstrative example, where
g ∈ 1, . . . , G.

The p1 bits determine m out of L subcarriers of indices
{
β

g
1 ,β

g
3 , . . . ,β

g
2L−1

}
to

be inactive and the other L subcarriers of indices
{
β

g
2 ,β

g
4 , . . . ,β

g
2L

}
follow the same

states as those of indices
{
β

g
1 ,β

g
3 , . . . ,β

g
2L−1

}
. Note that given L and m, there are

in total C (L , m) combinations of active/inactive subcarrier indices. Take L = 4
and m = 2 for example. All C (4, 2) = 6 combinations for subcarrier group g, i.e.,{
β

g
1 ,β

g
2 , . . . ,β

g
2L

}
, are listed as follows:

Ω
g
1 = {βg

1 ,β
g
2 ,β

g
3 ,β

g
4

} (
Ω̄

g
1 = {βg

5 ,β
g
6 ,β

g
7 ,β

g
8

})
,

Ω
g
2 = {βg

1 ,β
g
2 ,β

g
5 ,β

g
6

} (
Ω̄

g
2 = {βg

3 ,β
g
4 ,β

g
7 ,β

g
8

})
,

Ω
g
3 = {βg

1 ,β
g
2 ,β

g
7 ,β

g
8

} (
Ω̄

g
3 = {βg

3 ,β
g
4 ,β

g
5 ,β

g
6

})
,

Ω
g
4 = {βg

3 ,β
g
4 ,β

g
5 ,β

g
6

} (
Ω̄

g
4 = {βg

1 ,β
g
2 ,β

g
7 ,β

g
8

})
,

Ω
g
5 = {βg

3 ,β
g
4 ,β

g
7 ,β

g
8

} (
Ω̄

g
5 = {βg

1 ,β
g
2 ,β

g
5 ,β

g
6

})
,

Ω
g
6 = {βg

5 ,β
g
6 ,β

g
7 ,β

g
8

} (
Ω̄

g
6 = {βg

1 ,β
g
2 ,β

g
3 ,β

g
4

})

where g = 1, . . . , G, Ω
g
j represents the j-th combination of the active subcarrier

indices for subcarrier group g, and Ω̄
g
j is the complement of Ω

g
j with respect to

the set Ψ g, which therefore denotes the j-th combination of the inactive subcar-
rier indices for subcarrier group g. Usually, C (L , m) is not a power of 2. For ease
of implementation, only 2�log2(C(L ,m))� combinations are to be taken into account.
Under this constraint, we have p1 = �log2 (C (L , m))�. The way to select one out of
2�log2(C(L ,m))� combinations according to random bits has been provided in Sect. 4.2.2
and it is omitted here for brevity. Assume that the output of the index selector for
active subcarriers is

xg
c ∈ {Ωg

1 ,Ω
g
2 , . . . , Ω

g

2�log2(C(L ,m))�
}
. (4.72)

The p2 bits generate (L − m) M-ary modulated symbols, which implies that
p2 = (L − m) log2 (M). Assume that the vector of the modulated symbols at the
output of the M-ary modulator is

x̃g
s = [sg

1 , sg
2 , . . . , sg

L−m

]T ∈ X L−m . (4.73)

Then, the outputs, xg
c in (4.72) and x̃g

s in (4.73), are fed into the ICI self-canceling
modulation module. Consider Zhao’s scheme [14]. That is, a pair of adjacent sub-
carriers will convey the same information symbol with different polarity. Therefore,
the output of the ICI self-canceling modulation module is of the form

xg
s = [sg

1 ,−sg
1 , sg

2 ,−sg
2 . . . , sg

L−m,−sg
L−m

]T
. (4.74)

The elements of xg
s are the transmitted signals on the active subcarriers of indices xg

c .
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Denote the total transmit power of the system as PT . By taking into account xg
c and

xg
s for all g and concatenating G subcarrier groups, the frequency-domain OFDM
symbol is created as

x = [x1, x2, . . . , xN ]
T , (4.75)

where xi ∈ {0,√PG/2 (L − m)x1
s , . . . ,

√
PG/2 (L − m)xG

s } with PG = PT /G rep-
resenting the total transmit power within each subcarrier group, and i = 1, . . . , N .
Note that as the transmitter has no knowledge of channel state information, it is wise
to allocate active subcarriers with equal power. Also note that the power allocated
to each active subcarrier is PG/2 (L − m) for OFDM-IM rather than PG/2L for
classical OFDM in order to balance the total transmit power.

Before transmission, the IFFT is applied to (4.75), yielding

x̆k = 1√
N

N∑
i=1

xi e
j2π(i−1)(k−1)

N , k = 1, . . . , N , (4.76)

and a length-Q cyclic prefix (CP) of samples
[
x̆N−Q+1, x̆N−Q+2, . . . , x̆N

]T
is app-

ended to the beginning of the time-domain OFDM symbol x̆ = [x̆1, x̆2, . . . , x̆N
]T
.

Assume that the signal passes through a time varying multipath fading channel,
whose d-th tap at the n-th time instant is denoted by h̆d (n), where n = 1, . . . , N
and d = 1, . . . , D with D representing the number of channel taps, and the CP
length Q is no smaller than D − 1. Figure4.20 shows the receiving procedure of the

Fig. 4.20 Receiver structure of the proposed scheme
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proposed scheme. At the receiver, the CP of the received signal is first removed and
the application of the FFT is followed. The transformed frequency-domain received
signal on the i-th (i = 1, . . . , N ) subcarrier is thereby given by

yi = xi hi (0) +
N∑

k=1,k �=i

xi hi (i − k)

︸ ︷︷ ︸
ICI

+wi , (4.77)

where wi is the AWGN of power σ2 on the i-th subcarrier and hi (i − k) =
1
N

∑D
d=1

∑N
n=1 h̆d (n) e− j2π(i−k)(n−1)

N e−
√−12π(k−1)(d−1)

N . Here, σ2 = N0BS with N0 denoting
the power spectral density of the AWGN. In the remaining procedure, different oper-
ations from those in OFDM systems are performed. For brevity, we take subcarrier
group g as a demonstrative example in the following, where g ∈ 1, . . . , G.

First, the received signals on every two adjacent subcarriers are combined accord-
ing to the ICI self-cancelling principle, yielding

ỹβ
g
2t−1

= 1

2

(
yβ

g
2t−1

− yβ
g
2t

)
, t = 1, . . . , L (4.78)

where we have simply neglected the fading diversity between two adjacent subcar-
riers. For the following decoding purpose, let ỹβ

g
2t

= 0 with t = 1, . . . , L .
Then, the joint detection of the active/inactive subcarrier indices and the modu-

lated symbols is carried out based on the ML criterion:

(
x̂g

c , x̂g
s

) = argmin
xg

c ,x
g
s

∑
i∈Ψ g

∣∣∣ỹi − h̃i xi

∣∣∣2 (4.79)

where h̃β
g
2t−1

= (ĥβ
g
2t−1

+ ĥβ
g
2t
)/2 and h̃β

g
2t

= 0 with t = 1, . . . , L and ĥi representing
the channel estimate on the i-th subcarrier. Similar to Sect. 4.1.1, we can reduce the
computational complexity by decomposing the ML detector into two steps. In the
first step, we collect candidates for the modulated symbols as follows:

ŝg
t = argmin

s∈S

∣∣∣∣∣ỹβ
g
2t−1

− h̃β
g
2t−1

√
PG

2 (L − m)
s

∣∣∣∣∣
2

. (4.80)

Note that the outputs of (4.80) are L symbol estimates, but only (L − m) ones are
necessary. In the second step, we first calculate the following ML values:

η
g
t = 2�

{
ỹ∗
β

g
2t−1

h̃β
g
2t−1

√
PG

2 (L − m)
ŝt

}
−

PG

∣∣∣h̃β
g
2t−1

ŝt

∣∣∣2
2 (L − m)

. (4.81)
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Then, we decide on one hand on the (L − m) active indices who have maximum
ML values in (4.81), obtaining x̂g

c , and on the other hand on the (L − m) symbol
estimates in (4.80) with indices belonging to x̂g

c , obtaining x̂g
s . It is clear from (4.80)

and (4.81) that the computational complexity of the two-step ML detector is about
O (M) per subcarrier, which is the same as that of the classical OFDM detector.

Finally, the receiver de-maps
(
x̂g

c , x̂g
s
)
to the corresponding information bits in

reverse operations to the indexmapper and M-ary modulation for subcarrier group g,
and then collects all information bits from G subcarrier groups to complete reception
of an OFDM symbol.

4.3.2 Performance Evaluation

In this subsection, we evaluate the performance of the proposed scheme in V2X
channels.

So far, V2X channels have been extensively investigated. In the simulations, we
adopt the channel model proposed in [16], which typically regarded as a standard
V2X channel model dedicated for IEEE 802.11p. The measurement campaign was
carried out in the metropolitan Atlanta, Georgia area including six scenarios, which
are

• Scenario 1: V2V Expressway Oncoming;
• Scenario 2: V2V Expressway Same Direction with Wall;
• Scenario 3: V2V Urban Canyon Oncoming;
• Scenario 4: Roadside-to-vehicle (R2V) Expressway;
• Scenario 5: R2V Urban Canyon Oncoming; and
• Scenario 6: R2V Suburban Street.

The channel parameters for these six scenarios are listed in Table4.2. For brevity, we
only present the results under Scenario 1, Scenario 3, and Scenario 5, which cover
both vehicle to vehicle (V2V) and road to vehicle (R2V) channels and a wide range
of Doppler shifts.

Table 4.2 V2X channel parameters

Scenario Velocity (km/h) Doppler shift (Hz)

Scenario 1 104 1000–1200

Scenario 2 32–48 300

Scenario 3 104 900–1150

Scenario 4 104 600–700

Scenario 5 32–48 400–500

Scenario 6 32–48 300–500
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In the simulations, the channel estimation is performed by the preamble, which
is located prior to each OFDM data symbol and comprises an entire OFDM symbol
known to both the transmitter and the receiver. Then, the channel estimates are used
for the equalization and demodulation of the OFDM data symbol. For the proposed
scheme, the system parameters are chosen as: (1) G = 8, L = 4, m = 3, and QPSK
modulation; (2) G = 4, L = 8, m = 6 and QPSK modulation. For comparison, we
choose

• Scheme 1: OFDM with BPSK modulation;
• Scheme 2: OFDM with ICI self-cancellation and QPSK modulation;
• Scheme 3:OFDM-IMwith four subcarriers as a group, two subcarriers inactivated,
and BPSK modulation.

Note that all schemes achieve the same spectral efficiency, i.e., 1 bps/Hz (without
taking into account the null subcarriers and pilots), which means the comparison is
fair in this sense.

Figure4.21 shows the performance comparison results between Schemes 1–3 and
the proposed scheme (G = 8, L = 4, m = 3, and QPSKmodulation) under different
scenarios. As can be seen, when SNR is low, Schemes 1 and 2 perform better than
the OFDM-IM and the proposed scheme. This is because when the SNR is low, the
noise largely contributes to the power of received signals, such that the power of
the received signal at each inactive subcarrier becomes comparable to that at each
active subcarrier, misleading the detection of subcarrier active statues. To make the
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Fig. 4.21 BERperformance comparison for Scenario 1, Scenario 3, and Scenario 5 amongSchemes
1–3 and the proposed scheme (L = 4, m = 3, and QPSK modulation)
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proposed scheme more practical, when SNR is below 10 dB, all subcarriers pairs in
the proposed scheme can be set to be active. In this manner, we avoid the detection
of the subcarrier active statues at the receiver and the proposed scheme is equivalent
to the OFDM with the ICI self-cancellation scheme.

As the SNR increases, it can be seen that OFDM-IM and the proposed scheme
outperform the classical OFDM scheme. This happens because the subcarriers in
OFDM-IM and the proposed scheme are grouped in an interleaved manner, which
reduces the effect of correlated frequency-selective fading in V2X channels signif-
icantly. However, OFDM-IM performs worse than Scheme 2 and exhibits an error
floor at 25 dB. It can be understood since the ICI caused by Doppler shift largely
deteriorates the system performance of OFDM-IM, while it is suppressed by the ICI
self-cancellation method in Scheme 2. As can be seen in Fig. 4.21, when BER falls
below 10−2, the proposed scheme performs better than classical OFDM and OFDM-
IM under different scenarios, andmore importantly, even better than OFDMwith ICI
self-cancellation. This is as expected because in the proposed scheme, with the ICI
self-cancellation technique being integrated into the OFDM-IM frame work, almost
N (L − m)/L subcarriers transmit zero energy and the number of active subcarriers
which actually incur ICI is reduced to (m/L)N . Note that the above-mentioned SNR
threshold, i.e., 10 dB, is meaningful since at it the BER value is around 10−2, which
is required by most practical systems.

As detailed in Table4.3, Scenario 1 has the highest Doppler shift. Correspond-
ingly, the BER error floors are the highest for all three schemes. However, it is worth
mentioning that the proposed scheme performs best when the Doppler shift is rela-
tively high. This is because as the Doppler-induced ICI becomes dominant, the effect
of ICI suppression in the proposed scheme becomes more obvious with the adoption
of the ICI self-cancellation technique.

In proposed scheme, the change of symbol modulation size can be offset by the
subcarrier activation parameters to maintain the same transmitted information rate.
Therefore, alternative to the parameter set used to generate Fig. 4.21, one can use
L = 8, m = 6, and QPSK modulation without affecting the transmitted information
rate. The corresponding results are shown in Fig. 4.22. From Fig. 4.22, we observe
similar phenomenon to Fig. 4.21.

Table 4.3 System parameters of V2X channels

Parameter Value

Signal bandwidth 10 MHz

Carrier frequency 5.9 GHz

Number of total subcarriers 64

Number of cyclic prefix 16

Subcarrier spacing 156.3 kHz

OFDM symbol duration 8 µs
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Fig. 4.22 BERperformance comparison for Scenario 1, Scenario 3, and Scenario 5 amongSchemes
1–3 and the proposed scheme (L = 8, m = 6 and QPSK modulation)

4.4 Summary

In this chapter, we introduced a novel frequency-domain index modulation scheme,
called OFDM-IM. The achievable rate of OFDM-IM was analyzed, which provides
insights into its strong potentials. To further improve the diversity gain, the coding
gain, and the spectral efficiency of OFDM-IM, the interleaved grouping approach,
the ESA method, the OFDM-HIM scheme, and the OFDM-I/Q-IM scheme were
proposed. Finally, the idea of integrating ICI self-cancellation techniques into the
OFDM-IM framework was clarified, and the superior ICI mitigation performance of
the proposed scheme was verified in V2X channels.

References

1. D. Tse, P.Viswanath,Fundamentals of Wireless Communications (CambridgeUniversity Press,
Cambridge, 2005)

2. H. Bolcskei, D. Gesbert, A.J. Paulraj, On the capacity of OFDM-based spatial multiplexing
systems. IEEE Trans. Commun. 50(2), 225–234 (2002)

3. T.M. Cover, J.A. Thomas, Elements of Information Theory, 2nd edn. (Wiley, New York, 2006)
4. W. Zeng, C. Xiao, M. Wang, J. Lu, Linear precoding for finite-alphabet inputs over MIMO

fading channels with statistical CSI. IEEE Trans. Signal Process. 60(6), 3134–3148 (2012)



References 149

5. I.S. Gradshteyn, I.M. Rhyhik, Table of Integrals, Series and Products, 7th edn. (Academic,
New York, 2007)

6. J.M. Kahn, J.R. Barry, Wireless infrared communications. Proc. IEEE 85(2), 265–298 (1997)
7. Y. Yang, B. Jiao, Information-guided channel-hopping for high data rate wireless communica-

tion. IEEE Commun. Lett. 12(4), 225–227 (2008)
8. M. Di Renzo, H. Haas, Bit error probability of SM-MIMO over generalized fading channels.

IEEE Trans. Veh. Technol. 61(3), 1124–1144 (2012)
9. E. Basar, U. Aygolu, E. Panayirci, H.V. Poor, Orthogonal frequency division multiplexing with

index modulation. IEEE Trans. Signal Process. 61(22), 5536–5549 (2013)
10. J. Harshan, B.S. Rajan, On two-user Gaussian multiple access channels with finite input con-

stellations. IEEE Trans. Inf. Theory 57(3), 1299–1327 (2011)
11. Telesystem Innovations, LTE in a Nutshell: System Overview. White Paper (2010)
12. D. Tsonev, S. Sinanovic, H.Haas, Enhanced subcarrier indexmodulation (SIM)OFDM, inPro-

ceedings of the IEEE Global Communications Conference (GLOBECOM) Workshops, Hous-
ton, TX, USA (2011), pp. 728–732

13. N. Ishikawa, S. Sugiura, L. Hanzo, Subcarrier-index modulation aided OFDM - will it work?
IEEE Access 4, 2580–2593 (2016)

14. Y. Zhao, S.G. Häggman, Intercarrier interference self-cancellation scheme for OFDM mobile
communication systems. IEEE Trans. Commun. 49(7), 1185–1191 (2001)

15. M. Wen, X. Cheng, X. Wei, B. Ai, B. Jiao, A novel effective ICI self-cancellation method, in
Proceedings of the IEEE GLOBECOM, Houston, TX, USA (2011), pp. 1–5

16. G. Acosta-Marum, M.A. Ingram, Six time- and frequency-selective empirical channel models
for vehicular wireless LANs. IEEE Veh. Technol. Mag. 2(4), 4–11 (2007)



Chapter 5
Conclusions and Future Directions

5.1 Conclusions

In this monograph, we investigated the space, space-time, and frequency domain
index modulation techniques from three aspects, namely transceiver design, perfor-
mance analysis, and performance optimization.

Firstly, we explored the potential of index modulation in the space domain. By
extending the idea of SM to the receiver side, we proposed the GPQSM scheme,
which allows activation of multiple receive antennas and further exploits both in-
phase and quadrature dimensions. GPQSM generalizes the ZF/MMSE pre-coding
aidedSMschemes and conventionalMIMO.TheABEPperformance ofGPQSMwas
analyzed and the superiority of GPQSM over conventional MIMO in terms of ABEP
was revealed. The deficiency of ZF/MMSE pre-coding aided SM schemes lies in the
resulting correlated channels and the constraint on the antenna configuration, which
motivated us to propose the VSM scheme. Unlike all reported pre-coding aided SM
schemes that exploit practical channels to convey information, VSM performs index
modulation on virtual parallel channels resulting from the SVD of MIMO channels.
The SVD relaxes the restriction on the antenna configuration, allowing VSM to be
used as either a transmitter-side or a receiver-side SM scheme. To investigate the per-
formance of VSM, tight upper bounded and asymptotic ABEPs were derived. Owing
to less channel correlation, VSM significantly outperforms the existing precoding-
aided SM schemes especially for relatively low transmission rates. To explore the
potential of space domain index modulation techniques in the application to coop-
erative communication scenarios, we chose SSK modulation as a representative and
discussed how it can be used in two-way AF relaying. A pragmatic communica-
tion strategy was proposed, in which the transceiver sends the signal by employing
SSK modulation and detects the signal based on the MRC principle. By considering
Nakagami-m fading channels, upper bounded and asymptotic ABEPs were derived.
Moreover, the power allocation issue was also solved.

Secondly,we explored the potential of indexmodulation in the space-timedomain.
The DSM scheme, which exploits the antenna activation order to convey additional
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information, was proposed as a representative. DSM transmits space-time matrices
that contain only one non-zero element in each row and each column, enabling
differential modulation and demodulation. The ABEP performance of DSM was
analyzed and a less-than-3dB performance loss was observed as compared with
coherently detected SM. To solve the problem of high demodulation complexity, we
proposed a low-complexity sub-optimal detector for DSM. The idea was motivated
by the special structure of the information matrix, to which a Viterbi-like algorithm
applies. Noticing that errors mainly arise from the differentiation between any two
antenna activation orders having only two indices difference, we proposed the idea of
Gray coding to minimize the performance loss. With Gray coding, any two antenna
activation orders having only two indices difference always differ from only one bit,
improving the coding gain achieved by the DSM system. Based on the Gray coding
framework, we further proposed the I-gray code order to improve the diversity gain
achieved by the DSM system, where the permutations of active antenna indices
are selected from the odd (or even) positions of the full permutations in the gray
code order. Apart from the transmitter-side DSM scheme, we further proposed the
receiver-side DSM scheme, namely PDSM, which resorts to the ZF/MMSE pre-
coding at the transmitter to activate a single receive antenna at each time instant and
utilizes the activation order of the receive antennas for index modulation. The ABEP
performance of PDSM was analyzed and a no more than 3dB performance loss was
resulted as compared with PSM. To explore the potential of space-time domain index
modulation techniques in the application to cooperative communication scenarios,
we chose DSM and PDSM as representatives and discussed how they can be used in
dual-hop AF relaying. We formed the DH-HDSM architecture by applying PDSM
for the first hop and DSM for the second hop. To achieve high energy efficiency,
single RN activation was ensured by either CD or DD protocols at the RNs, and
in particular, a low-complexity near-optimal algorithm was proposed for DD. To
evaluate the performance, ABEP upper bounds were provided for both CD and DD
algorithms and the coding gain and diversity order of CD were analyzed. Based on
the flexibility of RN configurations, we also analyzed the optimal systems setups to
achieve either the optimum ABEP or the maximum energy efficiency.

Finally, we explored the potential of index modulation in the frequency domain.
The OFDM-IM scheme, which conveys additional information through activation of
subcarriers, was considered for this purpose. We for the first time conducted coded
performance analysis for OFDM-IM, which takes into account both finite and infi-
nite constellations input. It was revealed that OFDM-IM significantly outperforms
plain OFDM in the case of finite constellation input especially for relatively low
transmission rates and always performed worse in the case of infinite constellation
input due to a loss of degrees of freedom. A useful lower bound on the achievable
rate in closed form was also provided, which can be used to design the optimal
subcarrier activation strategy, and it was found that the superiority of OFDM-IM
over plain OFDM is greater for PSK than for QAM. To improve the diversity gain
achieved by OFDM-IM, the interleaved grouping was proposed and shown to out-
perform the existing localized grouping with an SNR gain of up to 3dB. To improve
the coding gain achieved by OFDM-IM, we proposed the ESAmethod, which allows
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equiprobable activation of subcarriers. The ESAmethod is preferred over the existing
subcarrier activation methods especially for relatively low transmission rates, which
happen to be favorable for OFDM-IM. The presence of empty subcarriers restricts
the spectral efficiency of OFDM-IM systems. To solve this problem, we proposed the
OFDM-HIM and OFDM-I/Q-IM schemes. OFDM-HIM introduces an additional bit
for mode selection between OFDM-IM and plain OFDM in each subcarrier group,
which can be detected by checking the presence of the inactive subcarrier. The achiev-
able rate analysis for OFDM-HIM systems verified its advantages. OFDM-I/Q-IM
further exploits the in-phase and quadrature dimensions for index modulation. It was
verified that OFDM-I/Q-IM can harvest more than 6dB SNR gain over plain OFDM-
IM under the same spectral efficiency. Since OFDM-IM is a variant of OFDM, it
is susceptible to ICI. The key feature of OFDM-IM that partial subcarriers are kept
inactive provides possibility to mitigate the ICI. To explore this potential, we inte-
grated ICI self-cancellation techniques into the OFDM-IM framework and designed
the variable OFDM-IM transceiver. Through simulations over V2X channels, the
superior ICI mitigation performance of the proposed scheme was verified.

5.2 Future Directions

In this monograph, we mainly studied several representative index modulation tech-
niques that exploit either the space, space-time, or frequency resources. However,
there are still open problems.

Firstly, only Rayleigh fading channels are considered for the performance analy-
sis of the PDQSM and VSM schemes. However, the practical channel may fit the
Nakagami-m channel model for its generality. For this model, our analytical tech-
niques face a great challenge since the joint PDF of the gains of the resulting parallel
channels from pre-coding is difficult to characterize.

Secondly, the DSM schemeworks for PSK input only. For QAM input, the current
DSM design fails to guarantee the closure property under multiplication and requires
increasing transmit power as more and more DSM blocks are transmitted.

Thirdly, the diversity order of the OFDM-IM system is limited to unity. The
CIOD method is designed in the literature for plain OFDM-IM systems to improve
the diversity order to two, but it cannot be directly applied to OFDM-I/Q-IM systems
since the symbols carried on the real and imaginary parts of the subcarriers are drawn
from independent PAM constellations.

On the other hand, there is also much research space for the development of new
index modulation techniques.

Index modulation in the space domain can be also realized by grouping transmit
antennas. This applies to the case that the number of transmit antennas is larger
than that of receive antennas and should be coupled with pre-coding. With pre-
coding, the number of resulting parallel channels is always equal to that of receive
antennas as long as a group of transmit antennas whose number is no less than that of
receive antennas are involved. Since different groups of transmit antennas involved
for pre-coding result in different parallel channels, additional information bits can be
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modulated into the indices of groups, thus enhancing the spectral efficiency.However,
the advantage is obtained at the sacrifice of diversity gain and this schememay suffer
from considerable ambiguity if different groups overlap significantly. To tradeoff the
error performance and spectral efficiency, sophisticated grouping for the transmit
antennas is needed. In addition, low-complexity near-optimal detection is demanding
for this design.

Index modulation in the frequency domain can be also realized by assigning mul-
tiple modes to OFDM subcarriers. In current OFDM-IM systems, only two modes
are available, which are null and conventional M-ary constellation, and the null mode
itself cannot carry any information. Assigningmoremodes to a subcarrier is an effec-
tive means to improve the spectral efficiency. These modes should be as diverse as
possible to ensure satisfactory error performance, which can be designed, for exam-
ple, based on the minimum Euclidean distance criterion. The index modulation can
be then performed by selecting the specific transmit modes associated with different
subcarriers. Another realization of index modulation in the frequency domain can
be the joint exploration of the in-phase and quadrature dimensions. This should not
be mistaken with OFDM-I/Q-IM that explores the two dimensions independently.
Indeed, indexing the elements across in-phase and quadrature dimensions allows us
to modulate more bits. However, the error performance may be degraded without
careful choosing the elements since the real and imaginary parts of the received sig-
nals are correlated. A wise method to circumvent this problem should discard those
elements whose in-phase and quadrature components lie at the same subcarrier fre-
quency.

Indexmodulation in the time domain is especially suitable for single-carrier trans-
mission and fast fading channels. Recall that the single-carrier frequency domain
equalization (SC-FDE) transmitted signal is related to the frequency-domain finite
constellation input through IFFT. Discarding some samples of the SC-FDE signal
will not affect the system performance much as the distortion can be compensated to
some extent. The indices of discarded samples can be then used to carry additional
information. On the other hand, the fast fading channel supports diversity gain for this
index modulation system. For this method, the number of discarded samples should
be carefully determined to guarantee an endurable distortion level; otherwise, the
error performance may be seriously degraded since the distortion is not recoverable.

Index modulation in the space-frequency domain can be also applied to the
receiver side via pre-coding. Since with pre-coding the received signals at differ-
ent receive antennas are free of interchannel interference, the joint selection of the
active elements in space and frequency domains will not increase the detection com-
plexity as at the transmitter side. The detection at the receiver side is exactly the same
as in OFDM-IM. In order to optimize the performance, we should minimize the cor-
relation between the channel coefficients among the space-frequency blocks. When
interleaved grouping is applied, which means the correlation among subcarriers in
the same space-frequency block isminimized, the performance solely depends on the
correlation among the antenna elements at the same subcarrier frequency. Since the
pre-coding operation introduces correlation among channel coefficients at the same
subcarrier frequency, the optimal performance can be obtained when the elements at
the same subcarrier frequency are distributed to different groups.
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