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Preface

The integrated successive-approximation-register (SAR) analog-to-digital con-
verter (ADC) is known to present a remarkable energy efficiency. Additionally,
the SAR ADC is a very scaling-friendly architecture, due to its highly digital and
switching-intensive nature and its ability to effortlessly accommodate rail-to-rail
signals without resorting to precision amplifiers. These characteristics have been
boosting the popularity of SAR ADCs as process scaling reduces the transistor’s
intrinsic gain and supply voltages. The most basic form of an SAR ADC requires
a voltage comparator, a digital controller, a track-and-hold (TH) circuitry, and a
digital-to-analog converter (DAC).

In most of the reported designs, the DAC of an SAR ADC is capacitive and relies
on the charge-redistribution (CR) principle. Alternatively, an SAR ADC that relies
on the charge-sharing (CS) principle has been proposed more recently. The main
advantages of the CS-ADC are that it is immune to inaccuracies in the reference
buffer during the conversion and requires less demanding buffers for the input signal
and the reference voltage. Additionally, the CS-ADC allows the use of nonlinear
capacitors. On the other hand, the CS-ADC is less tolerant to noise and to the
comparator offset, which limits the competitiveness of the architecture. Finally, the
literature lacks a comprehensive analysis of the limiting factors of CS-ADCs.

The aim of this book is to fill the gap in knowledge that exists for CS-ADCs
by providing an in-depth analysis of the architecture and quantifying its limiting
factors. Finally, the insights gained through this analysis are applied to devise tech-
niques that mitigate the critical drawbacks of the architecture and allow the design
of energy-efficient SAR ADCs for low-voltage applications. These techniques are
validated through the design of two SAR ADCs that operate at supply voltages
down to 0.35 and 0.4 V. Experimental results show that the two reported ADCs
present the best energy efficiency among ADCs designed in technologies down to
0.13 um. Additionally, one of the presented prototypes is the first demonstration
of SAR ADC that uses a DAC with very-nonlinear capacitors, benefitting from
the improved capacitance density and matching characteristics of metal-oxide-
semiconductor (MOS) capacitors.
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Introduction
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1.1 Background

Before the Industrial Revolution, delivering a message to another person depended
on rudimentary communication systems, such as horseback post riders and pigeon
post. In that era, information was propagated in a speed that hardly exceeded a
few kilometers per hour. The outcomes of these lagging methods are perplexing.
For instance, the Battle of New Orleans, which was fought in January of 1815 in
Louisiana, USA, took place after the Treaty of Ghent was signed between the United
Kingdom and the USA 2 weeks before. The treaty was supposed to end the war and
hostilities between the parties, but since the message did not arrive from Europe
soon enough, more than 400 soldiers lost their life in that battle [1]. Only in 1844
these figures started to change significantly, after the invention of the telegraph and
the consequent dissemination of this technology towards different parts of the world.
The Mino—Owari earthquake, occurred in Japan in 1891, was reported to London on
only 1 day of delay, despite the almost 6000 km separating the countries. Later, the
introduction of the vacuum tube, in 1907, the transistor, in 1947, and the integrated
circuit, in 1959, enabled further advancements in electronics, that enhanced the
telecommunication systems at a similar rate. In the current days, electronics is an
omnipresent element of culture, and information crosses the globe in a fraction of a
second.
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2 1 Introduction

In the past five decades, scientists and engineers worked towards increasing the
level of integration of transistors in integrated circuits and reducing their fabrication
costs. In 2009, it was estimated that around one billion transistors were made for
every person in the world every year, and that rate was growing fast [2]. Back in
1969, the first integrated circuit with silicon gate from Intel, the 1101 256-bit static
random access memory (RAM) chip, comprised approximately 2000 transistors.
To put into perspective, a modern graphics processing unit (GPU), such as the
Nvidia’s GK110, uses 7.1 billion transistors in a 28-nm process. The advancements
in integration brought together improvements in the performance and cost of the
integrated circuits. A modern central processing unit (CPU) chip fabricated in
a 22-nm process runs with a clock over 4000 times faster, and each transistor
consumes about 5000 times less energy when compared to the first microprocessor,
the Intel 4004, introduced in 1971. Simultaneously, the price per transistor has
dropped by a factor of about 50,000 [3].

The unprecedented evolution of speed, power efficiency, and level of integration
in modern complementary metal-oxide-semiconductor (CMOS) technologies moti-
vates the replacement of conventional analog-domain signal processing and storage
by digital alternatives. On the other hand, the world is still analog, where the signals
appear in continuous time and with continuous amplitude. Consequently, there is a
need for interfacing circuits to bridge the two signal domains. The role is fulfilled
by the digital-to-analog converter (DAC) and the analog-to-digital converter (ADC).
The performance of these circuits is measured concerning the triad: power, speed,
and resolution. The requirements of resolution and speed for an ADC or DAC are
dictated by the system specifications and the characteristics of the signal to be
processed. Commonly, power consumption should be simultaneously minimized,
specially in battery-powered applications.

The search for improvements in the energy efficiency of an ADC is a persistent
engineering problem and is a critical issue for many of the modern technology
trends, such as sensor networks, wearable computing, and biomedical electronics.
Additionally, many of these applications consume energy that is collected from
the environment, e.g. through solar cells or radio-frequency (RF) harvesters. These
energy scavengers can provide only a limited amount of power to the circuits and,
in most of the cases, a limited voltage as well. A measure commonly employed to
quantify the energetic efficiency of an ADC is the figure-of-merit (FOM), which is
defined in (1.1), given that P is the total power drained by the ADC, effective number
of bits (ENOB) is a quantity that is related to the accuracy of the conversion, and fs
is the sampling frequency.

P

FOM = DENOB *

(1.1)

Many topologies of ADCs exist, covering different applications and require-
ments. The graph in Fig. 1.1 summarizes the ADCs published from 2000 to 2015
in International Solid-State Circuits Conference (ISSCC) and Symposium on VLSI
Circuits (VLSIC), in terms of effective resolution, speed, FOM, and architecture [4].
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Fig. 1.1 Summary of ADCs published in ISSCC and VLSIC from 2000 to 2015 [4]

The plot reveals a trade-off involving power, speed, and energetic efficiency. The
fastest ADCs have lower resolutions and worse energy-efficiency; the ADCs with
higher resolutions are slower and less energy-efficient; finally, the most energy-
efficient ADCs are far from the leading-edge of speed or resolution.

The trade-off may be reasoned as follows. As the ADCs approach the leading-
edge of conversion speed, the architecture to be employed requires a higher level
of parallelism. It is more difficult to increase the resolution of highly parallel archi-
tectures, as the circuit complexity grows exponentially with resolution. Moreover,
highly parallel architectures are naturally less energy efficient, because a larger
number of components are activated simultaneously, draining more power for the
same resolution. On the other extreme, the ADCs designed towards the leading-
edge regarding resolution present lower sampling rate as they take advantage of
oversampling to minimize the quantization noise. High-resolution ADCs are, in
most of the cases, noise-limited, requiring large internal capacitances to assist in
noise filtering, ultimately increasing the power consumption. Another important
issue is that process scaling does not directly improve the noise characteristics of
integrated circuits, and therefore, the benefit of scaling in noise-limited topologies
is minor. As the supply voltage shrinks, it limits the input swing of the ADCs,
consequently reducing the available dynamic range while making the ADCs less
noise-tolerant. Hence, the resolution of modern integrated ADCs operating in the
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Fig. 1.2 SAR ADCs (including time-interleaved SAR and pipelined-SAR) versus total of ADCs
published in ISSCC and VLSIC per year since 1997 [4]

Nyquist range hardly exceeds 14 bits [5]. Fortuitously, the applications on both high-
ends, high-resolution or high-speed, concern performance much more than energy
efficiency and may tolerate an increased power consumption.

In the middle of the range in the plot of Fig. 1.1, we find the zone of moderate
resolution (8—12 bits) and moderate speed (tens of kSps to tens of MSps) ADCs.
According to the figure, these are the ADCs that provide the best energy efficiency.
In the past decade, the successive approximation register (SAR) ADC became the
dominant topology for this set of specifications while drawing a lot of attention
from the scientific community. In Fig. 1.2 it is shown the number of SAR ADCs
contrasted to the total number of ADCs published in ISSCC and VLSIC from 1997
to 2015 [4].

Before 2006, SAR ADCs appeared only occasionally in these conferences
and most of the specialized publications. Starting in that same year, the number
of published SAR ADCs grew consistently. In 2015, one-half of all the ADCs
published in ISSCC and VLSIC were SAR or used SAR ADCs as building blocks
(for example, in pipelined or time-interleaved architectures). Most of the success of
the SAR ADC comes from its scaling-friendly nature, that enables the architecture
to present outstanding energy efficiency when implemented in modern technologies.
One of the aspects that makes the SAR ADC a befitting topology for deep sub-
micron processes is that it does not resort to precision amplifiers, which are known
to perform dreadfully in these technologies due to low intrinsic transistor gain.
Moreover, since the SAR is based on switched capacitors, it benefits directly from a
faster transistor speed, as it leads to also faster-switching speed.

The majority of the SAR ADCs rely on a DAC that uses the charge-redistribution
(CR) principle [6], a very mature technique that has been successively employed
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for the past four decades. Enhanced switching schemes based on the CR operating
principle have been devised in the recent years, leading to further improvements in
the energy efficiency of the architecture. A different approach for implementing the
DAC of a SAR ADC was proposed in 2007 [7], and is known as the charge-sharing
(CS)-ADC. The CS-based topology shares all the merits of SAR ADCs, such as
requiring only a comparator as active circuit and operating following a highly digital
procedure. Similarly, the CS-ADC also shares most of the advantages of the CR
architecture, as it requires very similar circuit blocks. In some aspects, however,
the architectures diverge, and the CS-ADC presents advantages and drawbacks
when compared to the CR-ADC. For example, the CS-ADC presents an entirely
passive operation after the precharge phase, obviating or at least greatly relaxing
the reference buffer. The possibility of relaxing the buffer specifications makes the
CS-ADC a good choice of topology in applications that operate under low-voltage
supplies, where the design of the voltage buffers is burdened by the limited voltage
headroom. On the other hand, the CS-ADC is not as tolerant to the comparator
offset as the CR-ADC, requiring some sort of offset calibration in the comparator to
achieve high linearity.

Nevertheless, the CS-ADC never achieved the same popularity of the CR-based
architecture and had been employed in a very limited number of designs. Figure 1.3
shows the total number of CR- and CS-ADC designs presented in ISSCC and
VLSIC, from 2007 (the year when the topology was introduced) to 2015 [4]. In
these conferences, only four publications present CS-ADCs [7-10]. In addition,
to the author’s knowledge, there are only two other references of silicon-verified
CS-ADC:s published in other conferences and journals [11] and [12] excluding the
outcomes of this book. Still, [12] reports the same design as [10].

Given the limited literature, and recognizing that all the works except for [12]
were published in conferences with limited room for theory, the amount of available
tutorial material is scarce. While most of the characteristics of the more mature

SAR ADC publications

2007 2008 2009 2010 2011 2012 2013 2014 2015
Year

Fig. 1.3 CS and CR SAR ADC publications per year [4]
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CR-ADC have been extensively modeled and verified, including the power con-
sumption [6, 13—19], linearity [20], noise [21], and statistical properties of resolution
and yield [22], the same analyses are not available to the CS counterpart. Still,
despite the reduced number of publications on CS-ADCs, there is no indication
in literature that either of the architectures is universally superior. The CR-ADC
is much more often used, probably because of the popularity and maturity of the
architecture.

1.2 Research Goals

This book aims to fill the gap in knowledge that exists for CS-ADCs, by providing
an in-depth analysis of the architecture and modeling of its limiting factors. The
achieved understanding is exploited to improve the performance and to mitigate
some critical pitfalls of the architecture. While pushing the limits of the topology,
the performance of the CS-ADC is brought closer to that of state-of-the-art designs.
Finally, the insights gained through the research are applied to the design of energy-
efficient SAR ADC:s for ultra-low voltage applications.

1.3 Book Outline

This book is organized into eight chapters. Following this introduction, Chap.2
presents the engineering problem and shows the motivation for the design of low-
voltage low-power (LVLP) ADCs. Fundamental aspects of data conversion such
as sampling and quantization are also revisited, and the three most widely used
search methods in Nyquist-rate ADCs are reviewed. This brief review is carried
out to support the choice of the SAR topology for LVLP applications. In Chap. 3,
the most relevant switching schemes employed in SAR ADCs are reviewed and
compared. A summary shows that the CS scheme shows attractive features for
LVLP applications. In Chap. 4, the most important sources of error in CS-ADC are
analyzed and quantified. Since the performance of the voltage comparator employed
in the ADC directly and strongly affects the overall ADC performance, Chap.5
introduces a noise-aware technique for synthesis and optimization of efficient
comparators. Chapter 6 introduces the local voltage boosting and the comparator
offset background auto-zeroing techniques. These techniques are experimentally
validated with the design of an 8-bit CS-ADC. Chapter 7 introduces a DAC
topology based on the use of a metal-oxide-semiconductor capacitor (MOSCAP)
as unitary capacitance cell and investigates its advantages in CS-ADCs over the
conventional DAC based on linear capacitors. A 9-bit SAR ADC is designed using
this DAC topology and the experimental results validate the technique. Finally,
Chap. 8 summarizes and concludes this book.
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1.4 Original Contributions

The main contributions of this book are as follows:

Chapter 4 carries out an in-depth analysis of the limiting factors to the perfor-
mance of the CS-ADC. The impact of several nonidealities is analyzed, including
mismatch, parasitics, comparator offset, and noise.

Chapter 5 introduces a noise-aware computational framework for synthesis
and optimization of dynamic comparators. The framework employs genetic
algorithms and simulation techniques that are traditionally used for RF circuits,
such as periodic steady-state and cyclostationary noise analysis [23];

Chapter 6 proposes two techniques that enable implementations of CS-ADC to
present low power consumption and operate with low-voltage supplies: offset
auto-zeroing for dynamic comparators and local voltage boosting to decrease
the switches resistance. The mentioned techniques are experimentally validated
through the implementation and measurements of an 8-bit ADC prototype [24].
Additionally, a topology of a custom-designed digital successive approximation
controller which relies on dynamic logic is proposed and validated through
simulations and experimentally. This controller is employed in the fabricated
ADC prototypes presented in this book.

Finally, a topology of DAC for CS-ADCs that uses only MOSCAPs instead
of linear capacitors is proposed and validated. MOSCAPs provide the best
capacitance density among all the possible implementations of capacitors in
integrated circuits. Additionally, it is demonstrated in Chap.7 that the use
of MOSCAPs greatly mitigates the drawbacks of the conventional CS-ADC,
namely susceptibility to comparator offset and decreased tolerance to noise. This
technique is validated with the design and experimental measurements (including
characterization in a temperature chamber) of a 9-bit CS-ADC prototype [25, 26].
The two presented ADCs are, to the authors’ knowledge, the two ADCs with the
best FOM for technologies down to 0.13 um, and the two CS-based ADCs with
the best FOM reported so far.

1.5 Final Remarks

During the research that led up to this book, a few other techniques were proposed.
However, since we were not able to experimentally validate those ideas, they were
not included in this book. In [27], a CS-ADC that utilizes an integrated step-
down voltage converter to generate the precharge voltage for the DAC is reported.
The integrated voltage conversion provides significant energy savings. In [28],
a 12-bit CS-ADC that employs background self-calibration of the DAC mismatches
is reported. The mismatches are calibrated using dynamic body-biasing. Thus, the
bodies of the MOSCAPs employed in the DAC are properly biased to compensate
for mismatches. The techniques proposed in these two publications were validated
through circuit-level simulations.
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Chapter 2
ADC:s for Low-Voltage Low-Power Applications
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2.1 Introduction

There is an assortment of emerging applications for which energy consumption is a
key metric. Implantable biomedical systems, for instance, are of keen interest in a
variety of medical areas, as they can be utilized to treat disorders such as epileptic
seizures and Parkinson’s disease [1]. These units also led to promising results in
rehabilitative prosthetic devices to help disabilities such as deafness and blindness
[2]. Another example of highly energy-constrained application is a wireless sensor
network (WSN), that relies on the inter-cooperation of many nodes, distributed
throughout an area of interest, to sense environmental parameters. This approach
to computational networking has been shown to enable a viable solution for health,
structural, industrial, military, and habitat monitoring [3-7].

Minimizing the power consumption of all the circuits used in these applications
is critical, because it is usually impractical to supply by wires the energy that these
devices need to operate. Also, the size of the units is frequently prone to serious
limitations, to allow them to be conveniently placed or implanted, consequently
restricting the volume of the batteries. As the energy storage in a battery is
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proportional to its volume, the available energy is very limited. Another aggravating
factor is that, in many applications, it is inconvenient to replace the battery of the
devices: in the case of medical devices, a battery replacement may require a surgical
procedure; in the case of WSNs, the nodes may be in harsh environments or be
mobile.!

For WSNs and many biomedical devices, each unit is a piece of hardware that
performs sensing, computation, and communication. They consist of sensors, a
data acquisition block, a micro-controller, radio communication circuitry, a power
management unit (PMU), and power sources. A block diagram of a WSN node
is shown in Fig.2.1. The sensor converts an environmental parameter such as
temperature, humidity, or pH to an electrical signal delivered as voltage or current.
Then, the data acquisition block performs preprocessing and amplification on the
signal, which is finally converted to the digital form by an ADC. This conditioned
signal is processed and stored in the micro-controller. The controller also provides
some level of intelligence to the sensor node, such as time scheduling and data
compressing. Finally, the RF block allows the node to communicate with the
neighboring nodes and the base-station, depending on the network topology. The
energy sunk by these modules is provided by the energy sources and is managed by
the PMU.

Fortunately, energy harvesting technology has emerged as a promising solution
to enable self-sustainable devices. The ultimate goal in this context is that the energy
consumption is sufficiently low that can be totally harvested from the environment,
presenting a theoretical unlimited lifetime. Still, a rechargeable battery or a super-
capacitor is employed to bear the power peaks and to provide a backup source when
the environment is unable to suffice the energy required by the unit. Table 2.1
shows power densities of four forms of energy suitable to be harvested in an
approximate scale [9, 10]. The outdoor solar energy presents the highest density and
RF presents the lowest. While the values provided in Table 2.1 are valid for specific
test conditions, the environmental conditions may be subject to large variations and

!Take, for example, the ZebraNet [8], which is a habitat monitoring system that requires zebras
to wear global positioning system (GPS) collars. The specimens would have to be re-captured for
every battery replacement.
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Table 2.1 Power densities for different forms of power harvesting

[9, 10]

Source Condition Power density

Solar Direct sunlight 7.5 mW/cm?
Indoor 100 uW/cm?

Thermal AT =5°C 60 wW/cm?
AT =10°C 135 uW/cm?

Vibrational 1 m/s? (vibrations in the Hz-range) 4uW/ecm?

RF Separated 2 m from the RF transmitter 14 mW/cm?
Unless near a RF transmitter <1 uW/cm?

greatly affect the values of available power. For example, the hours of direct sunlight
may be severely reduced during the winter, and a rainy day may leave the solar
cell with no direct sunlight at all. These factors have to be accounted for while
dimensioning the power circuit of the node, and remind us that it is beneficial to
minimize the power consumption of the circuit blocks employed in the system. In
addition, most of the forms of energy harvesting generate a very limited voltage.
A typical single solar cell can output 400-500 mV, depending on lighting conditions,
while thermoelectric generators are able to generate 150-250mV [11]. Therefore,
it is necessary that the PMU performs voltage conversion and regulation, to provide
a convenient and reliable voltage for the remaining of the circuit blocks in the
sensor node.

Some topologies of voltage-converters are most efficient when the values of the
input and output voltage are close. In that case, it is of great interest that the voltage
supply required by the circuits in the sensor node is also low, to be close to the low
output voltage of the energy harvesting sources. Still, even if the voltage-conversion
efficiency does not benefit from input/output voltages proximity, it is beneficial from
the energy standpoint to supply the circuits with low voltage. The main outcomes
of lowering the supply voltage in most of the circuits are reductions in the operation
speed and the power consumption. The former is not as critical in LVLP applications
as it is in other scenarios. This category of systems generally requires low operation
speeds, because the signals to be sensed and processed vary slowly, reaching time
constants of seconds or minutes in biomedical and environment monitoring systems
[12]. Regarding power consumption, in switching-intensive circuits (as it is the case
for CMOS digital gates and switched-capacitor circuits) the energy is proportional
to the capacitance being switched and to the square of the supply voltage, as in

EDD X Cswitching VDD 2 . (2 1 )

It is also pointed out in [13] that the leakage current is strongly correlated and
decreases exponentially with the supply voltage. In other words, the usage of ultra-
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low voltage supplies helps in reducing both the static and dynamic components
of power consumption. Also, it becomes evident that, as long as the timing
requirements are fulfilled, the LVLP applications may exploit the usage of very-low
voltage supplies in order to increase the battery lifetime or to relax the harvesting
specifications. It is also advantageous that all the circuits in the system operate at the
same supply voltage, so that there is no need for the power unit to generate multiple
voltages, minimizing losses.

This scenario, summed up with the projection of unceasing decrease in the supply
voltage of leading edge fabrication technologies [14], has motivated extensive
research in LVLP designs and techniques. Many implementations of different
classes of circuits have been reported to work with extremely low supply voltages,
including digital processors [15] and memories [16], analog amplifiers [17] and
filters [18], RF front-ends [19, 20], and ADCs [21-25].

ADCs are mandatory blocks in WSN and in many biomedical implantable/-
portable systems and other applications that require LVLP operation. In the case
of WSN, the requirements for the ADCs are in most cases low sampling rate
(kSps range), moderate resolution (8—12 bits), and minimum power consumption.
This book is focused on the design of ADCs in this class. In the remaining of this
chapter, basic concepts in data conversion are revisited. The three most commonly
used search methods for ADCs operating in the Nyquist frequency range are also
reviewed, to determine which one is most befitting for the aimed specifications.

2.2 Sampling and Quantization

ADCs convert signals from the analog domain (continuous time and continuous
amplitude) into the digital domain (discrete time and discrete amplitude). Thus,
the operation of the ADC may be split up into two different processes: sampling
(time discretization) and quantization (amplitude discretization).

In the context of ADCs, sampling is a simple process that is frequently
implemented by a track-and-hold (TH) circuit. The TH provides two operation
modes that are selected according to the polarity of a clock signal ¢, as depicted
in Fig. 2.2. While in the track mode, the TH output follows (tracks) the input signal;
when the circuit is switched to the hold mode, the output is kept steady (held), so that
the amplitude can be quantized independently of changes in the input. The period
of the clock signal that controls the TH dictates the sampling period, and its inverse
is called sampling rate or sampling frequency.

Quantization, on the other hand, is a more complicated task that usually involves
more complex circuitry. The quantizer is responsible for searching the output code
that better represents the analog sample. However, since the number of possibilities
of output codes is finite, the circuit introduces quantization error, that is the
difference between the decision level and the analog sample. In an ideal quantizer,
the distance between decision levels corresponds to 1 least-significant bit (LSB),
and the magnitude of the quantization error is always lower than or equal to half
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Fig. 2.2 Simple TH circuit: (a) implementation and (b) corresponding waveforms

LSB. Most of the practical quantizers provide a binary digital output. Thus, an ideal
B-bit quantizer divides the full input range into 22 decision levels. The sampling and
quantization processes are illustrated in Fig. 2.3, for ideal quantizers of 2, 3, and 4
bits, respectively. Note that the quantization error is always bounded to —é LSB
and é LSB. However, since one LSB corresponds to a smaller range of the input
signal as the resolution increases, the quantization error is inversely proportional to
the resolution.

In sampling theory, the Nyquist frequency is defined as half of the sampling
frequency (fs/2). According to the relationship between the Nyquist frequency and
the maximum bandwidth of the input signal that the device can process, the ADCs
can be laid down in two major categories. The Nyquist-rate ADCs (frequently
abbreviated as Nyquist ADCs) are able to process signals with a bandwidth of
half the sampling frequency. The oversampled ADCs, on the other hand, can only
process signals with a bandwidth significantly lower than the Nyquist frequency as
they sacrifice input bandwidth to improve resolution and reduce noise. As a result,
the implementations of quantizers are different for Nyquist and oversampled ADCs.
In the next section, the main methods that are used in the quantizers of Nyquist
ADC:s to search the correct decision level are reviewed. The oversampled ADCs are
out of the scope of this book, and will not be further investigated.

2.3 Search Methods for Nyquist ADCs

Most of the implementations of Nyquist ADCs rely on one out of the three following
methods to search for the correct output level: direct search, binary search, and
pipelined binary search.
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implementation

2.3.1 Direct Search (Flash ADCs)

In the direct search, the proper output code is found through the simultaneous
comparison with all the decision levels covered by the ADC. Then, the comparison
results are mapped into a binary representation of the sampled input. If the input falls
between the i-th and the (i 4 1)-th decision level, the output is i in the digital form. If
the input lies below or above all the decision levels, the ADC output returns 00. . .0
or 11...1, respectively. The operation is exemplified in Fig.2.4a. In the example,
the input voltage range of 2V (—1 to +1 V) is mapped into 16 output possibilities,
representing a 4-bit quantizer. Since the input voltage of 0.65V is greater than the
decision level of the code 1101 (0.625 V) but smaller than the decision level of the
code 1110 (0.75V), it is converted to the binary code 1101.

The flash ADC falls into the category of direct search ADC. A typical imple-
mentation of the flash ADC is shown in Fig.2.4b. The TH circuit samples the
input and holds it steady during the quantization. The resistive ladder generates
the decision levels in the voltage domain, which are fed to the comparators and
act as reference voltages. Ideally, with a negligible offset voltage, the comparator
outputs form a thermometer code that indicates where the input voltage sits. This
code is transformed into a binary word by the decoder. In practice, the decoder also
includes bubble-removal logic to deal with the comparator offsets.

Since the entire conversion occurs within a single cycle, this search method
is very time-efficient and is frequently employed in high-frequency applications.
On the other hand, the high level of parallelism requires that many components
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are activated simultaneously, and that raises the power consumption significantly.
Moreover, the hardware complexity grows exponentially (~ 28) with the number of
bits B, becoming impractical for applications that require higher resolutions.

2.3.2 Binary Search (SAR ADCs)

The binary search method uses multiple cycles to find the correct output, trading
off operation frequency for a reduction in hardware complexity. One bit is resolved
in each cycle, and this allows for the search range to be halved for the following
cycle. Figure 2.5a depicts the process for a 4-bit quantizer, using an input signal
of 0.65 V. The search range for the first cycle is the full ADC input range (—1 to
+1V), and OV is used as a reference to evaluate if the input sits in the upper or
lower half. Since 0.65 V is larger than 0V, the search is bounded to the upper half in
the second cycle. Now, 0.5V is used as a reference to decide if the input sits in the
third or fourth quarter of the full range. The method proceeds similarly for the two
following cycles, and the ADC outputs the code 1101.

The SAR ADC falls into the category of binary search ADC. A typical
implementation of the SAR ADC is shown in Fig. 2.5b. The TH circuit samples the
input and holds steady during the quantization. The SAR controller starts feeding the
DAC with the digital code 100. . .0, that sets the DAC output to half of the reference
voltage. According to the comparison results, the SAR controller adjusts the digital
word that feeds the DAC, bringing the difference between Vyoq and Vpac towards
Zero.

a _
1+ P
0.75 .
E Vi =0.65 V
0.5
B b
| VHOLD
= 025] Vin
(V] )]
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= L & VREF—
S onsfs
L <
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1st 2nd 3rd 4th
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Fig. 2.5 Binary search method: (a) illustrative waveforms and (b) example implementation of the
SAR ADC
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As one cycle is required for each bit of resolution, this search method is less
time-efficient than the direct search. On the other hand, the number of comparisons
required in the iterative search method is a linear function of the resolution (B
comparisons for B bits), instead of exponential, leading to a better energy-efficiency.
It is important to note that the performance of the SAR ADCs is very dependent on
the performance of the DAC.

2.3.3 Pipelined Binary Search (Pipeline ADCs)

The binary search may be complemented with pipelining to speed up the conversion
process. Different from the previous search method, this type of quantizer does not
require that all the bits are resolved before starting a new conversion. Instead, after
one bit is resolved, the residue voltage is amplified and sampled by the next stage, at
the same time as that stage is resolving the next bit of the previously sampled signal.
Then, as this residue is propagated along the chain, the converter uses the front-end
stage to sample another input. The outcome is a latency equal to the number of
stages of the converter.

Figure 2.6 illustrates the search process in a pipelined architecture. In the first
cycle, full input range is used, and the middle decision-code is used as a reference
to decide if the input lays in the upper or lower half of the range. Then, the residue
signal is produced by subtracting the ideal bit weight from the sampled input.
Finally, the residue is multiplied by two, restoring the full signal swing, before
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Fig. 2.6 Illustrative waveforms of the pipelined binary search method
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being fed to the next stage of the pipeline (2nd cycle in the figure). The process
continues until all the bits are resolved. This way, only the quantization error is
amplified and propagated from stage to stage, and the quantized values are stored in
the digital domain. Thus, the signal range stays constant for all the stages and the
decision levels used as reference are always the same, significantly simplifying their
generation. In practice, the stages in the back-end of the chain may also be designed
with much-relaxed noise and matching performances. The figure depicts a 1-bit per
stage converter, but any stage-resolution may be employed.

In the 4-bit example, the input voltage of 0.65V is larger than the middle-range
(0V), and the result of the most-significant bit (MSB) is 1. The quantization error is
amplified by two and the evaluated voltage on the second cycle is 0.3 V. Again, this
value is larger than 0V, and b is also 1. As the process repeats for the other bits, at
the end of the conversion, 1101 is available as the digital output.

A traditional pipeline ADC is shown in Fig.2.7. Each stage comprises a TH, a
sub-ADC, a sub-DAC, a subtractor, and an amplifier. The resolution of the stage
is arbitrary and affects the resolutions of the ADC and the DAC and the amplifier
gain. The stage operates as follows. Initially, the TH samples the input and holds it
during the quantization. The sub-ADC converts the signal into the digital domain
and the output is fed into the sub-DAC, which brings the signal back to the analog
domain. The output of the DAC is subtracted from the sampled signal, and the result
is the quantization error. Finally, the quantization error is amplified by 25, where K
is the stage’s number of bits, and passed to the following stage. At the back-end of
the cascaded stages, a simple ADC is employed, as there is no need to propagate
the quantization error any further. In practice, DAC, subtractor, amplifier, and TH
are brought together in a circuit known as multiplying digital-to-analog converter
(MDAC), greatly simplifying the implementation of pipeline ADCs.
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Fig. 2.7 Example of Pipeline ADC implementation
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Table 2.2 Summary of search methods for Nyquist ADCs and LVLP requirements

Direct Binary Pipelined binary Common specs for
(Flash ADC) (SAR ADC) (Pipeline ADC) LVLP applications
Speed High Low Medium Low
Power High Low Medium Minimize
Resolution (b) <8 <12 <16 8-12

The pipeline arrangement of this search method enables to improve the sampling
frequency when compared to the nonpipelined binary search method. However, it is
important to note that the architecture requires precision amplifiers for the residue.
As the technology scaling restricts the design of amplifiers, it also hinders the
implementation of pipeline ADCs. Similarly, the design of pipeline ADCs is more
difficult at reduced supply voltages.

2.3.4 Summary

The three search methods for Nyquist ADCs are briefly summarized in Table 2.2,
together with common specifications for LVLP applications. As the requirements
of sampling frequency and resolution in these applications are not too demanding,
while power is the main concern, the characteristics of the binary-search method
(SAR ADC) fit best in the given requirements. There may be cases where the
resolution of a SAR ADC is not sufficient to satisfy the system needs. In those
cases, a A¥X ADC would provide a good alternative, at the cost of a worse
energetic efficiency. In the remaining of this chapter, the implementation details
and characteristics of the SAR ADC are presented in greater detail.

2.4 The SAR ADC

The first implementations of ADCs based on successive approximation date back
from the 1940s [26]. In addition, the first commercial ADC was a SAR implemented
with vacuum tubes only, providing 11 bits of resolution and 50kSps of sampling
rate [27]. Denominated DATRAGC, it was offered in a 48 cm x 66cm x 38 cm case
weighting almost 70kg, dissipated 500 W and was sold for more than US$ 8000
[28]. Modern SAR ADCs, on the other hand, are notable for their energy efficiency
and can fit in a small area footprint inside low-cost CMOS chips. Most of the modern
SAR ADCs present only dynamic power consumption, resulting from the use of
CMOS logic and the absence of preamplifiers or static latch in the comparator.
Therefore, the power consumption is linearly correlated to the sampling frequency
if leakage is negligible.
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As the process scaling advances, the transistors become faster but present a lower
intrinsic gain. As a consequence, the quality of switching improves, and the quality
of amplification degrades. The SAR ADCs present a switching-intensive nature,
while precluding the use of amplifiers. These characteristics cause the SAR ADC
to be the ADC topology that benefits most from technology scaling. Moreover,
the absence of amplifiers makes the SAR ADC able to treat rail-to-rail input
swings effortlessly, relaxing the noise specifications of the DAC and the comparator.
According to Fig. 2.5b, four sub-blocks are necessary to properly implement a SAR
ADC: a SAR controller, a comparator, a DAC, and a TH.

The SAR controller often does not pose significant design challenges, as the
binary search algorithm can be easily translated into logic gates. A flow-chart of
the SAR controller operation for a conventional CR-ADC is shown in Fig.2.8. The
performance metrics of the SAR controller are speed and energy efficiency, and
those have a direct impact on the overall speed and power of the ADC. Many recent
designs employ full-custom controllers implemented in transistor-level rather than
in gate-level to push further the performance of the controller [29].

The comparators employed in most of recent SAR ADC designs are dynamic,
meaning that there is no quiescent current. This class of comparators relies on
positive feedback to increase the speed and avoid meta-stability. The speed and
power of the comparator also directly impact on the performance of the entire ADC.

Fig. 2.8 Fluxogram of the
successive approximation
algorithm

Clear all bits

set bj:l

| activate comparator |

reset b]-:O

set j=j-1 No

Yes

Conversion finished
ADC output is
{bmss, - by, bol

End
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Additionally, the comparator noise appears summed up to the ADC quantization
noise. Hence, the comparator noise is critical to the overall noise performance of
the ADC and must be carefully dimensioned.

While all the components of the SAR ADC influence its performance to some
degree, the most critical element of the architecture is the DAC. As the DAC is
responsible to generate all the reference transition levels, it dictates the linearity
of the ADC transfer curve. Moreover, all the CR-based ADCs have the TH
functionality merged into the DAC, meaning that the noise on the DAC manifests
itself on the ADC output and must be prudently dimensioned. Capacitive SAR
ADC:s use an array of capacitors and switches as the DAC, and what differentiates
the implementations is the way that these capacitors are successively connected
during the binary search, generally referred to as the switching scheme. A detailed
review of the main switching schemes employed in modern SAR ADC:s is presented
in the next chapter.
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Review of SAR ADC Switching Schemes
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3.1 Introduction

A switching scheme, in the context of capacitive SAR ADCs, comprehends the
arrangement of switches and capacitors in the DAC, the sequence in which these
switches are turned on and off, and the nodes to which these switches connect
the capacitors. The switching scheme dictates the energy-efficiency, DAC size, and
other critical performance metrics of the ADC.
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3.2 Operation Modes of Charge-Based SAR ADCs

The switching schemes employed in modern SAR ADC designs rely on one of
the following operation modes: charge redistribution and charge sharing. Before
detailing the switching schemes and describing the operation of complete ADCs,
we use simplified circuits to introduce and draw the main differences between
CR and CS. We limit these circuits to only a pair of capacitors to ease the
understanding, but the principles are easily extensible to arrays of any size. For
CR-based topologies, the plate of a capacitor which is connected to a comparator
input is hereafter referred to as top-plate, independently of its physical construction.
The voltage on this node is labeled Vrop and represents the DAC output. Both
architectures require the absence of current paths from/to the top plate of the
capacitors during the conversion and, as a consequence, the comparator must
present a very high input impedance. Luckily, this is effortlessly achieved when
the comparator is designed using the gates of MOS transistors as input nodes.

3.2.1 The Charge Redistribution Principle

In the CR scheme, the DAC output is set by varying the voltage on the bottom
plate of the capacitors, while maintaining the total capacitance unchanged. In the
example shown in Fig. 3.1, this is achieved by switching S; between V; and ground.
Since there is no current path from/to Vrop, the charge on the top plate (Qrop) is
constant independently of the changes in S;. The voltage Vrop, on the other hand,
varies according to S;. The amount of variation is also dictated by the ratio of C; to
the total capacitance C; 4 C», as depicted in Fig. 3.1 and mathematically derived as
follows.

We define #; as the instant when the switch S is disconnected from ground and
connected to V;. Similarly, 7y represents an instant before #;, when V| is settled
and S; is still connected to ground. Also, f, is defined as a point in time after the
switching when the circuit has already settled with sufficient accuracy. The total
charge in the top plate at 7, is given by

Otor(to) = Vrop(t) (C2 + C1). (3.1

Fig. 3.1 Simplified circuit High impedance input
demonstrating the CR Vror

principle
ICZ Cy
L tzfl_T_ S,

Vi
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Similarly, Orop can be computed at time £, using (3.2).
Orop(t2) = Vrop(t2)C2 + (Vrop(t2) — V1) Ci. (3.2)

Since there is conservation of charge in the top plate,

QOror(t2) = Qrop(10). (3.3)
Equaling (3.1) to (3.2) enables us to find Vrop(t2).
Vioe(t2) = Vrop(i) + Vi . €' (3.4)
Top(#2) = Vrop(lo O+ G .

In practical implementations of CR-based ADCs, the TH functionality is merged
into the capacitive array. This is achieved by employing additional switches to assign
the input voltage to Vpop at the beginning of the conversion, i.e. Vyop(ty) = Vin. The
ability to shift the voltage up and down in controlled steps (DAC functionality) is
attained by using multiple capacitors with switchable bottom plates, such as C; in
the example. Most commonly, these capacitors have binary weights of capacitance.

3.2.2 The Charge Sharing Principle

In CS-based ADCs, the DAC output is changed by connecting precharged capacitors
to the DAC nodes. Thus, the total capacitance of the DAC increases during the
conversion. The initial charge in these capacitors and their capacitances dictates
the amount of variation in the DAC output voltage. Since there is no current path
from/to Vrop, the total charge on the top plate (Qrop) is the sum of the initial charges
of all the connected capacitors. The voltage Vrop is given by the total charge divided
by the total capacitance. This is depicted in Fig. 3.2 and mathematically derived as
follows.

Again, as in the previous example, #; is the instant when the switch changes its
state, #y is an instant before #;, and #, represents a moment in time after complete
settling. The charges Q; and Q; at t = f are given by

Q1(to) = Ci V1. (3.5)
Ox(t0) = C2Vrop (o). (3.6)
Fig. 3.2 Simplified circuit High impedance input

demonstrating the CS Vrop \

principle *
L, t:tifs 1 —{>_
I Vl Icl
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At time 7, S; disconnects C;| from V| and connects to C, and to the comparator.
The total charge on the top plates at £, is given by

Otop(t2) = Vrop(t2) (C2 + C1). 3.7

Again, due to charge conservation

Orop(t2) = Q2(t0) + Q1(to)- (3.8)
The expressions (3.5), (3.6), (3.7), and (3.8) may be used to find Vrop().

G Vror(to) + GV
Vrop(2) Cr 4 C : (3.9)
Differently from the CR-ADC, in the CS-ADC the TH functionality is not
performed by the DAC capacitors. In a practical implementation, the input signal
would be assigned to Vrop at the beginning of the conversion, i.e. Vrop(fo) = Vin-
The ability to shift the voltage up and down in controlled steps (DAC functionality)
is achieved by connecting binary-weighted capacitors. As these capacitors must
remain connected until the end of the conversion, the final voltage suffers some
attenuation. Ideally, the comparator detects only the sign of the voltage, and this
attenuation has no effect on the linearity of the ADC. The impact of the comparator
offset is investigated in Chap. 4.
In the remaining of this chapter, the most relevant switching schemes used in
SAR ADC:s are reviewed, while the main differences are drawn and a comparison is
made concerning their energy efficiency.

3.3 Charge Redistribution Switching Schemes

Since the disclosure of the CR-based SAR ADC in [1], many switching schemes
appeared in literature, aiming to improve mostly the energy efficiency and circuit
area. For this section, some of the most relevant switching schemes are reviewed
and summarized: conventional, monotonic, Vcv-based, and tri-level. The procedure
for calculating the DAC voltage and energy in CR-based architectures is described
in Appendix “Voltage and Energy in CR ADCs”.

3.3.1 Conventional Switching

The conventional SAR algorithm [1] is depicted in Fig.3.3 for a 3-bit fully
differential implementation. The figure includes the amount of energy that is spent
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to move the charges at each cycle. The voltage at the comparator inputs during a
complete 8-bit conversion is also shown in Fig. 3.3, for a 0.8 V differential input
with 0.5 V of common-mode and 1V of reference voltage.

In the first phase of the algorithm, the input is sampled on the bottom plate
of the capacitors (those not connected to the comparator). Once the sampling is
finished, these capacitors are disconnected from the input. Then, in the top array, the
MSB-capacitor is connected to Vrgr while the remaining capacitors are connected
to ground. On the bottom-array, the opposite is done. For the 3-bit example, this
operation results in an energy consumption of 4CV3gg. The comparator is activated,
and the result dictates the MSB of the output word. Depending on whether the MSB
is “0” or “1,” the DAC takes the “up” or “down” transition, as depicted in Fig. 3.3,
and consumes CVZp. or 5CV3gp, respectively. Following this reasoning, for the 3-
bit example, there are four possible trajectories that the ADC may take depending
on the input signal.

It should be noted that the charges are not necessarily moved efficiently, and a
significant amount of energy is wasted during the operation. There is also a large
unbalance between the total energy consumed in the “up” and “down” paths. In the
second cycle, the “down” transition uses five times more energy than “up” transition.
Because none of the charge is recycled, i.e. some capacitors are discharged to ground
while “new” energy is drawn from the supply, the scheme is not very efficient. The
average energy of a B-bit switching algorithm, assuming all codes are equiprobable,
may be derived as

B
Econventional = Z (28+1_2i (21 - 1)) CVREF2
=1 i (3.10)
—B+1 | ~B+
- (2 3+ 2 2) CVRrer’.

3.3.2 Monotonic or “Set-and-Down” Switching

Aiming to improve the efficiency of the conventional switching scheme, Liu et al.
proposed in [2] a monotonic algorithm, which is depicted in Fig.3.4. The idea
behind the technique is to use only discharging cycles, with no explicit charging
operation. Additionally, since the scheme employs top-plate sampling, it requires
only 28! capacitors instead of 28. The simplification is possible because top-plate
sampling enables the MSB to be obtained by directly comparing the input signal
sampled on the top plates, without switching any capacitor.

In the first phase of the algorithm, the input is sampled on the top plates of the
capacitive arrays, while the bottom plates are connected to the reference voltage.
The MSB is directly obtained by the comparator. Depending on whether the MSB is
“0” or “1,” the MSB-capacitor of the bottom array or from the top array is connected
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to ground, respectively. An identical procedure is carried out for the following bits,
reducing the differential voltage towards zero while the output bits are extracted
from the comparator output. As it can be seen in Fig.3.4, the common-mode
voltage of the DAC starts with the same value of the input and decreases towards
ground during the conversion. As the comparator performance is sensitive to the
common-mode voltage of the capacitive arrays, its performance is expected to vary
throughout the conversion. Most critically, the comparator offset is modulated by the
common-mode voltage, which may degrade the achievable linearity of the ADC.

Contrasting to the conventional switching scheme, the MSB cycle consumes no
energy. The average switching energy of a B-bit monotonic switching algorithm,
assuming equiprobable output codes, can be derived as

™
|

1
Emonotonic = (ZB_Z_i) CVREF2
1 G.11)

1
= (23—2 - 2) CVREr’.

The monotonic switching scheme consumes only 18.74 % of the energy spent on
the conventional implementation when comparing 10-bit ADCs.

This switching scheme inspired other works based on a similar operation. The
scheme proposed in [3] also operates monotonically but decreases the variation in
the common-mode voltage. The signal is sampled in the top-plates, but the bottom
plates are initially at Vcy. After the MSB comparison, all the bottom plates of
the array with lower voltage (top or bottom) are switched to Vrgr. Afterwards,
all the transitions are “down” and with Vgrgp/2 magnitude (Vrgg — Vewm or
Vem — ground). Therefore, the common-mode voltage has a jump of 50 % after
the first comparison and converges towards its initial value during the conversion.
Also, the scheme performs better regarding energy efficiency at the cost of a more
complicated digital controller and additional accuracy requirements on the Vcom
source.

1

3.3.3 Vcwm-Based Capacitor Switching

The Vem-based SAR ADC, alternatively called merged capacitor switching (MCS)
[4, 5], is shown in Fig. 3.5. This switching scheme also employs top-plate sampling,
so that in the first cycle the inputs are connected to the top plates of the capacitor
arrays and the bottom plates are connected to Vcy. The MSB is determined from
a comparison immediately after the sampling without consuming any energy in the
array. Depending on whether the comparator result is a “0” or a “1,” the largest
capacitor of the top array is discharged to ground or charged to Vrgr, respectively.
The opposite is done for the bottom array. This procedure is adopted for all the
remaining bits in the converter.

Similarly to the monotonic switching, the Vcy-based switching scheme requires
only half of the capacitance for the same resolution, when compared to the
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conventional switching scheme. Further improvement in the energy efficiency is
achieved by moving the voltages by only Vrgr — Veum in the top and bottom arrays,
instead of a full Vggp-step, as happens in the monotonic and the conventional
procedure. Since the energy consumption becomes proportional to C(Vrgr/2)?
in the Vcpm-based scheme, a fourfold energy reduction is achieved for each cycle.
Also, the Vy-based switching maintains the common-mode voltage of the input
during the whole conversion, as can be seen in Fig. 3.5, which does not hinder the
design of the comparator as in the monotonic scheme. The average energy of a B-bit
Veum-based switching algorithm is derived as

B—1
EMCS — Z (23—2—2i (21 _ 1)) CVREF2
=1 (3.12)
278 42871
= ( 3 - 2) CVrer’.

It can be demonstrated that the algorithm consumes only 12.48 % of the energy
consumed by the conventional SAR in 10-bit ADCs. The given expression is
valid only if Ve is precisely half of Vggp. In that case, the switching array does
not consume energy from Vcy during the conversion cycles. If this condition is
not satisfied, however, the energy consumed from Vcy should be accounted for
separately. It is worth of note that the linearity of the ADC is not sensitive to the
accuracy of Vy, as long as it remains constant during the conversion.

An interesting evolution of the Vcy-based switching scheme is proposed in
[6? ]. Those works reduce the minimum size of the capacitive array to half when
compared to the Vcy-based scheme, also leading to half the energy consumption.
This is achieved by switching only one capacitor among the top and the bottom
arrays during the LSB cycle. The drawbacks are an additional requirement that Vi
must be accurate and fixed to Vrgg/2, and a little attenuation on the common-mode
voltage for the LSB decision.

3.3.4 Tri-Level Capacitor Switching

Yuan et al. proposed the tri-level switching scheme in [7], which is shown in
Fig.3.6. The ADC has an improved efficiency by operating in only one of the arrays
of a differential implementation. Initially, the bottom plates of all capacitors are
grounded, and the input signal is sampled on their top plates. After the MSB is
obtained by the comparator, the SAR logic switches the bottom plates of the whole
array which sampled the lower voltage to V. This operation causes the voltage on
the array to grow by Vrer/2, which enables MSB—1 to be determined. The other
capacitor array remains unchanged during the rest of the conversion and does not
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consume energy. According to MSB—1, the bottom plate of the largest capacitor on
the active array is connected to either Vrgr or ground. The same procedure is used
to determine the remaining bits.

The number of capacitors is reduced by half of those used for the Vcy-based
ADC. The combination of top-plate sampling, single-side operation and the usage of
VM as an accurate reference in the conversion makes this architecture very efficient
in terms of area and energy. The energy consumption is reduced to 3.11 % of that
consumed by the conventional scheme, while the area is decreased to one fourth.
It is to be noted that the implementation of the SAR controller becomes slightly
more complex when using this scheme, which may cause an increase in the power
consumption. Also, since the architecture is very sensitive to Vcy, in addition to
VRrEer, the former must be treated as an additional reference and its generation may
become nontrivial. Finally, the power consumption on the V) becomes significant
because, differently from the Vy-based scheme, there is energy consumption even
when Vem = Verer/2. The average energy of the DAC of a B-bit SAR ADC using
the tri-level switching scheme (already accounting the energy of Voy = Vrgr/2) is
derived as

B—1
Elri—level = Z (23_3_2i (2i - 2)) CVRE}:2
=t (3.13)
2784283 1
= ( 3 - 4) CVRrer’.

3.4 Charge Sharing Switching Scheme

The operation of a fully differential CS-ADC is depicted in Fig. 3.7. The voltage at
the comparator inputs during a complete 8-bit conversion is also shown in Fig. 3.7
for a 0.8 V differential input with 0.5V common-mode and 1 V reference voltage.
In the first cycle, the inputs are sampled in the TH, that is implemented explicitly
in the CS scheme. Simultaneously, the capacitances in the array are precharged
to Vpc. In the following cycle, the comparator is activated, evaluating the voltage
on the TH to decide the MSB. According to the result, the largest capacitor on
the array is connected in parallel or anti-parallel to the TH, adding or subtracting
charge, respectively. This procedure is repeated for the other bits, as the differential
voltage at the comparator inputs decreases towards zero and the comparison results
are stored to form the digital output. The common-mode voltage at the comparator
inputs is maintained constant in this scheme and equal to the input common-mode
voltage.

The CS decides the MSB right after sampling, without any charge processing, as
happens when employing top-plate sampling in CR schemes. This characteristic
exempts the implementation of the MSB capacitor, leading to a smaller array
capacitance. Moreover, a fully differential implementation of the CS scheme
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Fig. 3.7 CS switching scheme waveform and conversion procedure

requires only one capacitor array, unlike the CR schemes that require two. For
these reasons, the DAC of a CS-ADC has the smallest area among the reviewed
architectures. On the other hand, the CS requires an explicit TH circuit, because
sampling is not performed by the DAC capacitors, and the capacitance of the TH
has to be accounted for in the total area. In some cases, it is made larger than the
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total capacitance of the DAC, which increases the input buffer power consumption
and brings a significant impact on the chip area. However, the requirements for
the TH capacitors are much less stringent than for the array capacitors concerning
matching and does not need to rely on special layout techniques such as common-
centroid or reuse of unit-cells. Moreover, the TH is much less sensitive to parasitics,
which allows the usage of capacitors with higher densities, reducing the impact on
the overall ADC area. Further discussion on the size of the TH is provided at the
end of this section and in Chap. 4.

An important aspect of the CS switching scheme is that the total capacitance con-
nected to the comparator is time-varying, i.e. it corresponds to the TH capacitance
at the beginning of the conversion and increases as capacitors from the array are
connected successively. This characteristic brings two significant drawbacks to the
topology. The first drawback is that the voltage seen by the comparator is steadily
attenuated. As the voltage is given by the ratio between charge and capacitance (V =
Q/ (), and C increases during the conversion, V decreases accordingly. This voltage
attenuation affects the noise tolerance of the topology negatively. In other words,
the CS-ADC performs worse in terms of noise than the CR counterpart when both
are subject to the same noise sources (identical comparators and thermal noise on
the capacitors). The second drawback, brought by the time-varying behavior of the
total capacitance, is that the ADC becomes nonlinear in the presence of comparator
offset. Both effects are thoroughly investigated and quantified in Chap. 4.

As can be seen in Fig. 3.7, all the energy consumption of the reference source
takes place in the precharge cycle. In all the succeeding cycles the DAC behaves
passively. This characteristic of the CS switching scheme is contrasted to the CR-
based topologies in Fig. 3.8, that shows the shape of the precharge current in the
CS-ADC and the reference current in the CR-ADC.

a Sampling Active charge processing
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Fig. 3.8 Waveforms of (a) the reference current in a CR-ADC and (b) the precharge current in a
CS-ADC
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In the CS-ADC, all the required charge is drained at once, while in the CR, some
charge is drained in every steps. Therefore, there are implications at system-level,
according to the architecture employed: in the case of the CR-based SAR ADCs, the
reference buffer must be active during the whole conversion; for the CS-ADC, on
the other hand, the reference buffer must be active only during the precharge. This
attribute may be exploited for further energy savings, by employing duty-cycled
reference generation or relaxing the reference buffer. Figure 3.9 depicts the two
approaches. In Fig. 3.9a, the reference generation circuit (that includes the bandgap
voltage reference and voltage buffer) is made active during the precharge cycle and
is switched to sleep mode during the charge processing in the ADC. In Fig. 3.9b, the
voltage buffer employed for the reference buffer is designed with a higher output
impedance and lower power consumption. The outcome is an increase in the time
required to precharge the DAC capacitances. The time spent in charge processing,
on the other hand, is maintained.

The charge-based operation of the CS-ADC allows for further optimizations
regarding power consumption and area. As the topology depends on binary-
weighted values of charge to operate, instead of binary values of capacitance, it is
possible to reduce the total capacitance of the array by utilizing multiple precharge
voltages. Four different approaches to realize the precharge cycle in an 8-bit ADC
are shown in Fig. 3.10. In the figure, only the capacitor array and the switches that
are responsible for the precharge are shown, while the switches that connect the
capacitors to the TH are omitted.

In the 1-step precharge scheme (Fig. 3.10a), which is the most straightforward,
all the capacitors are charged to the same potential (Vpp, for example), while their
capacitance values follow binary weights. As a result, the total energy consumed to
precharge the array is

Ecs = (2871 — 1)CVpc?. (3.14)
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Fig. 3.10 Approaches for
energy saving in the
precharge cycle of CS-ADCs:
1-step with Vpc = Vpp (a),
1-step with Vpc = Vi only
for the LSB (b), 2-step with
Vpc = Vpp (¢), and 3-step
with Vpc = Vpp (d)
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In similar fashion to what happens for some CR switching schemes, the CS
architecture may benefit from using Vcy as a complementary reference level.
Likewise, this depends on the accuracy of Vcy to resolve the LSB and assumes that
itis half of Vpp. As shown in Fig. 3.10b, it is possible to reduce the total capacitance
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to half of that employed in the 1-step precharge approach with Vpp only. The total
energy consumed to precharge the array becomes

Ecs = (2°72 = 1)CVpp® + CVeu®. (3.15)

Another approach to minimizing the total capacitance and energy was demon-
strated in [8], in which the array is implemented using multi-step LSB-precharge.
The procedure is depicted in Fig.3.10c for 2 steps. In the first step, all the MSB
capacitors are charged to Vpp, similarly to the 1-step procedure. Afterward, the
MSB switches are opened, and, in the case of the 2-step precharge, the charge of
the LSB capacitor is shared with an auxiliary capacitor. Since the LSB and the
auxiliary capacitors have the same capacitance value, the charge is split equally
between them. The outcome is similar to using Vpp/2 as an auxiliary supply. The
principle is extensible to more steps. Figure 3.10d shows the precharge using three
steps. In this case, the voltage on the LSB capacitor is Vpp/4 at the end of the
procedure. The total energy consumed is given by (3.16), where N indicates the
number of steps employed.

Ecs = (287 Nsens — 1)CVpp?2. (3.16)

Furthermore, while pursuing to minimize the power consumption and the area of a
CS-ADC implementation, it is possible to employ a combination of the multi-step
LSB-precharge and Vcyp-based schemes to create a hybrid alternative.

Another important feature of the CS switching scheme is that the input range of
the ADC is not confined to the value of Vpc. In the CR-based architectures, the range
of voltages that the ADC can treat is limited to the values of the voltage sources
used to switch the bottom plates of the capacitors, e.g. Vrer and ground. Since
the operation of the CS-based topologies depends strictly on values of charge, it is
possible to trade-off voltage and capacitance in the precharge cycle, i.e. Q = CV,
while still maintaining control over the input range of the ADC. This approach is
depicted in Fig. 3.11.

In the two simplified 3-bit implementations, the differential input range was
maximized and lays between —Vgrgr and Vrgr. While using Vpp to precharge the
array (Fig.3.11a), the proper size of the TH capacitors is 8C, and the energy

a b
Epac =3CVpp® Epac =3CVen?
Vinpae Vinp @@
8C Vpp Vpp 4C Vem Vem
N, Lokt [, Dol
L TT L TT
8C 4C
Vinno® Vinn oo

Fig. 3.11 CS-ADCs with different precharge voltage Vpc and same input range: (a) Vpc = Vpp
and CTH = 8C and (b) VPC = VCM and CTH =4C
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consumption becomes 3CVpp?. In the second implementation (Fig. 3.11b), the array
is precharged to Vom = Vpp/2. As the charge on the array drops to half, the charge
on the TH must follow the same proportion to avoid saturation on the ADC, for the
same input range. The proper size of the TH capacitors becomes 4C, and the energy
consumption is reduced to

VDD)Z _ 3CVpp?2 G.17)

Ecs = 3C
< ( 2 4
The latter implementation brings two advantages over the former: reduction of
the TH capacitance to one-half and a reduction by a factor of four in the power
consumption. It is also possible to set the input range of the ADC to values larger
than the supply voltage, as will be demonstrated in Chap. 7.

3.5 Comparison of Reviewed Switching Schemes

To compare the energy efficiency of the reviewed switching schemes, we rely on
behavioral simulations. The Python'-codes used to simulate the switching schemes
are listed in appendix of this chapter. Figure 3.12 shows the simulated energy
consumed to convert all the codes in 10-bit implementations of ADCs employing
conventional, monotonic, MCS, and tri-level CR switching schemes. The same
figure includes the energy for the CS-ADC with four variations of the precharge
cycle: 1-step with Vpc = Vpp (Fig. 3.10a), 1-step with Vpc = Vo only for the LSB
(Fig.3.10b), 3-step with Vpc = Vpp and 3-step with Vpc = Veum (Fig. 3.10d). The
energy is normalized to the unit capacitance and the reference source (CVggg?). It is
important to note that this analysis does not consider matching or noise requirements
in the ADC. For example, a topology with small DAC capacitance may not fulfill
noise requirements while another with larger capacitance does. In practice, to fairly
compare the energy between the two implementations, one would need to increase
the unit capacitance of the former implementation. For the sake of clarity, these
requisites are left out, and it is assumed the same unit capacitance for all the
implementations.

It is noticeable that in the CR-based implementations, the energy is strongly
dependent on the output code. For all the reviewed switching schemes, the code
with the highest energy consumes more than twice than the code with the lowest
energy. In the CS-based implementations, the energy is constant for all the output
codes, which matches with the mentioned pattern of energy consumption in the
topology, where only the precharge cycle drains current from the supply sources.

'Python is a widely used high-level, general-purpose, interpreted programming language that
emphasizes code readability and allows programmers to express concepts in fewer lines of code.
Open-source libraries are available to deal with numeric and symbolic computations.
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Fig. 3.12 Comparison of energy consumption as function of the output code of several switching
schemes for SAR ADCs

In Table 3.1, the switching schemes reviewed so far are grouped according to the
operation principle that they utilize, and their differences are summarized. The table
includes the average energy consumption normalized to the conventional switching
scheme. The table shows an improvement of more than one order of magnitude
in the average energy consumption of the most economic switching schemes when
compared to the reference implementation. Also, great enhancements are noticeable
for the DAC and input capacitances in the most recent implementations, when
compared to the reference CR-ADC. The DAC capacitance may reach 1/16 of the
conventional CR-ADC for the smallest CS-ADCs, and 1/4 for the smallest CR-
ADC:s. The input capacitance, in the case of the CR-ADCs, is the same as the DAC
capacitance, since the TH functionality is merged in the DAC. The input capacitance
is reduced to 1/4 of the reference implementation in the CR and CS-ADCs that
perform best in this matter.

The two most efficient implementations, the tri-level CR and the CS with
3-step precharge to Ve, present a large dependency on the common-mode voltage.
This is much more critical in the case of the CR, which requires the generation
of a second voltage level with the same accuracy and noise requirements of the
reference voltage. In the case of the CS-ADC, the common-mode voltage assumes
the role of a reference voltage, i.e. a single reference voltage with a lower value has
to be generated. The tri-level and monotonic CR-ADCs have another significant
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drawback: the common-mode voltage at the inputs of the comparator changes
throughout the conversion, modifying its timing and offset characteristics. Most
importantly, the time-varying behavior of the comparator offset affects the linearity
of the ADC transfer curve.

The CS-ADCs are also sensitive to the comparator offset. However, the cause
is unrelated to the common-mode voltage for the CS-ADC, as it remains constant
during the conversion. For CS-ADCs, the DAC capacitance is the parameter that
presents a dynamic behavior, because capacitors are successively connected during
the conversion. While the value of charge varies linearly with the conversion, the
changes in the total capacitance make the voltage on the comparator inputs (i.e.,
the residue voltage) to present a nonlinear behavior. Therefore, the linearity of the
ADC transfer curve is only maintained with zero comparator offset. The increase in
the total capacitance during the conversion also brings two major disadvantages to
the CS-ADC when contrasted to the CR-ADC:s. First, the SNR at the comparator
inputs is degraded during the conversion. For a sufficiently high number of bits and
with rail-to-rail input voltage, the effective capacitance is approximately doubled
at the end of the conversion, which means that the voltage drops by half. The
practical implication is that the comparator must be designed to more stringent
noise requirements. For example, an 8-bit ADC must use a comparator with 9-
bit noise performance. The second drawback of the CS switching scheme is that
it requires an explicit TH circuitry. The capacitance of the TH is generally larger
than the capacitance of the DAC, which implicates in a significant, although not
proportional, increase in area. To illustrate, in the two implementations presented in
Chaps. 6 and 7, the THs are smaller than the DACs, even though their capacitances
are expressively larger. This is because the THs do not need to be designed using
unit cells and are not as much sensitive to the parasitics as the DAC, allowing it to
be designed with a much higher density of capacitance.

At the same time, the CS-ADC presents two notable advantages to the CR-ADC,
which are particularly valuable in LVLP applications. First, the input range is not
limited to the value of the reference voltage, as it is in the CR-ADC:s. In the CS, the
ratio between the charge in the TH and the charge in the DAC dictates the conversion
gain, and consequently the input range. This characteristic allows the CS-ADC
to operate with over-rail input signals, or to improve the dynamic range without
resorting to active amplifiers, as demonstrated in [9]. Second, the requirements for
the reference buffer in the CS-ADC are much more flexible, as the architecture
permits duty-cycling of the reference generation circuitry or a buffer with higher
impedance and lower power consumption. Finally, as disclosed in Chap.7, the
CS architecture does not require linear capacitors in the DAC, contrary to the
CR-based ADC.

The comparison reveals that the CS-ADC presents a very compelling advantage
from the system-level perspective, as it allows energy saving in the reference
generation and better control over the input range of the ADC. On the other hand,
to implement competitive designs of CS-ADCs, the major drawbacks have to be
mitigated. Only in this case, the topology can be employed with success in real-
world applications. A significant part of this work focus on quantifying the impact
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of these pitfalls (Chap.4), while the remaining of the work suggests and validates
techniques to alleviate their influence and ease the design of CS-ADCs in LVLP
environments (Chaps. 5-7). Before moving forward, it is important to revisit the
state of the art in CS-ADCs. Since only very few CS-based ADCs are found in
literature, this survey is brief and is presented in the next section.

3.6 State of the Art in CS-ADCs

3.6.1 Craninckx and van der Plas [8]

The pioneer work on CS-ADCs, presented in [8], demonstrated a 9-bit ADC
operating at 50 MSps. To reach that sampling speed, the authors utilized an
asynchronous logic controller, avoiding a clock signal with a frequency higher than
the sampling frequency. The front-end of the design consisted of a pipeline of two
passive TH circuits that enabled to track the input for the next conversion at the same
time as the rest of the circuit decides the actual conversion result. This procedure
is depicted in Fig.3.13. The drawback is an additional drop of 6 dB in the SNR
evaluated by the comparator, due to the charge sharing between the front-end and
back-end THs. Moreover, the capacitive array used a 4-step precharge cycle, leading
to a DAC with only 35 unit capacitors. The authors mitigated the sensitivity to
comparator offset of the ADC by employing a foreground calibration cycle prior to
ADC operation. The offset was adjusted by adding capacitances to the faster branch
of the comparator.

3.6.2 Gianninietal. [10]

The CS-ADC design presented in [10] has a stronger focus on reducing the com-
parator noise. For this purpose, the authors make use of two different comparators:
one presenting low-power/high-noise while the other presents high-power/low-
noise. By using one redundant comparison and switching to the low-noise mode
for the two last comparisons, the circuit can restore the errors induced by noise. The
approach is also able to correct moderate static nonlinearity, as far as it is smaller
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Fig. 3.13 Pipelined sampling front-end for CS-ADCs
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Fig. 3.15 Pipelined sampling front-end using MSB capacitor as sampling capacitor

than one LSB. The front-end uses two TH circuits that operate in a time-interleaved
fashion, mitigating the reduction in SNR that appeared in [8]. The operation of the
front-end and the dual-comparator scheme is depicted in Fig.3.14. Also, the THs
include a circuit to lower the common-mode voltage of the signal processed by the
comparator, increasing the Vs on the switches and consequently reducing their on-
resistance.

3.6.3 Tsaietal [11]

The design reported in [11] presents a CS-based SAR ADC that uses a full-custom
digital controller designed to optimize power consumption. The sampling front-
end uses a pipelining approach similar to the one presented in [8], but instead
of an additional pair of capacitances, the ADC uses the MSB capacitors of the
DAC to sample the charge of the TH. Because of charge sharing, the MSB
capacitor must have twice the size it would have in the conventional approach, and
an additional comparator is required. On the other hand, the proposed approach
reduces the susceptibility to comparator offset, when compared to the original
two-step approach [8]. The procedure is depicted in Fig.3.15. This work uses the
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common-mode voltage as the precharge voltage for the capacitive array. The authors
also brought a modification in the DAC cells. In this work, the DAC cells use two
capacitors in series, while the previous implementations use only one capacitor
or two capacitors in anti-parallel, in order to balance the parasitics. The two
arrangements are shown in Fig.3.16. Since the voltages on the comparator inputs
converge to a positive voltage at the end of the conversion, the series connection
permits some energy recycling for the Cy, capacitor. This is because Cp, only needs
to be charged from this residual charge to Vpc, while in the parallel connection
no charge is recycled, and both capacitors need to be charged from 0 to Vpc.
While using the series-arranged DAC cell and Vi as the precharge voltage of the
DAC, this work was able to recycle approximately 67 % of the energy in the DAC
when compared to the designs presented in [8] and [10], at the expense of varying
common-mode at the comparator inputs.

3.6.4 Malkietal [9, 12]

The works [9] and [12] report the same design that uses current integration in
the sampling front-end. Instead of feeding the TH capacitors directly from the
input signal, which generally requires a power-hungry voltage buffer, the input
voltage is converted into a current by a variable-gain transconductor, and this
current is integrated as a charge in the sampling capacitors. The principle of the
transconductor-based TH and a diagram of the ADC are shown in Fig.3.17.

By using a programmable TH transconductance, the authors were able to
increase the dynamic range of the ADC, which is a very convenient feature for RF
applications. Additionally, the authors employed nonlinear MOS capacitances in the
TH for passive amplification, relaxing the noise requirements of the comparator.
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An important characteristic of the transconductor-based TH is that the output
amplitude is dependent on the input frequency. The current integration introduces a
cardinal sine function behavior, sin(x)/x, often denoted as sinc. The sinc function
presents notches at multiples of 1/Tiye,, being Tineg the integration period, and
its shape is shown in Fig.3.18. Thus, in the extreme case of the integration time
being an exact multiple of the input signal period, the output of the transconductor-
based TH is zero. In order to be used effectively in a Nyquist-ADC, a non-trivial
calibration scheme is required to compensate for the TH transfer characteristic.
On the other hand, if employed in an RF-chain, the sinc transfer function may be
helpful in attenuating interferers and blockers at higher frequencies. A more detailed
explanation can be found in [12].

3.6.5 Summary

This section summarizes how the state-of-the-art CS-ADCs deal with the suscepti-
bility of the topology to comparator offset and noise. In [8], foreground calibration
of the comparator offset is employed. The offset is compensated by retarding
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Fig. 3.18 Input—output transfer characteristic of the transconductor-based TH

the fastest branch of the comparator with digitally configurable capacitances on
critical nodes. Thus, the comparator becomes slightly slower after calibration,
which is particularly unfavorable in designs for LVLP applications that already
struggle with limited speed due to low voltage supplies. Calibration takes place
in the foreground and consequently does not track PVT variations. Foreground
calibration also requires the ADC to be halted and fed with a known input
signal, complicating the design at system-level. The design reported in [10] uses a
similar foreground calibration technique to [8], applied to two comparators instead
of one. Two comparators are used to mitigate noise, one with low-power/high-
noise and other with high-power/low-noise. One redundant conversion step with
the latter comparator enables to recover noise-induced errors. The front-end uses
time-interleaved THs, suppressing the voltage attenuation brought by the two-step
front-end [8]. In [11], a two-step front-end that uses the MSB DAC capacitor instead
of an additional TH is used. This also suppresses the attenuation brought by the
original two-step front-end of [8]. The publication does not disclose if comparator
offset calibration is employed. In [9, 12], foreground calibration of comparator offset
is once again utilized. The same design uses a current-integrating TH with passive
amplification based on MOS capacitors to improve noise tolerance. However, this
approach of front-end is unfeasible for applications that process the full Nyquist
band, due to the sinc-shaped frequency response of the front-end.

In conclusion, an alternative to mitigate the impact of comparator offset and
noise on CS-ADCs that suffice real-world LVLP applications is still lacking in the
literature. The techniques proposed in Chaps. 6 and 7 aim to fulfill this shortfall.
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Appendix: Voltage and Energy in CR ADCs

We developed a simplified and a general model for calculation of voltage and
energy in capacitive DAC topologies. These models were used for the calculations
presented in this chapter. The Python codes for these models are given at the end of
this appendix.

Models for Voltage and Energy in CR ADCs

We consider that the comparator inputs present infinite impedance and, therefore,
drain no current from the DAC outputs. Following this assumption, the comparator
is removed from the analysis, without compromising the accuracy of the models.
Most of the switching schemes use only two voltage levels as reference voltages in
the DAC arrangement, namely ground and Vygp. For these topologies, we may rely
on a simplified model to compute the DAC output voltage and the energy. Some
other switching schemes, on the other hand, use another intermediate reference
voltage, such as Vcy. For the latter, we devise a general model that supports an
arbitrary number of references and concurrent switching of multiple capacitors.

Simplified Voltage Model for CR DACs

Since the CR DACs are based on switched capacitors, they do not present static
power consumption. Therefore, we are only interested in the power consumption
that takes place in the transitions between states. The circuit in Fig. 3.19 provides
a good representation of a CR DAC transitioning between arbitrary states. In the
diagram, Ct represents the sum of capacitances that has the bottom plate connected
to Vrer and remain in this condition during the transition. The capacitor Cg
represents the sum of capacitances with bottom plates connected to ground that
is left unchanged during the transition. The remaining capacitor, Cx, represents the
capacitance being switched. The switch S; is initially connected to ground and is
switched to Vggr at time ¢+ = 0. All the voltages and currents on the circuit totally
settle at time #,. We can discretize the time domain and define Vx(0) = Vx[i—1] and
Vx(t;) = Vx|i]. Since there is no current path for the top plates of the capacitors,
the charge at the node Vx is conserved.

Ox[0] = Ox[1]. (3.18)
Equation (3.18) can be rewritten as follows:

CxVX[i — 1] + Cr (Vx[i — 1] — VREF) + CBVx[i — 1]
= Cx (Vx[i] - VREF) + Cr (Vx[i] — VREF) + Cxg Vx[l] (3.19)
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Solving (3.19) for Vx][i] leads to

Cx
+
Cx+Cr+Cp

Similarly, if Cx is switched from Vggr to ground, (3.20) becomes

Cx
Cx+Cr+Cp

To quantify the energy consumed from the reference source when S; switches
ground to Vrgp, let us again consider the simple circuit of Fig. 3.19, assuming that
at the instant t = 0, Vx is equal to Vx(0) and S; is disconnected from ground and
connected to Vrgr. The energy spent to switch the bottom plate of Cx to VRgr is
given in (3.22), considering that Vrgr is a dc voltage source and the current flowing
through its terminals is IrgE.

Vx[i] = Vx[i —1] VREE. (3.20)

Vx[i] = Vx[i — 1] VREF- (3.21)

t
ERrgr = VREF/ IRgr dt. (3.22)
0

The current Irgr can be described in terms of the charge drainded to the
capacitors connected to Vrgr. This is seen in (3.23), where Qc¢, and Qc, are the
charges stored in Cx and Cr, respectively.

dQCx dQCT
Irgr(t) = — . 3.23
REF(7) ( dr + dr (3.23)

Rewriting (3.22) in terms of (3.23) yields in
b (dQcx | dQc
Erer [i] = =W X T)at 3.24
REF [1] REF /0 ( ar + ar ) ( )
QCX (ts) QCT (ts)

= —VRErF / dQcy +/ dQc; | - (3.25)

0cy (0) 00y (0)

Integrating, we arrive at

ERer [i[] = —Vrer [(Qcx[i] — Qck[i — 1)) + (Qcx[i] — Qcr[i — 1D] . (3.26)
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Ergr [i] = —VrerCx [(Vx(ts) — Vrer) — (Vx[i — 1])]
—VreeCr [(Vx[i] — Vrer) — (Vx[i — 1] — VRreR)]. (3.27)

Solving (3.27) leads to

ERgr [l] = VrerCx (Vrer + Vx[i - 1] - Vx[l]) + VreeCr (Vx[l — 1] — Vx[l]) .
(3.28)
Plugging (3.20) into (3.28) yields in

. CgCx 2
E = V] . 3.29
REF [1] Co + Cp 4+ Cx /REF (3.29)

Equations (3.20) and (3.29) may be readily used to calculate the top-plate voltage
and the energy in the DAC topologies based on the principle of charge redistribution,
respectively, if only Vrgr and ground are employed as references. Additionally, the
model is only valid if only one capacitor is switched at each transition.

General Voltage Model for CR DACs

In order to develop a broader model, consider the capacitive array in Fig. 3.20, where
the bottom plates of k capacitors are switched at the same time from their initial
voltages Vo[i—1], Vi[i—1]... Vi[i—1] to arbitrary voltage levels Vy[i], Vi[i] . .. Vi[i].
Again, the principle of charge conservation holds, and the charge of the i-th cycle is
the same as the previous cycle:

Ox[i] = Ox[i —1]. (3.30)

By expanding (3.30) similarly as in (3.18) and solving for Vx[i], we arrive
at (3.31).

Co(Vo[i] = Voli — 1] + Vx[i — 1)) + ... + Cr (Vk[i] — Vi[i — 1] + Vx[i — 1)) .

vxli] =
il Co+Ci+...+C

(3.31)

Fig. 3.20 Circuit used to ? ? —Wx
develop the general voltage lco lcl JEZ Jfk

model for CR DACs
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By collecting the similar terms together, (3.31) may be rewritten as (3.32),
wherein N indicates the total number of reference sources employed.

Y5 Cvxli =11+ Vil = vili = 1)
Y G

In order to compute the energy, we assume that the only voltage levels allowed
on the bottom plates of the capacitors are the reference voltages. This simplification
does not pose any limitation on the analysis, as this happens naturally in a charge-
redistribution DAC. These voltages may comprehend any finite number of voltage
sources Vrero, VREFI - - - VREF&, €ven though practical implementations of charge-
redistribution DACs use 2 or 3 (i.e., Vpp, ground and the common-mode voltage
Vem). In the model for voltage in the DAC, we considered that the capacitances are
fixed and that the voltages on their bottom plates vary in time. On the other hand,
for the energy model, we will use the assumption of fixed and known voltage levels
and compute the variation of the capacitance connected to each one of those voltage
sources. This analogy is depicted in Fig. 3.21 and simplifies the calculation of energy
when multiple references or capacitors are switched concurrently. Also, this change
of standpoint is not harmful to the analysis because we care most about the amount
of energy that is spent from Vygp, and have limited interest in the distribution of
currents among the capacitors.

For every state-transition in the DAC, the capacitance connected to a given
voltage source Vggg; can be split up into two components: Cjs, which is the
capacitance that was maintained static since the previous cycle; and C;q, which is
the capacitance that was just connected to the reference voltage in the current cycle.
Additionally, C; 4 is further subdivided according to the voltage that was previously
applied to the bottom plate of these capacitors, so that C; 4 corresponds to all the
capacitors previously connected to Vgrgri, Cjq2 corresponds to all the capacitors
previously connected to Vrgp, and so on. Note that if a capacitor is disconnected
from the voltage source in the transition of states, it does not contribute to its energy
consumption. The assignment of capacitance values is exemplified for Vrggg in
Fig.3.22.

Vy[i] = (3.32)

VrefO Viefo
I:refo [i-1] ]érefo [i]

Cref1 [i]
Fefk Veef1 Vefk
T /\/ Wi

Cref [i-1
Vrefl/ﬁll

CrefZ [i-1]

CrefZ [i]
Vref2 Vrefz

Fig. 3.21 Circuit used to develop the general energy model for CR DACs
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Fig. 3.22 Example of capacitance values assignment for Vrgpy

At each cycle, the energy drawn from Vggg; is the sum of the energies spent to
charge Cjs and Cjq0, Cjqi . . . Cjax. Thus, the energy consumed in the i-th cycle is
given by

N—1

Erer,li] = Ejslil + ) Ejaxlil (3.33)
k=0

Following a similar reasoning to that presented in Sect.3.6.5, (3.33) may be
rewritten as

0c; i N=L Qe 44l

ERer,[i] = —VRrer, / dQg;, + Z / dOc; s | - (3.34)

QCj»g [l_l] k=0 QCj.d.k [l—l]
By solving and simplifying, we arrive at
N—1
Erer,[i] = —VRrer; <C/s (Vx[i — 1] = Vx[i]) + Z Ciax (Viaxli—1]

k=0

+Vxli] = Vx[i— 1] — VREFJ)) . (3.35)

The total energy consumed during a transition is found summing the contribution
of all the reference sources.

N—1

Eiota = ZEREF.j- (3.36)
=0

Therefore, (3.32), (3.35), and (3.36) can be employed in order to find the total
energy consumption and the contribution of all the reference sources in the ADC.
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The general model requires solving slightly more complicated equations than
the proposed simplified model to compute the energy of switching schemes. On
the other hand, this general model is easier to be implemented algorithmically on a
computer, which makes it a good alternative to automate the computations. One of
the advantages of automating the calculations is that it makes easier to extend the
analysis to new switching schemes as they appear. Based on the general model,
we wrote a software library that takes care of the low-level computations once
the switching scheme is algorithmically described. This library was employed to
perform the behavioral simulations and extract the results of Chap. 3. The codes are
listed in the next section.

Codes

Listing 3.1 cap_array.py
# -#%- coding: utf-8 -x-

mmnn
Generalized model of energy and voltage in a CR DAC.

@author: Taimur Rabuske
nnn

class cap array:

def _ init_ (self):
self.ct=0
self.cb=0
self.c=dict ([])
self.v=dict ([])
#Add ground node
self.v["gnd"]={"value":0, "energy":0}
self .prev_vout=0
self.vout=0

#Add a capacitor to the array
def addC(self,name,value,initial="gnd") :
self.c[name]={"value":value, "node":initial,
> "initial":initial}
return 0

#Add a voltage source (reference) to the array.
def addv(self,name,value, energy=0) :
self.v[name]={"value":value, "energy":energy}

#Reset all bottom plates to their initial conditions
def resetAll (self):
for cap in self.c:
self.c[cap] ["node"]= self.c[cap] ["initial"]

#Sample a voltage into the top plate
def sampleTopPlate (self,vin) :
self.vout=vin
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#Pro

def

return vin

cess the charge. The input of this function is a pair
> of values in the form [C,N], where C is the name of
> the capacitor to be switched, and N is the node to
<> which it is switched, e.g. Vref or gnd. The method
> returns the DAC voltage and energy spent in the
<> current cycle.
switchC (self, xargs) :
#Store previous voltage to the prev node key in the
> dictionary.
for i in self.c:
self.c[i] ["prev_node"]=self.c[i] ["node"]
#Connect capacitances to assigned nodes
for i in args:
cap=1i[0]
v=1[1]
if v not in self.v:
print "Voltage source does not exist"
self.c[cap] ["node"]=v

Compute the new voltage in the DAC, given by:
X

\
\ (V_DAC0.CO(i) + C(i).V ref(i) - CO(i).V_ref0(i))

tmp=0
#compute the summation in the numerator
for i in self.c:
tmp=tmp + self.c[i] ["value"] =
> (self.v[self.c[i] ["node"]] ["value"] -
— self.v[self.c[i] ["prev_node"]] ["value"] +
—> self.vout)
#compute denominator
c_total=sum([self.c[j] ["value"] for j in self.c])
#store previous dac voltage
self .prev_vout=self.vout
#set output voltage
self .vout=tmp/c_total

#Calculate the energy spent in charging the DAC
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E=dict ([1)
E _total=0
#Enumerate all the capacitors connected to each one of
<> the voltage sources, and calculate all the
> parameters for each one of them.
for vs in self.v:
#c_just_connected is an array with all the
<> capacitors that were connected on the
<> actual clock cycle
c_just_ connected=[]
#c still is the capacitance that was already
<> connected on previous cycle
c_still=[]
#find C just connected and c still
for cap in self.c:

if self.c[cap] ["node"]==vs:
if self.c([cap] ["prev_node"]==vs:
c_still.append (self.c[cap])
else:

c_just connected.append (self.c[capl)
c_still sum=sum([k["value"] for k in c_still])
#E still is the energy required to move the
<> already connected capacitors from V_dacO to
> V _dac
E still= self.v([vs] ["value"] x c_still sum =«
—> (self.prev_vout- (self.vout))
#E just connected is the energy required to charge
<> the bottom plate of the just connected
<> capacitor from the previous voltage (e.g.
<> ground) to the reference voltage.
E_just connected=0
for j in c_just connected:
E_just connected= E_just connected -
—> gelf.v[vs] ["value"]*]j["value"] =*
> (self.vout-self.v[vs] ["value"] -
<> (self.prev _vout-self.v[j["prev _node"]]
— ["value"]))
E[vs]=E_just connected+E _still
#E total is the total energy drained from all the
> reference sources.
E _total=E total+E[vs]
self.v[vs] ["energy"]=self.v[vs] ["energy"]+E [vs]
return self.vout,E total

Listing 3.2 sar_adc_conventional.py

#!/usr/bin/env python2.7

# -#%- coding: utf-8 -x-

mmnn

Model of Conventional CR SAR switching scheme

@author: Taimur Rabuske
nnn
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from  future  import division
from sympy import symbols, simplify
from cap array import cap array

class sar adc_conventional :

def

def

__init  (self,Vref=1.0,bits=3,Cu=le-15) :
self .Vref=Vref
self .bits=bits
self.Cu=Cu
self.cap arrayP=cap array ()
self.cap_arrayN=cap array ()
self.cap arrayP.addVv ("vref",self.Vref)
self.cap_arrayN.addVv ("vref",6 self.Vref)
self.cap arrayP.addC("dummy", self.Cu, "gnd")
self.cap_arrayN.addC ("dummy",self.Cu, "vref")
for i in xrange (self.bits):
self.cap_arrayP.addC(i,2*xixself.Cu, "gnd")
self.cap arrayN.addC(i,2+xixself.Cu, "vref")
convert (self,Vin, return _dac=0) :
out=0
Etot=0
dac=[]
step=-1
self.cap_arrayP.resetAll ()
self.cap arrayN.resetAll ()
VdacP=self.cap arrayP.sampleTopPlate (-Vin/2-self.Vref/2)
VdacN=self.cap arrayN.sampleTopPlate (Vin/2+self.Vref/2)
dac.append ( [step, "sample",self .Vref/2,self.Vref/2])
step=step+1
switch backP=0
switch backN=0
for k in range(self.bits-1,-1,-1):
if switch backP:
VdacP,EP=self.cap_arrayP.switchC( [k, "vref"],
> switch backP)
VdacN, EN=self.cap_arrayN.switchC( [k, "gnd"],
> switch backN)
else:
VdacP,EP=self.cap_arrayP.switchC([k,"vref"])
VdacN, EN=self.cap_arrayN.switchC ( [k, "gnd"])
if VdacP-VdacN<O:
out=out+2x+k
switch backP=0
switch backN=0
else:
switch backP=[k, "gnd"]
switch backN=[k, "vref"]
Etot=Etot+EP+EN
dac.append ([step, "b "+str(k), self.vref/2+VdacP,
> self.Vref/2+VdacN])
step=step+1
dac.append ([step,"", self.Vref/2+VdacP,
—> self.Vref/2+VdacN])
if return dac:
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return dac
else:
return out, Etot

Listing 3.3 sar_adc_mcs.py

#!/usr/bin/env python2.7

# -%- coding: utf-8 -#*-

mmn

Model of MCS CR SAR switching scheme
@author: Taimur Rabuske

from  future  import division

from sympy import symbols, simplify
from cap array import cap array

class sar_adc_mcs:
def init (self,Vref=1.0,bits=3,Cu=le-15):
vref,vin=symbols ("vref,vin")
self .Vref=Vref
vref=self.Vref
self .bits=bits
self.Cu=Cu
self.cap_arrayP=cap array ()
self.cap arrayN=cap array ()
self.cap_arrayP.addV ("vref",6 self.Vref)
self.cap arrayN.addv ("vref",self.Vref)
self.cap arrayP.addv("vcm", self.Vref/2)
self.cap arrayN.addv("vcm", self.vVref/2)
self.cap_arrayP.addC ("dummy", self.Cu, "vcm")
self.cap arrayN.addC ("dummy", self.Cu, "vcm")
for i in xrange (self.bits-1):
self.cap_arrayP.addC(i,2+xixself.Cu, "vem")
self.cap_arrayN.addC(i,2+xixself.Cu, "vem")
def convert (self,Vin,return dac=0) :
out=0
Etot=0
dac=[]
step=0
self.cap_arrayP.resetAll ()
self.cap arrayN.resetAll ()
VdacP=self.cap arrayP.sampleTopPlate (Vin/2)
VdacN=self.cap arrayN.sampleTopPlate (-Vin/2)
dac.append ([step, "+b 9", self.Vref/2+VdacP,
—> self.Vref/2+VdacN])
step=step+1
for k in range(self.bits-2,-1,-1):
if VdacP-VdacN<O:
VdacP,EP=self.cap_arrayP.switchC([k, "vref"])
VdacN, EN=self.cap_arrayN.switchC( [k, "gnd"])
else:
out=out+2+* (k+1)
VdacP,EP=self.cap_arrayP.switchC([k, "gnd"])



47
48
49

50
51

52
53
54
55
56
57

0NN W~

(USROS RS ERUSIRULIN (O I NS O I [ T N I (ST (O I NS I NS R S R e e el el e el ey
A LN, OOV IAANUNEWVNOD—~, OOV A WND~ONO

W W
[o V]

3.6 State of the Art in CS-ADCs

VdacN, EN=self.cap_arrayN.switchC( [k, "vref"])
Etot=Etot+EP+EN
dac.append ([step, "b "+str(k), self.vVref/2+VdacP,
—> self.Vref/2+VdacN])
step=step+1
dac.append ([step,"", self.Vref/2+VdacP,
> self.Vref/2+VdacN])
if vdacP-vVdacN>0:
out=out+2*x%0
if return dac:
return dac
else:
return out, Etot

Listing 3.4 sar_adc_monotonic.py

#!/usr/bin/env python2.7

# -%- coding: utf-8 -»*-

mmnn

Model of Monotonic CR SAR switching scheme
@author: Taimur Rabuske

mmn

from  future  import division

from sympy import symbols, simplify

from cap array import cap array

class sar_adc_monotonic:
def init (self,Vref=1.0,bits=3,Cu=1le-15):

self .Vref=Vref

self .bits=bits

self.Cu=Cu

self.cap_arrayP=cap array ()

self.cap arrayN=cap array ()

self.cap_arrayP.addV ("vref",6 self.Vref)

self.cap arrayN.addVv ("vref",self.Vref)

self.cap_arrayP.addC("dummy",self.Cu, "vref")

self.cap arrayN.addC("dummy",self.Cu, "vref")

for i in xrange (self.bits-1):
self.cap_arrayP.addC(i,2+xixself.Cu, "vref")
self.cap_arrayN.addC(i,2+xixself.Cu, "vref")

def convert (self,Vin,return dac=0) :

out=0

Etot=0

dac=[]

step=0

self.cap_arrayP.resetAll ()

self.cap arrayN.resetAll ()

VdacP=self.cap arrayP.sampleTopPlate (-Vin/2)

VdacN=self.cap arrayN.sampleTopPlate (Vin/2)

dac.append ( [step,"+b 9", self.Vref/2+VdacP,
—> self.Vref/2+VdacN])

step=step+1

for k in range(self.bits-2,-1,-1):
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if VdacP-VdacN<O0:
out=out+2x* (k+1)
VdacN, EN=self.cap_arrayN.switchC( [k, "gnd"])
EP=0
else:
VdacP,EP=self.cap_arrayP.switchC([k, "gnd"])
EN=0
Etot=Etot+EP+EN
dac.append ([step, "b "+str(k), self.vref/2+VdacP,
—> self.Vref/2+VdacN])
step=step+1
dac.append ([step,"", self.Vref/2+VdacP,
> self.Vref/2+VdacN])
if vdacP-VdacN<O:
out=out+2*x%0
if return dac:
return dac
else:
return out, Etot

Listing 3.5 sar_adc_cs.py

#!/usr/bin/env python2.7

# -#%- coding: utf-8 -x-

Model of CS SAR switching scheme
@author: Taimur Rabuske

nnn

from  future  import division
from sympy import symbols, simplify

class sar_adc_cs:
def init (self,Vref=1.0,bits=3,Cu=le-15):
self . Vref=Vref
self.bits=bits
self.Cu=Cu
self.Cth=2xx (bits-1) *Cu
self.c=[]
for i in xrange (self.bits-1):
self.c.append (2+*xixself.Cu)
def convert (self,Vin,return dac=0) :
out=0
Etot=0
dac=[]
step=0
Qth=self.CthxVin
Qtotal=Qth
Ctotal=self.Cth
Vdac=Vin
dac.append ([step,"+b 9", self.Vref/2+Vin/2,
— gself.Vref/2-Vin/2])
step=step+1
Etot=sum(self.c) (self.Vref) xx2
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for k in range(self.bits-2,-1,-1):

if vdac>0:
out=out+2** (k+1)
Qtotal=Qtotal-self.c[k] xself.Vref
Ctotal=Ctotal+self.c[k]

else:
Qtotal=Qtotal+self.c[k] xself.Vref
Ctotal=Ctotal+self.c[k]

Vdac=Qtotal/Ctotal

dac.append ([step, "b "+str(k), self.vVref/2+Vdac/2,
)

—> self.Vref/2-Vdac/2]
step=step+1

dac.append ([step,"", self.Vref/2+Vdac/2,
— self.Vref/2-Vdac/2])
if vdac>0:

out=out+2*%0
if return dac:
return dac
else:
return out,Etot

Listing 3.6 sim_e.py

#!/usr/bin/env python2.7
# -#- coding: utf-8 -x-

nnn

Script used to simulate the energy of the SAR ADCs as function

> of the output codes.

@author: Taimur Rabuske
nnn

from  future  import division

import numpy

import matplotlib.pyplot as plt

from sar adc_conventional import sar adc conventional
from sar adc_monotonic import sar adc monotonic

from sar adc_mcs import sar adc mcs

from sar_adc _cs import sar adc_cs

from multiprocessing import Pool, Lock

#Simulation parameters
samplingrate=1000.0e3
fin=54.6875e3

pts=2048

window="no"

#ADC characteristics
BITS=10
VREF=1.0

sar_adc_conventional=sar adc conventional (bits=BITS,
«—> Vref=VREF, Cu=1)

sar adc_monotonic=sar adc monotonic (bits=BITS, Vref=VREF, Cu=1)
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sar_adc_mcs=sar adc _mcs (bits=BITS, Vref=VREF, Cu=1)
sar_adc_cs=sar_adc_cs (bits=BITS, Vref=VREF, Cu=1)

#mp=multiprocessing
mp=1
plot_results=1

PTS_SIM=2%xBITS
y=numpy.linspace (-VREF, VREF, num=PTS_SIM)

print "\n\nSimulating ADCs..."

def convert adc (zipped args) :
adc_instance,argument= zipped args
result,E=adc_instance.convert (argument)
return result,E

pool=Pool (processes=8)
if mp:
out_conventional =pool.map (convert adc,
<> zip(len(y) * [sar_adc_conventionall, y))
out_monotonic=pool.map (convert adc,
<> zip(len(y) * [sar_adc_monotonicl, y))
out_mcs=pool.map (convert adc, zip(len(y)=*[sar adc mcsl, y))
out_cs=pool.map (convert adc, zip(len(y)«*[sar_adc cs], y))
else:
out_conventional =map (convert adc,
<> zip(len(y) * [sar_adc_conventionall, y))
out_monotonic=map (convert adc,
<> zip(len(y) * [sar_adc_monotonicl, y))
out_mcs=map (convert adc, zip(len(y)=x[sar adc mcs], y))
out_cs=map (convert_adc, zip(len(y)=[sar_adc_cs]l, y))
out_sar adc_conventional= numpy.transpose (out conventional) [0]
out_sar adc_monotonic= numpy.transpose (out monotonic) [0]
out_sar adc_mcs= numpy.transpose (out _mcs) [0]
out_sar_adc_cs= numpy.transpose (out_cs) [0]
E_conventional= numpy.transpose (out conventional) [1]
E _monotonic= numpy.transpose (out monotonic) [1]
E_mcs= numpy.transpose (out_mcs) [1]
E_cs= numpy.transpose (out_cs) [1]

numpy . savetxt ("E_conventional.csv", E conventional,
> delimiter=",")
numpy . savetxt ("E_monotonic.csv", E monotonic, delimiter=",")
numpy .savetxt ("E_mcs.csv", E mcs, delimiter=",")
numpy . savetxt ("E_cs.csv", E cs, delimiter=",")

if plot results:
plt.figure (0)
plt.xlabel ("Vin (V)")
plt.ylabel ("Dout")
plt.subplot (211)
plt.plot (y,out_sar adc_conventional)
plt.plot (y,out_sar adc_monotonic)
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plt
plt
plt
plt.
plt
plt
plt
plt.
plt
plt.

Listing 3.7

.plot
.plot
.grid(True)

y,out_sar adc_mcs)
y,out_sar adc_cs)

(
(

subplot (212)

.grid(True)

)

show

sim_wf.py

#!/usr/bin/env python2.7
# -#%- coding: utf-8 -x-

nnn

Script used to plot the waveforms for a given input voltage.

@author:

nnn

from  future  import division

Taimur Rabuske

import numpy

from sar adc_conventional import sar adc conventional
from sar adc_monotonic import sar adc monotonic

.plot (out_sar_ adc_conventional,E conventional)
.plot (out_sar_adc_monotonic,E_monotonic)
.plot (out_sar_adc_mcs,E_mcs)
plot (out_sar adc_conventional,E cs)
(
(

from sar adc_mcs import sar adc mcs

from sar_adc _cs import sar adc_cs

from multiprocessing import Pool,

#Simulat

ion parameters

samplingrate=1000.0e3

fin=54.6
pts=2048
window="

875e3

no"

#ADC characteristics

BITS=8
VREF=1.0

sar_adc_conventional=sar adc conventional (bits=BITS,

<> Vref=VREF, Cu=1)

sar_adc_monotonic=sar adc monotonic (bits=BITS, Vref=VREF, Cu=1)
sar _adc_mcs=sar adc_mcs (bits=BITS, Vref=VREF, Cu=1)
sar_adc_cs=sar_adc_cs (bits=BITS, Vref=VREF, Cu=1)

#mp=multiprocessing

mp=1

PTS SIM=

# ADC input voltage to simulate

y=0.8

2xxBITS

Lock
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print "\n\nSimulating ADCs..."

dac_conventional=sar adc conventional .convert (y,return dac=1)
dac_monotonic=sar adc monotonic.convert (y,return dac=1)
dac_mcs=sar_adc_mcs.convert (y,return dac=1)
dac_cs=sar_adc_cs.convert (y,return dac=1)

numpy . savetxt ("dac_conventional .csv", dac_conventional,

<> delimiter=",", fmt="%s")

numpy . savetxt ("dac_monotonic.csv", dac_monotonic,

<> delimiter=",", fmt="%s")

numpy . savetxt ("dac_mcs.csv", dac_mcs, delimiter=",", fmt="%s")
numpy . savetxt ("dac_cs.csv", dac_cs, delimiter=",", fmt="%s")
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4.1 Introduction

The performance of the CS-ADC is limited by nonidealities, which include
mismatch, parasitics, comparator offset, and noise. As with any other class of
circuits, it is crucial to quantify the impact brought by these sources of error at
design-time. For this purpose, a detailed analysis of the nonidealities that lead to
performance degradation in the CS-ADC is presented. Whenever it is reasonable,
a mathematical model is derived to assist the design and, for the cases where
this approach is unpractical, the results of extensive simulation are presented.
This chapter begins with the derivation of the expressions for the voltage at
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the inputs of the comparator during a given conversion. These expressions are
used to model the effect of most of the nonidealities to the performance of
CS-ADCs.

4.2 Trajectory of the DAC Voltage in a CS-ADC

For the derivation of the expression of the voltage at the comparator inputs, the
charge conservation principle is extensively used. It is also assumed that the inputs
to the comparator present an infinite resistance, thus no current flows in or out of
these terminals.

Consider the diagram in Fig. 4.1, that shows the most important components of a
3-bit CS-ADC, including the TH capacitors (Cty), DAC capacitors (Cy and Cy), and
the DAC parasitics (Cp; and Cyp). The circuit is described in four different cycles.
The first cycle encompasses the sampling of the input signal on the TH capacitances
and the precharge of the DAC capacitors to Vpc. In the analysis, it is considered
that sampling and precharge were completed beforehand, and the following cycles
are represented by the symbol i. Cycle i = 0 describes the circuit at the state used
to decide the MSB when the TH is in “hold” mode and the DAC capacitances are
disconnected from the rest of the circuit. Similarly, cycles i = 1 and i = 2 model

ling + h j=
|samp ing + prec arge| Ve i=0 Ve
VINPQ.G v v L
Ctu Pci Pci Cru T i
T C C T C C
C pl C p0 C pl C p0
- 1 0 :[> —_— - 1 0 :[>
2C C 2C C
L Cpl Ecpo 4 Cpl /E\LCPU
CTH E :L: CTH :L: :L:
oo o%
VINN T ° N
i=2 Vp =1 Vp
@ HEH 1R a» 1)
Cm)] 91 72 Cm| 491 I
_~ :.:' - Cplli.: - CpO _~ I.I:' . Cpl - Cpl)
hy He D j} — hdals j}
+l2c |C e ple C
L Cpi Cpo Lo Cp1 Cpo
Cru E 2. I Ctu I =
Fob—id — Fob—id
%N VN

Fig. 4.1 Circuit schematics of a 3-bit CS-ADC during the different cycles in a conversion
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the circuit at the instants when the comparator is triggered to decide the second and
third most significant bits, respectively. All the states assume sufficient settling. Note
that from cycle O onwards, the DAC operation is passive, as none of the nodes are
connected to any voltage source. Since there is no current path from/to the exterior
at cycles 0, 1, and 2, the net charge of the system is the same as the net charge at
the end of the sampling/precharge phase. Also, note that the same reasoning can be
applied to ADCs with any resolution.

At cycle i = 0, the charges stored in the TH capacitors are dictated by the input
voltage at the exact instant when the TH is switched from the “track” to the “hold”
mode.

Otnp [0] = CraVine 4.1
Otan [0] = CtaVinn. 4.2)

Similarly, the charges on the positive and negative terminals of the DAC unit cells
are given by

Q1p [0] = C1 (Voc — 0) + Cp1 (Vec — 0) (4.3)
Oin[0] = C1 (0= Vpc) + Cp1 (0-0) (4.4)
Qop [0] = Co (Voc — 0) + Cpo (Vpc — 0) 4.5)
Qon [0] = Co (0 — Vpe) + Cpo (0—0). (4.6)

The differential voltage Vpy = Vp — Vy is evaluated by the comparator, which
outputs the comparison result k» (“0” or “1”). The bit k, will be used at the end of
conversion to generate the 3-bit ADC output K = {k», k1, ko}. Then, the algorithm
moves to the next cycle.

Atcycle i = 1 the capacitor C) is connected in parallel or anti-parallel to the TH
according to the comparison result k,. Therefore, the total charges on the nodes Vp
and VN, connected to the comparator inputs, become

Op (1] = (Cru + Cp1) Vp [1] + C1 (Vp [1] — Vx [1]) 4.7)
On[1] = (Cru + Cp1) Wn 11+ C1 (VW [1] = Ve [1]). (4.8)

As the charge is conserved, the following also holds.

Orup [0] + O1p[0] ifky =0
Op[l] = . (4.9)
Orup [0] + O1n[0] ifky =1

OtHN [O] + OIN [0] ifkpb, =0
On([l] = . (4.10)
Orun [0] + Q1p [0] ifky, = 1.
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Combining (4.7) with (4.9) and (4.8) with (4.10) enables solving for Vp and Vy,
respectively:

Cy (C1Vee — CruVinw) — (C1 + Cru + Cp1) (C1 Ve + CruVine + Cp1 Vi)

) ) ifky = 0
Gt —(C1 + C + Cy1)
Vell] = @.11)
—C1 (C1Vpc + CruVinn + Cpi Vie) + (C1 + Cra + Cp1) (C1 Ve — CruVine) k=1
2 2=
C?—(Cy + Cru + Cp1)
—C1 (C1Vpc + CruVine + Cp1 Vic) + (C1 + Cri + Cpi) (C1 Ve — Cria Vinn) ko = 0
, =

C—(Cy + Cu + Cpl)2

Wl = 4.12)
C1 (C1Vec — Cru Vi) — (€1 4 Cr + Cp1) (C1 Ve + CruVinn + Cp1 Vic) k=1
= 1.

C—(C1 + Crn + Cp)’

The voltage Vpn [1] = Vp [1] — Vn [1] is now evaluated by the comparator, which
outputs the comparison result k;. Similarly, Op and Qn can be found at i = 2,
according to the results of the previous comparisons &, and ki,

0p [2] = (Cu + Cp1 + Cpo) Ve 2] + (C1 + Co) (Ve [2] — VN [2]) (4.13)
On 2] = (Cru + Cp1 + Cyo) Vn 2]+ (C1 + Co) (W [2] — Ve [2]) (4.14)

Ornp [0] + Q1p [0] + Qop [0]  if {k2, k1}={0,0}
Ornp [0] + Q1p [0] + Qon [0]  if {ko, k1 }={0,1}

Or[2] = _ (4.15)
Ornp [0] + Oin [0] + Qop [0]  if {ko, k1 }={1,0}

Otup [0] + Oin [0] + Qon [0]  if {ko, ki }={1,1}

Otun [0] + OQin [0] + Qon [0]  if {ka, k1 }={0,0}

Oran [0] + Q1N [0] + Qop [0]  if {ko, k1}={0,1}
On[2] = _ (4.16)
Oran [0] + Q1p [0] + Qon [0]  if {ko, k1 }={1,0}

Oran [0] + Qip [0] + Qop [0]  if {ko, ki }={1.1}.
Again, combining (4.13) with (4.15) and (4.14) with (4.16), one can find Vp and
VN, respectively, at i = 2. In fact, the described procedure may be employed to find
Vp and Vy at any cycle i of the SAR algorithm for a CS-ADC with any resolution B.

If simplification is performed on the resulting equations, one arrives at closed-form
expressions for the differential voltage Vpn.

; Copmie
CEH (Vine — VINN) — 2j—; (2kp—j — 1) (CB—j_l 4 Con ') Ve

Ven lil = Ve [i] = Vi il = . 4
C;H + 2= (CB—j—l + C"'Bz’f*‘)

(4.17)
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The expression may be elaborated more intuitively as follows. The numerator
represents the amount of charge in the system. The left-hand term of the numerator is
the charge initially stored in the TH. The value of Cry is divided by two because the
TH capacitances appear in series for differential signals. The summation on the right
side of the numerator represents the charges from the capacitors in the array that are
connected in each cycle. The factor (2kg—;— 1) converts the comparator results from
the conventional binary form {0, 1} to {—1, +1}. The denominator of the expression
represents the total capacitance that is connected to the comparator inputs in a given
cycle, and again Cry appears dividing by 2. An identical effect is noticed in the
parasitic capacitances, which also appear in series when the differential voltage is
evaluated.

The equation is valid for any cycle i including 0, that corresponds to the MSB
decision cycle. In the particular case when i = 0, the two summations have upper
limit equal to O, which is lower than the lower limit (that is 1). By definition, this is
an empty sum, or a sum with no summands, and equals zero. Therefore, for i = 0,
all the summands disappear remaining (4.18).

Ve [0] = Cri (Vine = Vinn) = (O)Ven _ Vixr — Vi, 4.18)
Crg+0

The common-mode voltage at the comparator inputs, at any cycle i, is defined by

(4.19).

Vem [i] = Vel er Wil (4.19)

Solving and simplifying (4.19) yields in

. Ve + Vi
Vem [i] = 5 = Vinem. (4.20)
One sees in (4.20) that V¢ remains constant for all the cycles, and is equal to
the common-mode voltage of the input signal. This observation is valid only when
the circuit is balanced, e.g. has identical parasitics and TH capacitances on positive
and negative sides of the differential circuit.

4.3 Analog-to-Digital Conversion Gain

By omitting parasitics on the model, the differential voltage seen by the comparator
is given by (4.21).

I (Vine — Vinn) — Z}:](ZkB—j —1)Cp—j—1Vpc

Ve [i] = i )
3t =i G

4.21)
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The remainder of this section considers that the DAC capacitances are matched
and obey a binary relationship. If the differential input voltage (Vinp — Vinn) of
the ADC is equal to the maximum voltage right before the ADC saturates, all
the comparison results must be “1”’s at the end of the conversion and the residual
charge corresponds to 1 LSB, or Q. Alternatively, one may state that at the end
of conversion, the difference between the TH charge and the DAC charge is Qy. If
larger, the ADC output is saturated and the quantization error is larger than ; LSB.
If smaller, the input is not at the maximum allowed by the ADC. Thus,

Qo = OtH,max — ODAC,111..1- (4.22)

Because of the differential and symmetric operation of the ADC, the output is said
to be saturated if the input is larger than Vig /2 or smaller than —Vir /2, where Vg is
the differential input range voltage of the ADC. Then, we rewrite (4.22) as (4.23).

Cru ViR

CoVee = ", — (2571 = 1) CoVic. (4.23)
Solving for Vg leads to
2B+1C0
ViR = c Vpc. (4.24)
TH

The ADC gain Gapc may be defined as the ratio between the input range Vig and
the precharge voltage Vpc. Thus,

VIR _ ZB+1C0

4.25)
Vec Crn

Gapc =

In most of the reported designs, Vpc equals Vpp. Also, one is generally interested
in maximizing the input voltage range, in order to increase the SNR of the ADC.
Therefore, if the input common-mode voltage Vin cum 1S set to V[z’D , and both the input
signals are bounded to Vpp and 0, ViR is equal to 2Vpp, because of the differential
operation. In this particular case, (4.25) becomes (4.26).

23+1C
Gape = 2 = 0 (4.26)
Ctu
Finally,
Cmy = 28¢,. (4.27)

Therefore, for Vig = 2Vpp in the 3-bit example, Cry becomes 8Cy. It can be
easily shown that, for a constant input range, the TH capacitances scale linearly
with the precharge voltage. Thus, if Vpc is set to Vpp/2, Cry becomes 4Cy; if Vpc
is set to Vpp/4, Cry becomes 2Cy, and so forth.
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4.4 Errors Caused by Mismatch

In this section, the effect of the mismatch between the capacitors inside the ADC
on the accuracy of the conversion is quantified. Three cases are considered in
the analysis: the mismatch between the two capacitors in the differential TH, the
mismatch between these TH capacitors and the total DAC capacitance, and the
mismatch between the capacitors inside the DAC.

4.4.1 Mismatch Between TH Capacitors

To analyze the impact of the mismatch between Crygp and Crpy, it is assumed that
a capacitance mismatch Ac appears in the TH capacitances as follows.

A

Crip = Cr + 2C (4.28)
A

Cran = Cra — ZC- (4.29)

Splitting the mismatch between the two capacitors greatly simplifies the calcula-
tions. Now, Cry represents the average TH capacitance. Then, the expression for
Vpn at the cycle i in presence of TH capacitors mismatch is derived and given in
(4.30).

2 .
(1 - (2?%) ) I (Vine — Vinn) — Vec > im1 (2kp—j — 1) Cp—jy

2 .
(] N (2?7}4) ) G+ Xjmt Cam
(4.30)

The factors that are introduced by the mismatch are highlighted. Looking to the
expression, it is noticeable that the TH mismatch does not introduce nonlinearity on
the ADC transfer curve. However, since the factors only appear for the terms that
correspond to the TH charge capacitance, a gain error is expected in the ADC. The
phenomenon of gain error in ADCs is depicted in Fig.4.2 and may be quantified
using (4.31), where V1.1 and Vioo o are the thresholds of the greatest and lowest
output codes, respectively.

Ven [i] =

431

Vv -V
A (%) = 100( 111..1 000.0 1) '

ViR —2VisB

A positive gain error Ag means that the ADC saturates before the full input
range is driven, and a negative Ag means that a signal larger than the input range is
required to activate the lowest and the greatest possible output codes. It is possible
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Fig. 4.2 Illustration of the gain error in ADCs: x-axis is the input voltage and y-axis is the output
code of the ADC

to follow the same procedure employed for (4.25) to find the gain in the presence of
mismatched TH capacitors:

Vi 28+1C 1
R = 0 , 4.32)
Vec Cru 1— ( Ac )
By dividing the resulting expression by the ideal gain of a CS-ADC, given in (4.26),
we obtain the gain error in presence of mismatch on the TH capacitors.

1
Ag = _ (4.33)

2
A
1= (.,)

Finally, rewriting (4.32) as a percentage leads to (4.34).
1
Ag(%) = 100 ,—1]. (4.34)

To validate the expression, behavioral simulations for an 8-bit ADC with Vg =
2Vpp and Cry = 256fF are run for different values of Ac. The results obtained
from simulations are contrasted with the gain error achieved with (4.34). The
comparison is shown in Table 4.1, that indicates great agreement between simulation
and analytical calculations. The shape of Ag as function of Ac for a range of —50 to
50fF, corresponding to approximately 20 % of Cry, is shown in Fig.4.3. Note that
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Table 4.1 Comparison of Ac (fF) Calculated Ag (%)  Simulated Ag (%)
calculated and simulated gain
error for different values of 10 0.0381 0.0379
mismatch between TH 20 0.1528 0.1532
capacitors, for an 8-bit SAR 50 0.9628 0.9625
ADC with Vpc =1V, 100 3.9659 3.9660
VIR . 2\7, CTH = 256fF, 1
and C, = 1 fF 50 9.3889 9.3889
1 —

0.9
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0.1

Ac[%]

10 20 30 40 50
ACIfF]

Fig. 4.3 Analytical gain error as function of the mismatch between TH capacitors, for an 8-bit
SAR ADC with VpC =1 V, VIR = 2V, CTH = 256 fF, and C() = 1fF

even for a large mismatch of almost 20 % of Cry, the gain error is smaller than 1 %.
Only if the mismatch is as large as 60 %, or 150fF, that the gain error approaches
10 %. If we keep in mind that the capacitors in modern CMOS processes provide a
very good matching, with a mismatch generally lower than a few percent, the values
on Table 4.1 are very unlikely to occur in practical implementations. It is fair to
assume that, for real SAR ADC implementations, the gain error introduced by the
mismatch between TH capacitors is negligible.

Besides the disturbances on the differential voltage caused by the mismatch in
the TH capacitors, the ADC becomes asymmetric and changes in the common-
mode voltage at the comparator inputs are expected. The expression in (4.35) can
be derived to compute the common-mode voltage at the cycle i, where Vin cm is the
common-mode voltage of the input signal.

Ac ((VINP = VINN) =1 C—j—1 + Ve 32— (2kp—j — 1)CB—j—l>
Vem [l = Vinem + . a2 .
4CtH Zj:l Cp—j—1 + 2Cu? — 5
(4.35)
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Fig. 4.4 Simulated trajectory of the common-mode voltage on the comparator inputs for different
input voltages on an 8-bit ADC with Vpc = 1V, Vg = 2V, Cry = 2561fF, Cy = 1{F and
Ac = 10fF

Note that the terms that multiply by (Vinp — Vinn) and Vpe in the numerator are
both positive, differently than what happens for the differential signal, where they
have different signs. Therefore, the maximum and minimum of this function occur
for the extremes of the differential input voltage. Figure 4.4 depicts the behavior of
Vewm for different input voltages for an 8-bit CS-ADC with 2V of input range (—1V
to +1 V), a TH capacitance of 256 fF and Ac equal to 10 fF. The trajectories in the
figure corroborate with the idea that the worst deviation on V¢ occur for maximum
and minimum input voltages. In the case of maximum positive differential input
Vir/2, all the comparison results are logic ones, and the second summation of the
numerator can be rewritten as »_ Cp—j—1, instead of Z(Zkg_j — 1)Cp—j—;. For the
minimum differential input of —Vir/2, all the comparison results are logic zeros,
and the second summation becomes — ) C B—j—1. Therefore, the minimum and
maximum values of the common-mode voltage can be found with

Ac (I + Vec) Xj=; Coji

i . (4.36)
4Ct Yojy Cojmt + 2Cms? = %5

VCMImin,max = VIN,CM +

We can substitute the sum for the value of the capacitance at the end of conversion.
Thus,

Ac (M + Vpe) (267D —1) Gy

VemIminmax = Vinem £ )
min,max 4CTH (23_1 _ 1) CO + 2CTH2 _ Azcz

(4.37)
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Fig. 4.5 Histogram showing the simulated spread of the common-mode voltage in the presence
of TH capacitor mismatch, for several values of Ac, for an 8-bit ADC with Vpc = 1V, Vg =2V,
Cry = 2561F, and Cy = 1{F

To validate the common-mode voltage model, the same 8-bit ADC is simulated
with a linear ramp as the input signal, for different values of Ac. A total of 256
points are simulated, ensuring that every output code is activated once. Figure 4.5
shows a histogram with the values of Vcy during the test, for all the 8 conversion
cycles of the 256 conversions. The plot also includes the maximum and minimum
values of Vcou found using (4.37). It is possible to verify that the values of common-
mode voltage are indeed bounded by the values computed analytically, evidencing
the correctness of (4.37). Again, the analysis was extended to exaggerated values of
Ac, which are not likely to be seen in practical implementations. For reasonable
values of Ac, the disturbance of the common-mode caused by mismatched TH
capacitors is in the order of tens of mV, and this range of values is not expected
to cause significant effects on the performance of the comparator. Finally, the range
of common-mode voltages that may occur in an 8-bit ADC with Cry =256fF, as
function of Ac, is shown in Fig. 4.6.
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Fig. 4.6 Plot showing the calculated range of possible values of common-mode voltage during a
conversion as function of the mismatch between TH capacitors, for an 8-bit ADC with Vpc = 1V,
VIR = ZV, CTH = 256fF, and C() = 1fF

4.4.2 Mismatch Between TH and Total DAC Capacitance

For this section, we once again assume that the DAC capacitors are matched and
obey a binary relationship. This simplification is done to allow focusing on the
impact of the mismatch between the values of the TH and the total DAC capacitance.
Additionally, for the sake of simplicity, it is considered that the DAC capacitors are
fixed, and that the value of the TH capacitance is Cry + Ac. The expression (4.21)
may be rewritten as

CTH;AC (Vine — Vinn) — Z;=1(2k3—j — 1)Cp—j—1Vec

Ven [i] = 4
CTH;—AC + Z;:l Cp—j-1

(4.38)

The expression reveals that the conversion remains linear. On the other hand, as
the mismatch is added up to the factor that multiplies the differential input signal, a
deviation in the gain of the converter is expected. In fact, the gain can be computed
by (4.39).

VIR 2B +1 CO

- . (4.39)
Vec  Cru + Ac

Gapc =

This expression may be rewritten as
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ZB+1 CO 1
G = . 4.40
ADC Con \ 14 A (4.40)

CtH

As the left term is the gain of an ideal ADC, the gain error in presence of mismatch
between the total DAC capacitance and the TH capacitors becomes (4.41).

1
Ag(%) = 100( A 1) . (4.41)
1+ CtH
Simplification leads to (4.42).
Ac
Ag(%) = —100 . 4.42
6(%) (e ac) (442

Behavioral simulations are run for an 8-bit ADC with different values of Ac, to
validate the expression. The results are contrasted with the gain error obtained with
(4.42). These results are shown in Table 4.2. Also, Fig. 4.7 shows the impact of Ac
on the gain error for an 8-bit ADC with 256 fF TH capacitance. The results show

Table 4.2 Comparison of - Ac (fF)  Calculated Ag (%) Simulated Ag (%)
calculated and simulated gain

error for different values of —20 8.4746 8.4745
mismatch between TH and —10 4.0650 4.0647
total DAC capacitance, for an 10 —3.7594 —3.7591
8-bit SAR ADC with 20 —7.2464 —7.2462
Vee =1V, Vig = 2V, 50 —16.3398 ~16.3398

Cru = 2561F, and Cy = 1{F
20
15
10

Ac[%]

50

AclfF]

Fig. 4.7 Analytical gain error as function of the mismatch between TH and DAC capacitors for
an 8-bit SAR ADC with Vpc = 1V, Vg = 2V, Crg = 256 fF, and Cy = 1{F
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that the analytical model agrees with the simulation results. Since the mismatch for
integrated capacitors in the range of hundreds of femtofarads tends to be very small
(smaller than 1 %), the expected gain error in a practical implementation would
hardly exceed 1 %.

4.4.3 Mismatch Between DAC Capacitors

A statistical analysis of the expected value and yield of the ENOB in the presence
of capacitor mismatch is nontrivial and out of the scope of this book. The reader is
referred to the work recently presented in [1] for a complete and in-depth treatment
of the phenomenon.

Extensive Monte-Carlo behavioral simulations are run for a range of resolutions
and different mismatch spreads, to illustrate and quantify the impact of the DAC
capacitors mismatch. The simulated ENOB values are obtained using a 2048-point
FFT with a sample of 10,000 randomly mismatched SAR ADCs generated at each
resolution and each standard deviation of mismatch. Both topologies are simulated
while using the same value of total DAC capacitance, to compare the impact of
mismatches in the CS-ADC to a differential CR-ADC. Therefore, since the number
of required unit capacitors is four times smaller in the CS than in a differential
CR, the unit capacitor of the CS-DAC is made four times larger, so that the total
DAC capacitance and area are identical. The obtained results of expected value and
standard deviation of the ENOB are shown in Fig.4.8. One sees almost identical
behaviors of the effective resolution for the two SAR ADC topologies, as long as
the total DAC capacitances are the same.

4.5 Errors Caused by Parasitics

In this section, the impact of the parasitics on the accuracy of the analog-to-digital
conversion is quantified. It is noticeable from (4.17) that if the DAC capacitors have
balanced parasitics on the two terminals, no linearity errors arise. Therefore, the
remaining of this section deals only with unbalanced parasitics.

In order to evaluate the impact of unbalanced parasitics on the DAC terminals,
the circuit in Fig. 4.9 is considered. The parasitics in the top and bottom plate of the
DAC capacitors are modeled by the combination of C, and Acy, that represent the
average capacitance and the difference between the value of parasitic capacitances,
respectively. An analytical derivation of the behavior leads to a very complicated
model, with more than twenty summations (X') terms. Therefore, the effects of
unbalanced parasitics were analyzed through numerical simulations. As the ADC
gain changes with the parasitics, the following function (found empirically based
on simulations, because the impact on ADC gain and INL is not known in advance)
is used to choose the size of the TH capacitance.
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Fig. 4.8 Mean values and standard deviation of the ENOB as function of the standard deviation of
the unit capacitor mismatch for CR and CS-ADCs, extracted with a 2048-point FFT and a sample
of 10,000 randomly mismatched SAR ADCs for each resolution and value of mismatch

Cru = 25(Co 4 0.5C, — 0.11Cy Acy). (4.43)

With a differential input signal of 1.8 Vp_p, dimensioning Cry according to (4.43)
guarantees that the ADC does not saturate and at least 85 % of the output codes are
driven for all the test cases. In other words, the range of codes driven by the input is
relatively large and very similar to all the test conditions, to avoid skipping a point
of critical INL. Moreover, the ENOB is fitted to the full input range by using (4.44),
where Kpnax and K, represent the maximum and minimum codes driven by the
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Behavioral models were used for simulating the ADC, while using a sinusoidal
input and an 8192-point FFT with coherent sampling. For each resolution, from
7 to 12 bits, a total of 2500 different combinations of Ac and C, (50 x 50) are
tested. To increase the readability of the results in the plots, the variables C, and

Acp are normalized to Coy and Cj, respectively. The ratio gg shows how large
are the parasitics when compared to the DAC capacitances, so that a factor of
1 indicates that the average parasitic has the same size as the DAC capacitors.
Additionally, the ratio ACC" can be understood as the unbalancing factor, with 0
indicating no unbalance between the parasitics on the plates of the DAC capacitors,
and 2 indicating total unbalance (top plate parasitic with 2A¢ and bottom plate
with no parasitics). The analysis was extended to the exaggerated value of 5 for
c , meaning that the average parasitics for a given DAC cell are five times larger
than the differential DAC capacitor. This range of values for g and full unbalance
in the DAC parasitics ( c ® = 2) are very unlikely to occur in a properly designed
DAC. On the other hand, 1nclud1ng these ranges in the analysis helps to gain a better
understanding of the sensitivity of the technology to these parameters.

The simulated ENOBs of the ADC as function of C" and g are shown in
P
Fig.4.10. Up to 10 bits of resolution and with ip under 0.5, the drop in ENOB

is lower than 0.2 bits for any of the simulated values of C,,. Still, with AC" = 0.5,
the ENOB is larger than 10.7 for an 11-bit ADC and larger than 11.4 for a 12-bit
ADC. Also, for any simulated resolutlon the topology can maintain the drop in
ENOB under 0.2 bits for all values of , as long as the average parasitic does not

grow larger than 20 % of the DAC cell capacuance ( Ci < 0.2).

It is interesting to see the shapes of DNL and INL in the presence of unbalanced
parasitics. Figure 4.11 shows the static characteristics of a 9-bit CS-ADC that has
Cp, = Ac = Cp. Note that DNL and INL are smaller in the second and third quarters
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Fig. 4.10 Simulated ENOB of CS-ADCs as function of gg (x-axis) and Aci" (y-axis) results, for
resolutions between 7 and 12 bits
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Fig. 4.11 Simulated DNL/INL shape of a 9-bit CS-ADC with unbalanced parasitics

than in the first and fourth quarters of the codes range, indicating that a compensative
effect takes place for the mid-range zone of the transfer curve.

Moreover, unbalance on the parasitics also affects the common-mode voltage
of the converter. The simulated worst disturbance of V) at the comparator inputs
as function of C" and g is shown in Fig.4.12. It is important to note that the
results that are shown in Fig.4.12 are not dependent on the resolution of the ADC.
The ﬁgure shows that worrisome changes on Vcy only take place for exaggerated
values of CP and p . This observation indicates that for reasonable implementations
of CS- ADCs the effect on common-mode voltage caused by the unbalance in
parasitics is negligible.

4.6 Errors Caused by Comparator Offset

The case when the comparator has an offset voltage may be modeled by inserting
a dc voltage source with the magnitude of the input-referred offset Vps between
the DAC and the positive input of the comparator, as shown in Fig.4.13. If Vg
is included in the model, the voltage seen by the comparator at any cycle is given
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Fig. 4.13 Circuit for analysis
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by (4.45).

T ViNDIF — Z;:l (2kp—;j — 1)Cp—j—1 Vrc

Ven [i] = c i
>+ 2= G

— Vos. (4.45)

The thresholds of the transitions for different binary codes K, with K =
{kp—1kp—> ... ko}, are given in different cycles i. For example, the mid-scale
transition point from 011..1 to 100..0 occurs at the first cycle i = 0, while the
transitions from 0011..1 to 0100..0 and from 1011..1 to 1100..0 happen when
i = 1. Therefore, the cycle i for which Vpy = O for a given code K is a function of
K, or i(K). In fact, the value of i(K) is easily found with the help of (4.46), where /
is the index of k;, and k; is the least significant “1” in K.

i(Ky=B—1-1. (4.46)

Differently from what happens with the DAC voltage, the offset voltage is not
weighted by the DAC capacitances, causing the nonlinear behavior of the ADC.
Equaling Vpy [i] to zero and rearranging (4.45) leads to (4.47), that denotes the
differential input voltage required on the ADC input in order to make a transition to
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the code K on the transfer curve. Also, the factor of Vpc is identified as y[K] and the
factor of Vos as n[K].

(K (K
38} 2k = 1) Cpoje Voo 4+ G+ 28 G

Vinorr [K] = Cm PC s Vos.  (4.47)

2 2

v[K] K]

Thus, y[K] and n[K] are written as (4.48) and (4.49), respectively.
5 i)

K] = kg — 1) Cpi (4.48)

)/[ ] CTH ;( B—j ) B—j—1

5 i)
Kl=1+ Cp—j1. (4.49)
n[K] Cr ; B—j—1

The expression reveals that y[k] - Vpc describes the ideal behavior of a differential
ADC and n[k] - Vos describes the effect of the comparator offset on the transition
point. Also, n[K] is dictated solely by i, and therefore it is determined by B — 1
unique distinct values, that are arranged in a binary carry sequence [2]. Therefore,
in a 3-bit example,

n = {nl1] n(2] n(3] n[4] n[5] nl6] n(7] } (4.50)

can be rewritten as

n={mmmnonamn}, (4.51)

where 7; is the value of n for a transition that is determined in the i-th cycle. It
should be noted that (4.51) is equivalent to (4.50). Moreover, because of the binary-
weighted nature of the DAC capacitance, 1; can be expressed as in (4.52).

B
=14 20 (1-27). (4.52)
TH

4.6.1 Differential Nonlinearity

The DNL § for a given code K in an ADC with differential input is defined as (4.53).

Vinoir [K + 1] — Vinpir [K]

SIK] =
Kl Viss

-1 (4.53)
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Since y[K]- Vpc describe the behavior of an ideal ADC, the DNL is only function
of n[K] and Vgs, and is reduced to (4.54).

K+1]—n[K
sk = | +VL]SB niKly, o (4.54)

The largest DNL happens on the MSB transition, since 7o is the minimum and
np—1 is the maximum in 5. Therefore, the worst DNL is given by (4.55).

25¢C v
(1 =278+ [Vos| (4.55)

Omax| = .

The DNL is inversely proportional to the ratio between the TH capacitance and
the DAC capacitance. Therefore, since the total DAC capacitance Cpc is given by
(4.57),

Cpac = 257" = )Gy (4.56)
=2071¢y (1 - 27711, (4.57)

the capacitance ratio « is introduced, and can be defined as (4.58).

C
a= " (4.58)
2Cpac
Finally, the DNL expression is simplified to (4.59).
V
|Smax| = Vos| (4.59)
oViss

It is verified that (4.54) presents odd-symmetry. Therefore, if (4.59) returns a value
greater than 1 for a given code K, (4.52) and (4.54) would result in §[K + 1] or
S[K — 1] to be lower than —1. By definition, a DNL lower than —1 in the transfer
curve of an ADC represents a nonmonotonic behavior, while a DNL equal to —1
represents a missing code. In a SAR ADC, the monotonicity is guaranteed by the
architecture, preventing the DNL to present values lower than —1. Missing codes,
however, are still possible. Therefore, the outcome of a code K with §[K] larger than
1 is a range of missing codes on the surroundings of K. This is depicted on the
simulated DNL/INL curves in Fig. 4.14. The range of codes with DNL equaling —1
neighboring a code K with §[K] > 1 is given by |§[K]], where |-| represents the
floor function. The absence of missing codes is guaranteed if (4.60) is verified.

[Vos| < aVisg. (4.60)
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Fig. 4.14 Simulated DNL and INL curves of an 8-bit CS-ADC with different values of comparator
offset, zoomed on the MSB transition

4.6.2 Integral Nonlinearity

The INL of a code K, given by ¢[K], is proportional to the difference of the actual
transition to the transition of a linear best-fit transfer curve, as given in (4.61).

Vi K| — Vbest—ﬁt
¢ K] = i | ]v DIF | ]. 4.61)
LSB
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The best-fit transfer curve is found by connecting the endpoints of the actual transfer
curve. Thus, solving (4.47) for the endpoints shows that the transition points of a
best-fit transfer curve are given by (4.62).

i &) kg — 1)Cpj 1
VRSRIK] = T " Vee + (1 + a) Vos. (4.62)
2

The second term of (4.62) represents the offset on the actual ADC transfer curve,
caused by the comparator offset, which is given by (4.63).

1
ADCoffoer = (1 + a) Vos. (4.63)

Substituting (4.47) and (4.62) into (4.61) and solving for different values of K
reveals that the ¢ also presents a binary carry sequence pattern. Thus, for a 3-bit
example, ¢ is distributed according to (4.64).

¢ ={d2¢1 d2 b0 d2 1 2} - (4.64)
The value of ¢;, for any resolution, is given by (4.65).
. Vos 2BC
¢ = (27BF1 o) T8 2 0 (4.65)
Vise Crn

The worst-case INL happens for the MSB transition, or ¢y, as given in (4.66).

_ Vos 28Cy
= (278t 1 . . (4.66)
#o=( ) Viss Ctn
Finally, (4.66) can be rewritten as a function of ¢, leading to (4.67).
Vi
do=— 5. (4.67)
aVisp

It is to be noted that (4.64) and (4.65) only hold if there are no missing codes in
the transfer curve. In order to deal with the enforced monotonicity of the CS-ADC, a
different method to calculate ¢ in the presence of missing codes must be developed.
In this work, this is approached through an alternative definition of ¢[K], which is
given in (4.68).

K—1
$[K] = 8[jl. (4.68)
j=1
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Because of the missing codes surrounding a code with §[K] > 1, a range of values
of INL around a missing code K follows a sequence where the terms are spaced
by —1 (e.g., {... ¢[K] ¢[K]—1 ¢[K]—2 ..}), and can be approximated by
a triangle shape with legs equal to |¢[K]|, as seen in Fig.4.14. This characteristic
is particularly useful on the derivation of the effective resolution in the presence of
comparator offset, that follows.

4.6.3 ENOB

The quantization noise of an ideal ADC is defined as in (4.69).

21 visp/2 2
v - 1 LsB/ 5 Visp
NOISE —

du = . 4.69
@ =D Viss S Sy 12 e

The quantization noise of a non-ideal ADC can be described as function of the
INL by changing the integration limits, as (4.70).

o2 1 221 @1+ D) Viss 24 70
NOBE T 2B _ 1) Vigs = /(¢[;]—;)VLSB e 70
Solving (4.70) yields (4.71).
21 g @l+11+3)Viss
Vivorse” = (28 — 1) Viss Z 4.71)
J=1 7 l@ll-3)Viss
Finally, expanding (4.71) leads to (4.72).
2 1 - Visg® 3 , 3 0
WO = 0 1)y 2o " Al 40l 17+ 641
+6¢[j + 11> = 3p[j] + 3¢ + 1] + 1)}. 4.72)

Note that most of the terms are canceled when we compute the sum, because they
appear twice with different signs. Also, by definition, the INL of the first and the last
code transitions (¢[1] and ¢[28 — 1]) are zero. Therefore, (4.72) may be simplified
to (4.73).

251

1 Viss® .
VNoOISE> = Visg o[ | 4.73
NOISET = 05 1)y g ; |: 1 T Viss el :| (4.73)
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Finally, solving the summation leads to (4.74).

v s 2 v s 2 281

LsB LsB .

VNoise” = 1 T > gl (4.74)
=1

Being ¢2 the mean of q&z, (4.74) can be rewritten as a more intuitive form, as in
4.75).

2 2 1 2
VNoise™ = Viss 12+¢ . (4.75)

The next step assumes that there are missing codes on the transfer curve and
that the INL of the code K, ¢[K], is a positive integer. Exploiting the enforced
monotonicity and the shape of ¢, as already anticipated in the previous subsection,
the sum of the values of ¢ caused by the nonlinearity on the transition to the code K
are given by (4.76), which represents the sum of the squares of the first ¢[K] natural
numbers.

9IK] 9IK]
YooK+ =) (4.76)
=0 i=0

The expression is further simplified using series identities.

$[K] 3 2
2 _ OIK]" | ¢[K]" | ¢lK]
lzgoz =5 + ) + 6 4.77)

So far, it is assumed that ¢[x] is an integer, which is rarely the case. However, it
can be shown that (4.77) provides a very good approximation even when ¢[K] is not
integer. The absolute approximation error €, may be computed using (4.78), where
[-] represents the ceiling function.

Mgl _(¢[K]3 o[k ¢[K])' (4.78)

o= PK-JF-(", +7, +,
j=0

Figure 4.15 shows the resulting value of the sum, together with the error (absolute
and relative) caused by the approximation, for ¢[x] ranging from 0 to 10Vsg. The
relative error converges to zero as the value of ¢[K] grows. While this simplification
greatly eases the computations, it is verified that it does not significantly affect the
accuracy of the model of ENOB in the presence of comparator offset.

Now, (4.77) may be used to find the noise contribution of the INL at every
transition on the transfer curve. Again, exploiting the symmetry of ¢ (e.g., the ¢,
code transition pattern happens twice with approximately half the magnitude of ¢,
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Fig. 4.15 Absolute and relative error caused by the approximation in (4.77)

¢» code transition pattern happens four times with approximately one fourth of the
magnitude of ¢y, etc, as given by (4.64) and (4.65)), the following developments are
possible:

281

1
9=y 2SI (4.79)
j=1
| BL TN '
RZB_lz YN g T 4 mp (4.80)
j=0 m=0
LU () ()1 (b il
“23—1; 3(2/)+2(2/)+6(2/) ' (4.81)

Expression (4.81) is further simplified by using geometric series identities, yield-
ing (4.82).

1[4 3
sy [9%3 (1-27) + g3 (1-27%) + 6%] (4.82)
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For reasonable values of B, ¢? can be approximated by (4.83).

1 (4 B
¢~ (9¢3 + ¢ + 6¢0) : (4.83)

We can relate Vyorsg and ENOB assuming a full-range input signal as (4.84) [1].

2
Visg® [ 2°
VNoise” = 12 ( SENOB | - (4.84)

Equaling (4.75) to (4.84), we find (4.85).

Visp? Viss> (28 )
S (r2er) = 5 (s ) - (4.85)

Simplifying (4.85) leads to (4.86).

2B
1+ 12¢2 = 22ENOB (4.86)
Isolating ENOB, and finding the base-2 logarithm of the two sides, leads to
22B
log, (2”*9B) = log, ) (4.87)
1+ 12¢2
The expression can be rewritten as (4.88)
log, (2°F) = log, (2%%) — log, (1 + 124?) (4.88)
Applying simplification on the expression leads to (4.89).
log, (1 + 12¢>2)
ENOB =B — 5 . (4.89)
Since log,(4) = 2, we can rewrite (4.89) as (4.90).
log, (1 + 12¢2)
ENOB = B — (4.90)
log,(4)
Also, since
1
log, (x) = 08 () (4.91)

log,(4) ’
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(4.90) can be rewritten as (4.92).
ENOB = B — log, (1 + 12¢2) : (4.92)

The ENOB is found substituting (4.83) into (4.92), which is derived from (4.75),
resulting in (4.93).

4 B
ENOB =~ B — log, (1 + 2278 ( 3¢3 + 3¢ + 2¢0)) . (4.93)

The expression in (4.93) assumes that the input signal follows a uniform
probability distribution. On the other hand, the most frequent approach to char-
acterize the effective resolution of ADCs uses a sinusoidal test signal. Therefore,
following the approach proposed in [1], the scalar correction factor ¥ is used to
reconcile the expression with the preferred sinusoidal testing method. Here, ¥ is
the ratio between the INL noise contribution from a sinusoidal distribution and
a uniform distribution. To estimate the value of i, the INL of a CS-ADC with
comparator offset is simulated. Then, the average noise power contributed by the
INL with a uniformly distributed input is calculated by numerically integrating the

curve and normalizing to the code range, finally obtaining ¢2) . In order to
uniform

obtain (¢2) , the squared INL error is weighted by the probability density
sinusoid

function (PDF) of a sinusoid, that is given by (4.94), where K represents the output
code, and Kpi, and Kp,x represent the minimum and maximum output codes that
are driven by the input signal.

1

PDFsine [K] = o \/(K _ Kmin) (Kmax - K) '

(4.94)

The squared INL weighted by the uniform and sinusoidal distributions are shown in
Fig.4.16, together with the corresponding PDFs. The procedure is mathematically
described in (4.95).

$? 281 2. iinel/
W = ( )sinusoid — ZJ=1 (¢[]] PDFMHS[]]). (4.95)

B .
(), TGPl
uniform
Then, the ENOB expression is rewritten as (4.96).

ENOB = B — log, (1 r 12y ¢2) . (4.96)
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Fig. 4.16 Left axis: PDFs of uniform and sinusoidal full-range inputs; right axis: squared INL
weighted by these PDFs

Using Vos = 10V sp and a resolution of 10 bits for the ADC, which are values
laid inside a range of practical values, the value of ¥ ~ 0.67 is obtained. Finally,
the ENOB expression for a CS-ADC with comparator offset driven by a sinusoidal
input is given by (4.97), where ¢y is given by (4.67).

4 B
ENOB ~ B — log, (1 + 238 ( 9¢3 + ¢ + 6¢0)) . (4.97)

4.6.4 Model Verification

The model of ENOB versus comparator offset is validated against behavioral
simulations. This is done for different combinations of resolution (between 7 and
12 bits) and « (0.5, 1, 2, 3, 5). For each combination, the comparator offset voltage
is swept from O to 5 times the Vi gp of the 7-bit ADC (5 - Visp sb), in a total of 100
linearly spaced steps. For the same input range, 5- VL sp 71 is the same as 10 Vi_sp g,
20 - VisB.ob, 40 - ViLsB 100, and so on, and the x-axis of all the plots span the same
absolute voltage range, which is approximately 80 mV for a differential input range
of 2 V. The simulated ADCs are driven by a sinusoid with peak-to-peak amplitude
equal to 95 % of the input range and a dc-offset given by (4.63), to avoid saturation.
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The ENOB is extracted from a 2!7-point FFT. These results are compared with the
results achieved with (4.97) in Fig.4.17. The relative error between the analytical
ENOB and the simulated ENOB is found with (4.98)

ENOB analytical
€ENOB — -

1)-100 %. (4.98)
ENOBsimulaled ) ’

Figure 4.18 plots epnop for ADCs with resolutions between 6 and 14 bits, o between
0.5 and 5, 2V of input range and an exaggerated range of comparator offset voltage
of 0-100mV. The plot reveals that the model is less accurate for low values of o
and low resolutions, because of the assumptions made while calculating v. For
resolutions above 8-bits with « larger than 1, |egnog| < 2 %. Interestingly, the
ENOB achieved with (4.97) is slightly pessimistic, despite the approximations used
during the derivation.

4.6.5 Discussion

Some important design guidelines can be derived from the analysis: the CS-ADC
presents missing codes if (4.60) is not satisfied; the worst-DNL happens at the
MSB transition and is given by (4.59); the worst-INL also happens at the MSB
transition, and is given by (4.67); the ADC transfer curve presents an offset that is
given by (4.63); the maximum achievable effective resolution in a CS-ADC that has
comparator offset is approximated by (4.97); finally, the capacitance ratio @ can be
increased to improve the ADC tolerance to comparator offset.

4.7 Errors Caused by Noise

The two operation phases of a CS-ADC, sampling/precharge and binary search, are
affected by noise. During the sampling phase, thermal noise is sampled together
with the input signal. The noise charge o4 h acquired in a CS-ADC during the
sampling phase is given by (4.99), where k is the Boltzmann constant, T is the
absolute temperature, and Cry is the size of the TH capacitor. The factor of 2 in the
numerator appears because the pair of TH capacitors appear in series for differential
signals.

OqTH = \/kTC;H (©). (4.99)

Similarly, a reset noise charge with the value of (4.100) is left in the DAC when the
precharge switches are opened.

ogpac = VkTCpac  (C). (4.100)
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During the binary search phase, the thermal noise on the capacitors connected
to the comparator (TH capacitors and the DAC capacitors corresponding to the
bits already resolved) is summed up to the comparator intrinsic noise, affecting the
conversion.

To illustrate the orders of magnitude of the noise values, the thermal noise voltage
on a 1 pF capacitance is approximately 64 uV, while the majority of comparators
reported in literature present an intrinsic noise which is nearly ten times larger
(0.5mV-2mV) [3]. It is important to note that a tenfold factor in voltage equals
a hundredfold factor in power. Therefore, for common values of resolution for
SAR ADCs (8-12 bits) and common values of DAC and TH capacitors, which are
generally lower-bounded because of matching and process limitations for minimum
unit-capacitor size, it is fair to assume that the comparator noise dominates during
binary search. Additionally, the total noise power resulting from (4.99) and (4.100)

is hundreds of times smaller than the charge-domain quantization noise (Q%B) for
a Vpc of 0.6V, for instance. In conclusion, for the following analysis, only the
comparator noise is considered.

A rigorous mathematical analysis of noise in SAR ADCs is out of the scope
of this book. The reader is referred to the work recently published in [3] for a
complete statistical derivation of the noise phenomena in SAR ADCs. In this work,
simulations were used to quantify the impact of noise in the CS-ADC. As described
previously in Chap. 3, the CS-ADC is less noise-tolerant than the CR counterpart.
Therefore, simulations were also run for the CR-ADC, for comparison purposes.
It is also noticeable, as in the case of comparator offset, that the tolerance of the
ADC to comparator noise is affected by the capacitance ratio «, defined in (4.58).
Figure 4.19 shows the effective resolution achieved as a function of comparator



4.7 Errors Caused by Noise

ENOB, 7-b ADC

0 05 1 1.5 2

Comparator input-referred noise [mV]

CR
CS,a=5

CS,a=2
CS,a=1

ENOB, 9-b ADC

CS,a=0.5

6.5~

0 05 1 1.5 2

Comparator input-referred noise [mV]

11
10.5
10
9.5
9
8.5
8
7.5
7

65 1 11
0 05 1 15 2

CR

CS,a=5
CS,a=2
CS,a=1

ENOB, 11-b ADC

CS,a=0.5

Comparator input-referred noise [mV]

ENOB, 10-b ADC ENOB, 8-b ADC

ENOB, 12-b ADC

101
81
CR
75 CS,a=5
CS,a=2
CS,a=1
7 -
CS,a=0.5
6.5
| | | J
0 05 1 1.5 2
Comparator input-referred noise [mV]
10 e
9.5
9
8.5
CR
8 CS,a=5
CS,a=2
7.5 CS,a=1
7 CS,a=0.5
R I I M B
0 05 1 1.5 2
Comparator input-referred noise [mV]
12
11.5
1
10.5
10
9.5
9
CR
85 CSyu=5
8 CS,a=2
75 CS,a=1
7 CS,a=0.5
6.5 1| | | J

0 05 1 15 2

Comparator input-referred noise [mV]
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noise for various combinations of « and resolution, for ADCs with 2 Vp_p of input
range. Each point in the plot is computed through a 2*°-point FFT, considering a
normal probability density function for the comparator noise, while the sinusoidal
input signal drives 99.9 % of the full-range.

As can be seen in the figure, the CS topology is less tolerant to the comparator
noise than the CR. This is expected, because of the signal attenuation caused by
the DAC capacitors being connected during the conversion cycle. Moreover, as the
capacitance ratio o grows, the noise performance of the CS-ADC approaches that
of the CR-ADC. This suggests that the factor @ may be exploited to improve noise
performance, and is discussed in greater detail in Chap. 7.
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Chapter 5
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of Voltage Comparators

Contents

5.1 INrodUCHION . ...t 103
5.2 Review on Comparator Noise Calculation ...............ooeiiiiiiiiiiiiiiiiiiiiean 104
5.3 Comparator Noise Measurement ..............oouuiiuiiuiiiiintiieiiiiieiineiineaeane.. 105
5.4 Multi-Objective Optimization Framework ... 107
5.5 Design Example ..o 107
5.6 RESUIS ..o 108
I B w1 s N PP 111
L 1 117 113

5.1 Introduction

A comparator is a circuit able to compare signals and switch its outputs indi-
cating which is larger, and is mandatory in ADCs. Some performance metrics
of the comparator directly affect the overall ADC performance, such as power
consumption and maximum speed. Still, in the context of ADCs, the stochastic
phenomena involved in the comparison process (i.e., offset voltage and noise) may
lead to errors on the converters. As discussed before, in some architectures, the
comparator offset leads to an offset on the ADC transfer curve, while in others
such as the CS-ADC, it may appear as nonlinearity. Fortunately, diverse offset
calibration schemes have been devised to bring the comparator offset to levels
that satisfy ADC specifications. On the other hand, the noise generated by the
comparator circuit during the comparison is more critical, since it appears added
to the quantization noise at the ADC output. Some ADC designs on the literature
report that a significant drop on the effective resolution was caused by comparator
noise [1]. Recently, a technique that employs averaging was proposed in [2] to
reduce the impact of comparator noise on the ADC SNR, at the cost of increased
energy consumption and reduced speed.
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Nevertheless, comparator noise is an important performance metric, and its
estimation is nontrivial, as most of the comparator architectures employed in
modern designs rely on a positive feedback loop to speed up the operation and avoid
meta-stability. In this context, the operation of such a circuit is highly nonlinear and
does not have a constant steady-state operating point. Even though time-domain
analysis together with transient noise is possible, it poses a significant computational
cost and is extremely time-consuming. In that approach, many comparison cycles
must be simulated to achieve sufficient accuracy.

There has been some effort to provide better estimation techniques for the
comparators noise. In [3], the authors analyze the noise on comparators relying on
the use of stochastic differential equations and provide valuable design guidelines.
In [4], the authors provide a LTV analysis framework for the same purpose, which is
based on the ISF. Also, the latter approach enables simulation-based verification of
comparator noise relying on the use of techniques commonly applied to RF circuits
with a PSS operating point [5]. This allows the quick and accurate verification of
input referred noise employing an RF circuit simulator bundle, such as SpectreRF
or HSPICE-RE.

Still, optimizing the comparator performance poses a very complex task if
multiple performance metrics are considered, due to the large amount of trade-
offs involved between specifications. If this is summed up to tight requirements,
progressive reduction of minimum design features and complex transistor models,
it leads to a tough burden even for experienced designers. On the other hand,
considering the increasing availability of computational resources, it becomes
advantageous the use of computer optimization tools to carry out this task.

In this chapter, we present a methodology to optimize comparator circuits
regarding power, delay, and noise. This is done employing a multi-objective
evolutionary algorithm together with a simplified method to evaluate the comparator
metrics on RF circuit simulators, based on [4]. The accuracy of the method is
verified comparing the results with the conventional approach based on transient
noise simulation.

This chapter is organized as follows. Section 5.2 provides the theoretical back-
ground for the developed estimation method of comparator noise. Following,
Sect. 5.3 describes the simulation-based noise measurement procedure, Sect. 5.4
reports the optimization framework based on evolutionary algorithms, and Sect. 5.5
provides a design example for a comparator architectures widely used in literature.
Finally, Sect.5.6 presents and discusses the optimization results, and Sect.5.7
presents some final remarks.

5.2 Review on Comparator Noise Calculation

The ISF I'(7) was initially devised for oscillators in [6], and was later generalized
for other classes of periodic circuits in [7]. It expresses the time-varying impulse
response for impulses arriving at the time 7, evaluated at a predefined observation
time instant zops. Thus, the output voltage of a LTV system observed at #,,s may be
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written as in (5.1), demonstrating that the output is a weighted average of the input
signal v; using I"(7) as the weighting factor.

%@mr=[§wuyru)w. 5.1)

(o]

Similarly, we are able to develop ISFs for all the noise contributors on a given
circuit and find the total output noise at 7,,s. Thus, assuming only white noise
sources, the output noise 0, ,(f,bs) of a system may be expressed as a function of all
the N noise sources as in:

N 00
ouatia) = |0 [ rrwar 5:2)
i=0 -

Since we are generally interested in the noise power referred to the input of the
system, 0, , has to be divided by its near-dc gain G:

Cyn,o (tobs)

G (5.3)

Op.i (tobs) =

The near-dc gain of the system is expressed as (5.4) and is equal to the area of
the ISF.

G = Vollon) _ / " I dr. (5.4)

vi(tobs) N o0

In the context of RF circuit simulation, 0, , and G may be found through the use
of PNOISE and PAC analyses, respectively, once that #,, has been properly chosen.
This allows us to find o0,,; using (5.3). A much more detailed explanation may be
found in [4, 7].

5.3 Comparator Noise Measurement

We depict the procedure for simulating the comparator noise in Figs. 5.1 and 5.2,
where we show the comparator test bench, an example of simulation commands
for SpectreRF and the expected simulation waveforms. The requirement to simulate
the comparator with PSS/PNOISE analyses is the test setup to be periodic, with
the clock signal period equal to the beat period 7}, of the simulation. The input
differential voltage source must have a small dc amplitude to avoid meta-stability
(we have employed 0.5 mV with success). This same voltage source must also have
a nonzero PAC magnitude (we use 1 V), allowing us to calculate the PAC gain later.
Then, the measurement procedure follows the steps below:
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pss pss fund=1/Tb outputtype=time

+ errpreset=conservative dc=0.5m Vdif .
pacmag=1 mp outp
pnoise ( outp outn ) pnoise start=1 stop=1/(2*Tb) J . +
+  pnoisemethod=fullspectrum iprobe=Vdif mn - outn
+  refsideband=0 noisetype=pmijitter
+  crossingdirection=rise thresholdvalue=vdd/2 VCM
pac ( outp outn ) pac maxsamples=1 dk
+  crossingdirection=rise thresholdvalue=vdd/2 period=T}
+  ptvtype=sampled sweeptype=relative = = = =

+  relharmnum=0 start=1 maxsideband=0

Fig. 5.1 Test setup for the comparator noise measurement using PSS/PNOISE, with example
SpectreRF commands
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Fig. 5.2 Illustrative waveforms

1. Initially, the periodic steady-state operating point of the circuit must be found
through a PSS analysis;

2. Based on the PSS response, the observation time #,,s has to be chosen (the
procedure is described next);

B~ W

5. The output

. Then, we run a PNOISE and a PAC at the specified 7ops;
. The near-dc gain at #,s is found from the PAC response;

noise power is found applying the result from the PNOISE analysis

in (5.5), where PSD, is the noise PSD and 7, is the PSS beat period. We integrate

from O to

2;}} because SpectreRF outputs the single-sided PSD.

1/2Tp
O (fons) = / PSD, (f. fons) . (5.5)
0

6. Thus, 0,; is found by plugging (5.5) into (5.3).

An important step of this method to measure comparator input noise is the proper

choice of fyps.

In [4], the authors develop the choice criteria and demonstrate that

this choice is not unique, as a range of time points satisfy the requirements. They
also present two methods with this purpose: choose 7,,s Where the small-signal gain
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G(tobs) has the maximum value; and choose the time point where the incremental
gain G*(t,s) computed from two large-signal responses deviates more than 10 %
from G(¢). However, both the proposed methods rely on post-processing, and need
the simulator to evaluate PAC and PNOISE at a range of time points for later choice
of t4ps, significantly increasing the simulation time. Therefore, these methods are not
ideal for an optimization framework, where the computational time spent on each
iteration must be reduced, and a one-step approach is preferred.

We have employed a different and very straightforward approach for choos-
ing tops. SpectreRF allows the evaluation of strobed PAC and PNOISE responses.
In other words, we directly calculate the gain and noise when a given trigger
signal crosses a specified threshold level. For PNOISE, this is only accessible by
the phase modulation jitter (pmjitter) mode that, even though is devised for jitter
calculation, also reports the output noise voltage. The trigger signal, in our case, is
the differential output signal of the comparator. This is better understood with the
example SpectreRF commands shown in Fig. 5.1. We have set the strobing threshold
voltage as Vpp/2, and we show later in Sect. 5.6 that this choice provides accurate
and reliable results.

5.4 Multi-Objective Optimization Framework

The optimization framework employed in this work uses a kernel based on the
NSGA-II [8] multi-objective GA. The GAs are a class of algorithms based on
the principles of population dynamics, and allow the use of black-box models
(no gradients necessary) in the evaluation function. This characteristic makes
these algorithms good candidates for SPICE-simulation-in-a-loop circuit sizing.
Our custom Python-language implementation allows objectives with the forms of
“minimize” and “maximize,” and constraints with the forms of “smaller than X,”
“larger than X,” and “between X and Y.” We have used a polynomial mutation
operator with 7,, = 20 and a probability of chromosome mutation of 5 %, and a
simulated binary crossover operator with . = 20. A more detailed description of
these parameters is found in [8].

5.5 Design Example

Using the procedure for noise measurement and the multi-objective optimization
framework previously described, we have sized the comparator topology shown in
Fig.5.3. This is a dynamic comparator architecture commonly found in literature,
which uses positive feedback to speed up the operation and avoid meta-stability.
The mutation probability of the genetic algorithm was set to 10 % and the crossover
probability to 90 %. We constrained the sizing to 156 generations of 64 individuals,
resulting in roughly 10,000 evaluations. We have employed a 0.13 um CMOS
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out out

Vbp

N in ﬁﬂ;reﬁ

reset -l-| QN tail

Fig. 5.3 Topology of dynamic comparator used for optimization

Table 5.1 Comparator

. . Specification Objective  Constraint
objectives and constraints

Input referred noise (o,,;) Minimize o0,; <300pV

Power (P) Minimize -
Comparison delay (7,) with — t. < 1ns
Vpir = 0.5mV

Reset delay (z,) - t, < 1lns

process with 1.2 V supply voltage and constrained the device widths to 0.16-5 um
and lengths to 0.12—-1um, with discrete steps of 10nm. The outputs of the
comparator under optimization drive 10fF capacitors, which represent realistic loads
of some logic gates and routing. The rise and fall times of the clock signal were kept
at 100ps. The optimization takes into account input referred noise, power (given
in terms of the spent energy in a complete cycle of comparison and reset), and
delays for comparison and reset. The objectives and constraints are summarized in
Table 5.1.

5.6 Results

We have run the optimization 20 times, with all the parameters set as described in
the previous section, in an Intel i7-3770K with 8 GB RAM Linux machine. The
average time necessary for a single run is around 27 min (employing eight cores),
with a standard deviation of around 12 s. Thus, the average computational time spent
for each evaluation is roughly 1.3 s. The Pareto fronts for all the runs are shown in
Fig. 5.4, with the y-axis demonstrating the energy spent in a comparison (including
reset) and the x-axis showing the achieved input referred noise. The selection
mechanism of the constrained version of the NSGA-II algorithm guarantees that
solutions which do not satisfy the constraints do not appear in the Pareto front.
Therefore, all the solutions shown in Fig. 5.4 have their comparison and reset delays
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Fig. 5.4 Pareto fronts achieved in 20 runs of comparator optimization

smaller than 1 ns, and thus we omit these metrics in the plot to improve readability.
Moreover, a small set of randomly picked solutions found by the optimizer is shown
in Table 5.2.

It is noteworthy that for all the solutions, even those that favor a smaller power
consumption at the expense of a larger input referred noise, the transistors of the
input pair present relatively large sizes. This observation matches the intuition
that the input-pair is the critical part of the circuit when noise is concerned. The
input transistors present a large aspect ratio, which consequentially increases the
transconductance and decreases thermal noise. The optimizer found solutions with
short but nonminimal lengths for the input-pair transistors, which may be related to
the dependence of white noise gamma factor y to the channel length [9].

Moreover, the results in Table 5.2 reveal aspect ratios for the tail transistor Wy,;
that are very small when compared to the aspect ratios of the other transistors, but are
still sufficiently large to enable the comparison to be completed during the specified
time window. Interestingly, this matches with the design guidelines presented in [3],
which show that the input-referred noise is inversely proportional to p and ¢, given
in (5.6) and (5.7), respectively.

o= Bin _ Win/Lin (5.6)
Buit Wail/Luait
& B Win/Ln 5.7)

© Buit Wait/Luai
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To prove that the framework has reached solutions close to optimal, we would
need to know the optimal Pareto front. However, if we consider the comparator
model as a black-box (and perhaps discontinuous), this is only possible if we employ
brute-force evaluation of all the design space. For this problem, this is impractical
because the number of parameter combinations is around 1.4 x 10%3. On the other
hand, we can see that the Pareto fronts found in each run are located in the same
region in Fig. 5.4, indicating consistency among the runs.

In order to verify the accuracy of the input referred noise simulation method, we
compare the results achieved by the PSS/PNOISE method with the noise achieved
with transient noise simulations.

For this reference model, we simulate the same comparator (same transistors
dimensions) varying the differential voltage at the input, while all the other
parameters are preserved unchanged. For each value of input voltage, the outputs
of 5000 comparisons within a transient simulation with noise frequency constrained
to 50 GHz are stored. Then, the simulated probability of “1”s at the comparator
output is plotted as a function of the input voltage. Finally, assuming that the noise
is a white Gaussian process, these values may be fitted to the normal CDF, shown
in (5.8).

CDF(x) = ; [1 + erf(x_ ;‘)} . (5.8)

(o2

The procedure is depicted in Fig. 5.5. The outcome of the curve fitting is the mean
value p (deterministic offset) and the standard deviation o (input referred noise) of
the comparator. The procedure for each one of the solutions needs approximately
4 h in the same machine, which corresponds to roughly 11,000 times more than the
PSS/PNOISE method.

The solutions shown in Table 5.2 were achieved with this approach. The
comparison between the results achieved with PSS/PNOISE and the transient noise
methods is shown in the bars plot of Fig. 5.6. The maximum difference in the noise
measurements is 9.8 %, and the standard deviation of the differences is 3.47 %.

5.7 Discussion

In this chapter, we have presented a computational framework for sizing and
optimization of clocked voltage comparators. The system minimizes input referred
noise and power, with the comparator subject to constraints of maximum delays.
Regarding the noise calculation, we have employed a simplified method based on
simulation techniques that are commonly employed for RF simulations, namely
PSS and PNOISE analyses. The achieved solutions conform with the reference
noise model that is based on transient noise simulation. The proposed framework
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Fig. 5.6 Results achieved with PSS/PNOISE and transient noise methods

outputs a set of 64 different comparators in the Pareto front that trade-off power
and input referred noise, taking about 27 min in a conventional workstation. The
characteristics of the proposed optimization framework allow reducing the effort on
the design cycle of a comparator circuit drastically.
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Chapter 6
An 8-Bit 0.35-V CS-ADC with Comparator
Offset Auto-Zero and Voltage Boosting
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6.1 Introduction

As discussed in Chap. 4, the comparator offset causes nonlinearity in a CS-ADC.
A possible countermeasure is to use larger transistors, improving matching and
reducing the offset voltage, but that has the side-effect of increasing the power
consumption for the same speed of operation. Foreground calibration of comparator
offset is reported as a solution [1], where the faster branch of the differential
comparator is slowed down by increasing the capacitance at the critical nodes.
However, in WSN and other LVLP applications, besides process variations, the
comparator offset is also influenced by changes in temperature, supply voltage
and devices aging, and foreground calibration techniques do not cover those.
A background calibration technique, on the other hand, accounts for all these
variability issues on-line and continuously.

In this chapter, we propose a CS-ADC with a low-power background calibration
technique that continuously nullifies the comparator offset voltage and operates
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within the supply-voltage range of the ADC. This method permits the comparator
to be implemented with small transistors and burn less power. Furthermore, being
a continuous calibration procedure, it automatically compensates changes in PVT.
To allow operation with a supply voltage as low as 0.35V, which is very close to
the transistors threshold voltage V4, all the MOS switches in the proposed ADC use
local voltage boosting. Thus, a voltage-booster circuit with minimal complexity is
proposed, minimizing the impact of this solution to the available area/power budget.

In the next section, the operating principle of the proposed CS-ADC is described,
and the background calibration procedure is introduced. Following, in Sect. 6.2.2,
we present and explain the self-calibrating comparator circuit. The compact local
voltage-boosting circuit is introduced in Sect. 6.3.2. Finally, the measurement results
are shown in Sects. 6.4 and 6.5 offers discussions and conclusions.

6.2 CS-ADC with Background Comparator Offset
Auto-Zeroing

The proposed ADC topology is depicted in Fig.6.1. The conventional CS-ADC
(comprising a TH, a binary-weighted capacitive DAC, the successive approximation
logic and a comparator) is complemented with a comparator triggering block, a
comparator calibration block, and a pseudo-random binary generator. The cali-
bration circuitry feeds the comparator with the calibration voltage Vcap, which
modulates its offset voltage. The combination of the calibration circuit and the
comparator composes the self-calibrated comparator.

Vpc
8-bit ADC
Vp
Vinp ' y I —
cp7..1-] + Sshort valid
RESETL  TH CIKk— DAC trigger
CN7..1=- -
VNN Vn
coc— 1-bit pseudo-random calib comparator
generator calibrator
cmp_clk
digital controller
reset——
|V—boost| |V—boost| |V—boost| |V—boost| |V—boost| V-boost | | V-boost
RESETI cp7l CN7 cpel CN6 CNO
B7 B6 o BO EOC

Fig. 6.1 ADC topology diagram
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Fig. 6.2 Illustrative waveforms of the ADC operation

6.2.1 Operation Principle of the Proposed CS-ADC

The operation of the proposed CS-based SAR ADC is exemplified in the waveforms
shown in Fig.6.2. Initially, a conversion is requested when the “reset” signal is
pulled to “1.” Consequently, the TH tracks the input and the DAC capacitors are
precharged to Vpp. When “reset” returns to “0,” the TH is switched to “hold” mode,
and the voltage is held on the nodes Vp and Vy. Concurrently, the DAC capacitors
hold Vpp. Next, the successive approximation controller initiates the conversion
by sending a request to the comparison trigger, which consequently activates the
comparator. According to the result of the comparison k (“1” or “0”), the SAR
controller adds or subtracts charge in the TH, by closing the corresponding switches
in the DAC. This same process is repeated for all the bits and, as Vpy reduces
towards zero, the controller stores the comparison results. These comparison results
will be used to generate the ADC output. When the process is finished, the end-
of-conversion is flagged at the “EOC” output pin. Additionally, at the end of a
conversion, the voltage Vpy naturally converges to the ADC input common-mode
level, meaning that the differential voltage is close to zero.
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6.2.2 Background Comparator Offset Self-Zeroing

As depicted in Fig. 6.2, the proposed method for comparator calibration happens
only after the ADC output is already available (EOC = “1”), and takes place only
at random cycles, according to the output of the random binary generator. If the
random output is a “1,” the switch Sgorx shorts Vp and Vy, redistributing the
residual charge. Then, an auxiliary comparison is requested from the comparator
trigger. Since Vpy = 0, the comparator detects if the offset is positive or negative.
The comparator feeds the calibration block with the comparison result, and the
latter increases or reduces Vcar by a small step AVcar. The combination of the
comparator and calibration block comprises a negative feedback loop, and the offset
converges towards zero after a sufficient number of cycles. The process may be
stopped after the comparator output begins to alternate between “0” and “1” during
the calibration phase, meaning that the offset has been reduced to the minimum
allowed by the circuit. On the other hand, if the process is carried out continuously,
the system accommodates for PVT variations on-the-fly.

6.3 SAR ADC Implementation

An LVLP 8-bit SAR ADC that uses the proposed techniques is designed ina 0.13 pm
CMOS process. The prototype employs a digital self-timed SAR controller, a TH, a
DAC, a self-calibrated comparator, and a set of voltage boosters. This remaining of
this section describes the implementation details of these circuits.

6.3.1 Self-Calibrated Comparator

The comparator proposed in this chapter is more suited to low-voltage supplies, as
the offset calibration accelerates the slower branch instead of delaying the faster
branch, as done in previous works [1-4]. The V; of the p-type transistors in the
0.13 um technology employed in this design is very close to Vpp at 0.35V. The
input common-mode voltage used for the ADC operating at this supply is 175 mV.
However, the comparison is still guaranteed to occur in less than 125 ns (with zero
differential input), due to the positive feedback loop present in the topology. All
the transistors were drawn with minimum size, with the exception of the input pair
which has 5 um of width and minimum length. This comparator sizing results in
an input-referred noise of 0.6 mV, which is below the estimated quantization noise
of 0.78 mV (‘:;Slg), and limits the maximum achievable ENOB to approximately
7.7 bits.

The offset calibration technique employs a similar scheme to generate the
calibration voltage to the one proposed for a two-stage comparator in [5]. However,
the proposed dynamic comparator does not use a static preamplifier or current
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Fig. 6.3 Comparator with self-calibration circuit

sources, allowing its usage with a lower voltage supply. The circuit is shown
in Fig.6.3, and works as follows. Initially, the calibration capacitors Ccar and
Ccal’ are assumed to be discharged, and Vcar and Vear’ are at Vpp. Therefore,
since the transistors P., and P,  are cut-off, they have a negligible effect on the
comparison threshold. Moreover, “calib” is “0,” and thus the p-MOS P— and
the n-MOS N5+ are on, discarding the charge accumulated in the MOS-capacitor
Neap—, and precharging Neap+ to Vpp. When “calib” goes to “1,” indicating that a
calibration cycle is requested, Ngyorx shorts Vinp and Vinn, forcing the differential
input of the comparator to zero. After sufficient time for Vixp and Viny to settle, a
comparison is requested by pulling down the “reset” signal. The circuit behaves as
in a conventional latched comparator, and after the comparison is ready, the results
“out” and “out” are propagated to the nor-gates X;_4. Since “calib” is “0,” one MOS
switch among N, and N, and one MOS switch among N3 and N4 are closed,
depending on the comparison result. Finally, part of the charge stored in Ncgp+ is
redistributed to Ccar, or Ccar’ and part of the charge stored in Ccap, or Cear is lost
t0 Neap—. The aftereffect of the charge processing is a reduction on the calibration
voltage of the slower branch, Vcar or Vear', leading to an increase in the current of
P.a1 or Py'. Since the loop is arranged to provide negative feedback, the comparator
offset is reduced after the calibration step. Hence, if enough calibration cycles
are provided, the calibration current in Py or P/, compensates for the mismatch
between the two branches.

Besides, the calibration process is not halted after the comparator reaches zero-
threshold. The uninterrupted operation allows the circuit to compensate for the
drifts on the calibration voltages (e.g., charge loss caused by the leakage currents
of the transistors N.|—4). Likewise, it mitigates the impact of PVT variations on the
comparator offset.
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Fig. 6.4 Test bench for comparator offset simulation and simulated calibration process subject to
offset changes

The operation is illustrated by simulation waveforms in Fig. 6.4, that also shows
the test bench employed. The measurement of the comparator offset is done by a
Verilog-A block that drives the comparator inputs and adjusts them according to
the comparator output (the code is given in Listing 6.1). An 18-step binary search
is employed to find the actual offset, and then one additional clock cycle is used
to compensate the offset. The clock frequency is 10 MHz, which mimics well the
comparator operation speed at 0.5V of supply voltage. The voltage source Vpg
models the comparator offset voltage and is initially set to 10 mV. At the beginning
of the operation, the calibration capacitors are discharged. Thus, Vcar and Vear'
are at Vpp (0.5V in the simulation). Since the Vg of the calibration transistors are
zero, they do not affect the comparator threshold, which is given only by Vs. As the
operation continues, the calibration voltages start to compensate for the offset, and
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after roughly 1.5 ms (that correspond to less than 800 calibration cycles) the offset is
compensated. The offset voltage is inverted to —10 mV at 4 ms, to verify the stability
and the ability of the self-calibration method to recover from large offset variations.
The comparator is then able to nullify the offset in around 1700 calibration cycles.
After complete calibration of the comparator, the offset voltage RMS value, i.e.
the calibration noise, is below 50 uV, which is much lower than the value of LSB
(~2.7mV). Moreover, the absence of overshoot or ringing in the response to the
instantaneous offset variation is a good indication that the feedback loop is stable.

Listing 6.1 Verilog-A code for the offset tester block, offset_tester.va

‘include "constants.vams"
‘include "disciplines.vams"

module offset tester (compinp, compinn, clk, compout) ;
// Inputs/outputs

output compinp, compinn; // Output signals to be
<> connected to the comparator inputs.

input clk, compout; // Input signals: clock and the
> comparator output.

electrical compinp, compinn, clk, compout;

// Parameters

parameter real vem = 0.6; // Common-mode voltage

parameter real os nominal = 0.0; // Deterministic
> offset. Initial guess of offset voltage.

parameter real clk threshold = 0.25; // Threshold
> voltage for the clock.

parameter real out threshold =0.25; // Threshold
> voltage for the output.

parameter real os _maximum = 0.1; // Predicted maximum
—> offset magnitude. Dictates the search range.

parameter integer steps = 15; // Steps in the binary search
> algorithm.

parameter string filename = "comp offset.csv"; // Name of
> the output file with the found offset voltage.

parameter string filemode = "a"; // How to open the output

— file. "w" for Write, "a" for Append.
// Variables

real vdif; ; // Variable to store the output value
<> of differential voltage.
integer i; // Actual cycle on the binary search
<> algorithm.
integer file; // File descriptor.
analog
begin

// At the beginning of the simulation.
@(initial_ step)

begin
// Open file.
file = $fopen(filename, filemode) ;
// Start with cycle 0 in the BS algorithm.
i=0;
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//Set initial guess of offset voltage.
vdif=os_nominal;

end
// At every falling-edge of the clock.
@(cross( (V(clk) - clk_threshold) , -1))

// Check if the BS finish.
if (i==steps)

begin
// Write offset value to the output file.
$fwrite (file, "%f\n",V(compinp,compinn)) ;

// Close file.
$fclose (file) ;
end
else
begin
// If comparator output is "1"
if (V(compout) >out_ threshold)
begin
// Reduce differential voltage at the comparator inputs.
vdif=vdif-os maximum/pow (2, 1) ;
end
else
begin
// Increase differential voltage at the comparator inputs.
vdif=vdif+os maximum/pow (2, 1) ;
end
// Move to the next cycle in the BS algorithm.
i=1+1;
end // else: !if(i==steps)
// Assign the value of the variables to the output
— voltages.
V(compinp) <+ transition (vem+vdif/2, 0, 10p, 10p);
V(compinn) <+ transition (vem-vdif/2, 0, 10p, 10p);
end
endmodule

Additionally, we see in Fig.6.4 that the calibration voltages are still slowly
changing after the comparator finishes compensating the offset. The reason is that
the time constant relative to the common-mode component of the calibration voltage
(i.e., caused by the charge injected into Ccar. and Ccar’ by the parasitic capacitances
of N.1—4) is much larger than the time constant relative to the differential calibration
voltage. Therefore, the common-mode voltage of Vcar and Vear requires a longer
time to settle completely, but this has no impact on the offset. For the same reason,
and also because of the leakage current of transistors N.j—4, at the beginning of
the calibration process Vcar is decreasing, even though all the comparison results
are “0”s.

We performed an 1800-run Monte-Carlo simulation, to estimate the comparator
offset before and after calibration. This is shown in Fig. 6.5, for calibration limited
to 1500 cycles.
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Fig. 6.5 Histogram of input referred comparator offset voltages: (a) before and (b) after calibra-
tion

If the calibration cycles happen periodically, i.e. they are equidistant on the time
axis, the calibration noise appears as a sub-harmonic of the sampling frequency.
We mitigate this artifact by calibrating the comparator in random cycles. A simple
approach to mimic the operation of a pseudo-random binary generator is to AND-
function some ADC outputs, as shown in Fig. 6.6. Assuming that the input signal is
random, the probability of “1”’s for the implementation with a 3-input AND-gate is
12.5 %, and a calibration cycle is likely to happen once every eight ADC cycles.
Noise and jitter guarantee that the calibration noise power is spread across the
spectrum. The output codes where the calibration happens are shown in Fig. 6.6.
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Fig. 6.7 Boosting switches employed in the ADC: (a) schematic and (b) illustrative waveforms

6.3.2 Local Voltage Boosting

The ADC operation at very-low voltages is enabled by the use of a VB circuit that
doubles the gate voltage for all the MOS switches inside the TH, the DAC, and
the comparator calibration circuit. Some of the switches are controlled by the same
signal, and, therefore, share a single VB. This is the case for the DAC reset and
TH switches, and the two switches in the DAC that connect a given capacitor in
parallel and the two that connect in anti-parallel. Therefore, for this particular 8-bit
ADC, 24 VBs are required, including those used by the comparator self-calibration
scheme. The use of this technique prevents the need for low-V; transistors, avoiding
the increase of leakage current.

The employment of local VB elements is only feasible if the VB circuit fits in
a small area and is energy efficient. For this reason, a circuit similar to the one
proposed in [6] is employed. The circuit is shown in Fig.6.7a. As can be seen in
Fig. 6.7b, the output signal has twice the magnitude of Vpp. Compared to other
solutions, this circuit presents a reduced devices-count, corresponding to a single
capacitor and five small-sized transistors (inverter I, can be omitted if the input
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is already inverted). When the input is low, the output of the inverter /; connects
the bottom plate of C; to ground, while the node G is also shorted to ground by
the transistor N;. This turns P, on and precharges C; to Vpp. When “in” goes to
a logic “1,” the switch P; connects the nodes G and B, while I; pulls the bottom
plate of C; to Vpp, thus forcing node G to 2Vpp. This voltage is maintained since
G is a high-impedance node. The circuit has no static power consumption, and the
required dynamic power is only to tie the gates of the transistors to the supply rails
and to restore part of the charge held in capacitor C; that is transferred to the gate
of N while setting it to 2Vpp.

The ADC safely operates with a maximum supply of 0.6V, which is half the
nominal technology supply voltage. Higher Vpp may be applied, but reliability
would become a concern due to the long-term stress of the MOSFETSs gate oxide.

6.3.3 Full-Custom Self-Timed SAR Controller

The SAR controller is responsible for carrying out the binary search algorithm and
synchronizing the internal circuits. A self-timed controller scheme is proposed, and
the only clock signal required is the sampling clock, while the comparator clock is
automatically generated on-chip. The binary search controller is shown in Fig. 6.8.
The binary search circuit is designed in a full-custom fashion, to improve power
and area efficiency [7]. The 8-bit controller uses 8 instances (s8,s7...s0) of the
logic circuit shown in Fig. 6.9, which is based on a TSPC flip-flop. The arrangement
of transistors N1—Ng and P1—P,4 forms a TSPC latch with modified pull-up P;—P,
and pull-down N,—N5 combinatorial structures. Also, the combination of paralleled
transistors N, and N3 is added in the pull-down network to detect comparison
completion, allowing to discharge next_prep exclusively after cp or cn are set.
This latch section feeds a differential regenerative stage (N7—Njo and Ps—Pjp) that
processes and keeps the comparison result, generating the cp and cn control signals
for every bit. These signals are responsible for connecting the DAC capacitances in
parallel (cp) or anti-parallel (cn). This section of the circuit is triggered by the valid
falling edge, implying a successful comparison. The R and R signals come from the

Binary-search Controller

valid
R
R S — S — 1 |
R R wvalid R R wvalid R R wvalid
en s next_enfen s next_en en s next_enf%
reset cp cn reset cp cn reset cp cn
ar | i | i I A !
cp8 cn8 cp7 cn7 cn0

Fig. 6.8 Schematic of the binary search logic controller
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comparator, indicating the result of the current comparison. The positive feedback
provided in cp and cn nodes (transistors N3 and Ny) avoids fluctuations on these
nodes, that would exist because of the high impedance of the nodes in the following
comparisons. The feedback arrangement does not drain static current. Every slice
also generates the required signals responsible for triggering the subsequent slices.

The comparator self-timing feedback loop is shown in Fig. 6.10 and uses very
simple combinational logic and a controllable delay. The valid signal is generated
from the comparator outputs with an XNOR gate and feeds a pair of inverters that
have their propagation delay controlled by Vgias. The 3-input AND-gate prevents
the comparator to be triggered after the EOC and triggers the first comparison after
the rising edge of the ADC clock (clk).

6.3.4 TH and DAC

In this design, the DAC sizing was mismatch-limited, and is dimensioned to fulfill
opnL < 0.1 LSB. The TH capacitors have 1.73 pF each, and charge partitioning in
the precharge cycle is employed for the 3 LSB capacitors (see Fig. 3.10d). Therefore,
C7...C4 have 436, 218, 109, and 54.5 fF, respectively, while Cs. .. Cy have 27.25fF.
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The circuit layout and the chip micrograph of the ADC fabricated in a 0.13 pm
CMOS process are shown in Figs.6.11 and 6.12. The core circuit occupies an
area of 0.0377 mm?2. The comparator calibration circuit and the voltage boosters
correspond to approximately 10 % and 21 % of the overall ADC area, respectively.
Figure 6.13 shows the measured DNL and INL for the ADC with comparator self-
calibration “on” and “off” for 0.35V supply. Table 6.1 summarizes the impact of
the comparator self-calibration on the ADC performance. The peak values and
dispersion (o) of the DNL and INL are decreased, and consequently the ENOB
is increased from 5.65 to 6.48. The FFT plot of the calibrated ADC is shown in
Fig. 6.14 for a near-Nyquist frequency input also at 0.35V of supply voltage. The
achieved SFDR, THD, SNR and SNDR are 45.6dB, —43.11dB, 42.81dB, and
39.94 dB, respectively. Total power dissipation is 84.7 nW at 0.35 V, which leads to a
FOM (FOM= ¢ 2&03)) of 5.04 fl/conversion-step. The comparator self-calibration

S
contributes with 5.5 % of the power consumption and, since it requires another
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Fig. 6.12 8-bit SAR ADC chip micrograph
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comparison with a small value on the comparator input, the ADC requires up to
11 % more time for a complete conversion.

The test setup for the measurements is shown in Fig.6.15. The power con-
sumption, ENOB, and corresponding FOM achieved by the ADC are plotted in
Fig. 6.16 for different supply voltages and operating frequencies. The plot shows a
degradation in the FOM for lower sampling rates. This occurs because the leakage
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current is approximately constant for a given supply voltage and independent of
the sampling rate. In consequence, the leakage dominates the overall ADC power
consumption at sufficiently low speeds.
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6.5 Discussion

This chapter discussed the implementation of a SAR ADC based on a CS-DAC.
A novel background self-calibration method was proposed to mitigate the effect
of comparator offset on the overall ADC linearity. Differently from previous
implementations, this technique can work under very-low supply voltages, not
demanding any preamplifier, thus requiring no static power consumption. We have
also introduced the use of local voltage boosting for all the switches in the TH,
the DAC, and the comparator calibration circuit. Therefore, a compact and energy
efficient circuit has also been used. The presented ADC can operate at a voltage
supply of 0.35V while still providing 200 kSps.

The operation was limited to a minimum supply voltage of 0.35V, mainly
because we have employed a custom controller (described in [8]) that is very energy-
efficient, but uses the parasitic capacitances to keep the digital values used during
the conversion. At lower supply voltages, the controller operation is excessively
slow, so the bits stored on the parasitics are lost due to the leakage of the controller
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Fig. 6.17 Impact of offset calibration on ENOB in a post-layout simulation

transistors. Within the Vpp range that we were able to test, the leakage currents of
the other circuits, such as the DAC and the TH, do not noticeably affect the linearity
of the ADC.

To validate the effectiveness of the comparator offset calibration technique, we
show in Fig. 6.17 the result of two post-layout simulations: with an ideal zero-offset
comparator and with a pessimistic 20 mV comparator offset. We see that the ENOB
of the ADC with comparator offset converges to the same ENOB achieved without
comparator offset as the offset calibration occurs. It is to be noted a significant drop
of 1.5-bit on the ENOB, both in post-layout simulation and measurement, which
was verified to have no relationship with the comparator offset self-calibration.
A careful debug process showed that this was caused by an unbalance of the
parasitic capacitors in the DAC, affecting the linearity of the ADC and causing the
missing codes in the static characteristic. Post-layout simulations on a re-arranged
layout revealed an ENOB curve with a similar behavior to that shown in Fig. 6.17
but asymptotic to 8 bits, confirming the effectiveness of the offset self-calibration
technique.
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Chapter 7
A 9-Bit 0.6-V CS-ADC with a MOSCAP-DAC
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7.1 Introduction

The DAC in CR-based SAR ADCs requires bias-independent capacitors, i.e.
capacitors with constant capacitance for any voltage across its terminals. This
characteristic requires that the CR-ADC uses integrated capacitors with very linear
capacitance as function of bias voltage (C(V)), such as metal-insulator-metal
(MIM)' or metal-oxide-metal (MOM)? capacitors. On the other hand, the CS-based

The MIM capacitors are generally fabricated on top of the routing metal layers and use a thin
layer of insulator, which requires additional fabrication steps and increases the fabrication costs.
The density of the MIM capacitor is a direct function of the dielectric constant («) of the insulating
material. However, for most of the high-« oxides, it is observed that the capacitance increases
with the voltage [2, 3], bringing a clear trade-off between linearity and density that limits the
performance of MIM capacitors.

2The MOM capacitors come for free in digital CMOS processes and are made with stacked wires of
routing metals that perform as plates, separated by the BEOL oxide. This type of capacitor clearly
benefits from the advances in lithography, that permit metal wires to be drawn closer together.
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ADC permits nonlinear capacitors to be used in its construction [1]. However, as
discussed in Chap. 4, the CS-ADC is more sensitive to noise and comparator offset,
limiting the competitiveness of the architecture.

In the SAR ADC design presented in this chapter, these two issues are addressed.
The tolerances to noise and comparator offset are largely improved by exploiting
the very nonlinear C(V) characteristic of MOSCAPs,? that are used in this design
as the DAC elements. The use of MOSCAPs brings other improvements to the
ADC: MOSCAPs come for free in CMOS processes (as do MOMs, but not MIMs),
potentially decreasing fabrication costs; MOSCAPs present exceptional matching
characteristics; MOSCAPs use the thinnest available insulator in an integrated
circuit, yielding in the largest value of capacitance per area among the integrated
capacitors, with potential to reduce the DAC area. In the 0.13-pum process employed
in the design described in this chapter and a modern 28-nm process, for instance, the
MOSCAPs present capacitance densities that are approximately 5x and 4x higher
than MOMs, respectively. Furthermore, the charge-mode operation of CS-ADCs,
the adoption of a sampling frontend based on a new boost-and-bootstrap switch
circuit, and the use of local voltage boosting in the DAC enable the prototype
to operate with increased values of peak-to-peak differential IR. The extended IR
reaches 1.7 Vp_p when the ADC is supplied with 0.6V, and 1.6 Vp_p when the
ADC is supplied with 0.4 V.

The 9-bit prototype ADC is fabricated in a 0.13um CMOS technology and
performs with an ENOB larger than 8.5 bits for temperatures ranging from —40 to
85°C. At 1 MSps, the ADC burns 2.78 uW, yielding in a FOM of 7.8 fJ/conv.step.

The remainder of this chapter is organized as follows. In Sect. 7.2, the principle
of operation of the proposed MOSCAP-based CS-ADC is introduced and analyzed.
Section 7.3 describes the implementation of the circuits employed in the prototype
ADC. Finally, Sect. 7.4 presents the experimental results and Sect. 7.5 discusses the
achievements of this work.

7.2 CS-ADC with a MOSCAP-Based DAC

If the DAC capacitors are bias-dependent, (4.21), derived in Chap.4, can be
rewritten as (7.1).

However, in order to minimize the routing parasitics in modern processes, CMOS scaling demands
the use of low-« BEOL dielectrics, which ultimately hinders the capacitance density of MOM
capacitors.

3The MOSCAP is implemented using a MOS transistor with drain and source shorted, and presents
the highest capacitance density among the integrated capacitors. It does not require additional
fabrication steps. However, due to its highly nonlinear C(V) characteristic, its use is commonly
reserved for applications in which the accuracy of capacitance is not critical, including decoupling
and frequency compensation.
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(Vinp — Vinn) I — Z,i'=1 ((2kB—j -1 fOVPC Cpj-1 (V)dV)

Ven [i] = ‘
PN [f > Cojmr (Vex [i])

(7.1)

In (7.1), while Cp—;— in the denominator depends on the varying voltage Vp,
Cp—j—1 in the numerator only depends on a fixed bias voltage Vpc. This particularity
may be reasoned as follows: the numerator represents the total charge on the system;
the DAC capacitors are always precharged to Vpc; after precharge, due to the
absence of low-impedance path for the charge to flow off, there is conservation of
charge, and the total charge is not affected by the capacitance value. Therefore, the
linearity of the CS-ADC, according to (7.1), is not affected by the nonlinearity of the
DAC-capacitors. Also, according to the same expression, two important conclusions
concerning the DAC capacitors can be drawn:

1. It is advantageous to minimize the capacitance C,(Vpy [i]) of the DAC cells
during charge processing, as the ADC performance is harmed by the increase
in total capacitance during the conversion, as explained in Chap. 4.

2. It is advantageous to maximize the capacitance C,(Vpc) of the DAC cells during
precharge, in order to maximize the density of capacitance and reduce the DAC
area.

Fortuitously, these conditions are satisfied with a MOSCAP. The simulated
quasi-static [4] C(V) curve of the total gate capacitance (which include Cgp, Cgs,
and Cgg), as function of Vpr, Cog(Vpir), is shown in Fig. 7.1a. Please refer to
the Appendix for comments on the validity and applicability of the quasi-static
C(V) model to this analysis. The simulated n-type MOSCAP is wired identically
as in the differential DAC of a CS-ADC (Fig.7.1b). A common-mode voltage
Vem = 0.4V is used to obtain the plot. The MOSCAP presents a relatively large
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Fig. 7.1 The MOS capacitor: (a) simulated C(V) characteristics and (b) circuit used for the
simulations
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Fig. 7.2 Proposed MOSCAP-DAC topology

value of capacitance if the differential voltage Vprr is higher than approximately
0.4V, as the outcome of the inversion layer that establishes in the semiconductor-
insulator interface. As Vpir decreases, the MOSCAP enters in the depletion region
and the capacitance is decreased considerably. As Vprr is decreased further, the
source-to-bulk voltage (Vsp) increases, causing the threshold voltage V; of the
MOSCAP to raise, ultimately reducing the slope of Cgg. Thus, the value of
Cia(Vpir) is nearly constant for Vp < 0.3 V.

The proposed implementation of the DAC capacitance cells based on MOSCAPs
is shown in Fig. 7.2. Each unit cell comprehends 2 identical n-type MOSCAPs in
anti-parallel (N4 and Ng), with the purpose of balancing the parasitic capacitances.
The bodies of the MOSCAPs are connected to ground. The DAC cells also
comprehend switches for precharging the MOSCAPs to Vpc and for connection
to the TH. Binary weights of charge are achieved by multiple instantiations of
these cells. The effect of the varying capacitance of DAC-cells on the ADC can
be understood with the help of Fig.7.3. The figure shows the C(V) curve of
the two capacitors employed in a DAC cell, juxtaposing with the dynamic range
of Vpn according to the cycle in the binary search algorithm. As the residue
Vpn is forced towards zero during the binary search algorithm, the capacitance
of the connected DAC capacitors shrinks accordingly. The voltage range on the
comparator begins at full-scale during the first comparison, when no DAC capacitor
is yet connected to the TH, and is ideally halved every following comparison. When
Ve~ approaches zero, which is the critical state concerning comparator offset and
noise, the MOSCAPs capacitance is at its minimum. This leads to a reduced total
capacitance, and minimizes voltage attenuation, improving the ADC tolerance to
comparator offset and noise.

Initially, we estimate the linearity and noise of the MOSCAP-based ADC
architecture through simulations. First, we designed a complete 9-bit ADC with
o =1 (ViR = 2Vpc) and Vpc = 0.6 V with a conventional DAC that uses linear
capacitors. Afterward, in a copy of this original ADC, we substitute the conventional
DAC by a MOSCAP-DAC that has the same total capacitance in the precharge cycle
and MOSCAPs with the C(V) curves of Fig.7.1. Then, we simulate the ADCs in
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Fig. 7.3 Trajectory of the MOSCAP capacitance during the binary search algorithm

schematic-level with a full-swing sinusoidal input. Finally, the ENOB is computed
for both topologies and several values of comparator noise and comparator offset
voltage. The results are compared with the theoretical values achieved with a
CR ADC.

In Fig. 7.4, the ENOB as function of the comparator noise, normalized to V} gp,
is shown. The simulations reveal that the ENOB of the MOSCAP-based ADC
is greatly improved when compared to the conventional CS-ADC with linear
capacitors, and only slightly worse than the theoretical ENOB of a CR-ADC. For
instance, with an input-referred comparator noise of 0.5V;gg, the ENOB of the
MOSCAP-based CS-ADC is approximately 7.8 versus 8.0 of the CR, while the
conventional CS achieves only 7.3 bits.

Figure 7.5 shows the effective resolution as a function of the comparator offset
voltage for the three same topologies. The linearity of the CR ADC is not affected
by comparator offset, as this parameter produces only an offset in the ADC transfer
curve. Thus, the CR maintains ideal ENOB for the range of simulated offset
voltages. Regarding the CS topologies, we notice a remarkable improvement in the
tolerance to offset in the MOSCAP-based ADC. While the conventional CS-ADC
achieves approximately 6 bits of ENOB with an input-referred comparator offset
voltage of 20V g, the MOSCAP-based ADC performs with more than 8 effective
bits. In addition, the MOSCAP-based ADC achieves nearly ideal ENOBs if the
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Fig. 7.4 Comparison of ENOB versus input-referred comparator noise with a CR-ADC and with
CS-ADCs with linear capacitors and the proposed MOSCAP-DAC, obtained with full-circuit
simulations
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Fig. 7.5 Comparison of ENOB versus input-referred comparator offset voltage with a CR-ADC
and with CS-ADCs with linear capacitors and the proposed MOSCAP-DAC, obtained with full-
circuit simulations

comparator offset voltage is equal to or smaller than 5Vigg. An interesting and
important remark is that the curves of Figs.7.4 and 7.5 are almost identical if
simulated in process corners.

The boost in performance concerning linearity and noise is proportional to the
ratio between the capacitances of the DAC cell at precharge and charge processing
phases. This ratio, B¢, can be approximated by (7.2).

_ Coa(Vec) + Caa(—Vec)

Be = 2Cea(0) (7.2)
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We can find the values of Cgg inspecting Fig.7.1. For the simulated MOSCAPs
and Vpc = 0.6V, B¢ is approximately 3. In view of these facts, we can draw a
vital conclusion regarding the use of MOSCAPs in CS-ADCs: the effect of the
nonlinearity of the MOSCAP is similar to the effect of increasing o (the effects
of increasing « are discussed in Chap. 4). This is justifiable, as the DAC capacitance
is large only during the precharge cycle, and is significantly reduced during binary
search, thus reducing the attenuation during conversion. Consequently, we introduce
the quantity &, which represents the apparent capacitance gain in a CS-ADC based
on a MOSCAP-DAC. The value of & is found by rewriting « to include B¢. The
resulting expression is given in (7.3).

BcCru

a = .
2Cpac

(7.3)

Note that with a MOSCAP-DAC, we are not required to use a Vpc larger than
Vir/2, as would be required for linear capacitors according to (4.25), to achieve
an apparent capacitance gain larger than unity. A coarse approximation of the
ENOB as function of B¢ for a CS-ADC that employs nonlinear capacitors is
obtained by plugging (7.3)in (4.67) and (4.97). Figure 7.6 shows the results obtained
analytically and by simulation. The best-fit curve of the analytical model to the
simulated points is also shown in the plot, and leads to B¢ = 2.75, very close to
the value of 3 estimated with (7.2). The small mismatch is the result of different
components of Cgg (Cgp, Cgs, and Cgp) not being considered individually. The
body, differently to the drain and source, is tied to ground and has a different effect
on the magnitude of Vpy predicted by (7.1) (which includes only the capacitors
between nodes P and N).

Bc:3 -
Be=275 - -
Simulated ®

ENOB

8 | | | J

0 5 10 15 20

Input referred comparator offset [normalized to V; gg]

Fig. 7.6 ENOB achieved with full-circuit simulation and the analytical model of (4.67), (4.97),
and (7.3), with 8¢ = 3 found graphically and with the best-fit ¢ = 2.75
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7.3 SAR ADC Implementation

We designed a LVLP 9-bit SAR ADC using the proposed MOSCAP-DAC in a
0.13 um CMOS process. In Fig. 7.7, we show a block diagram of the designed ADC.
Like the design presented in Chap. 6, this prototype uses local voltage boosting [5]
to allow operation under low supply voltages. The ADC is designed to operate with
a low-voltage supply not larger than half the process nominal voltage of 1.2V and
the control signals can be doubled without reliability issues. Also, the prototype
employs the same digital self-timed SAR controller as the one presented in Chap. 6.
The other sub-circuits are a configurable TH, a MOSCAP-DAC, a comparator, and
a set of VBs. This section describes the implementation details of these blocks.

7.3.1 Comparator

The comparator employed in this design is a StrongARM latch [6, 7], optimized
for low-power according to the procedure described in Chap.5. We designed the
comparator to present an input-referred noise close to 0.5 mV. For the ADC operat-
ing with an IR of 1.7V, the value of input-referred comparator noise corresponds to
0.15VLsp and, according to Fig. 7.4, limits the achievable ENOB to approximately
8.8 bits. The standard deviation of the input-referred comparator offset voltage,
Ooffset, 1S limited in this design to 8 mV, or approximately 2.4V} gg. For a maximum
acceptable drop in ENOB due to comparator offset of 0.25 bits, this spread of offset
represents a 4-0 yield, according to Fig.7.5. To put differently, it means that if the
comparator offset voltage follows a normal probability distribution, approximately

£2..t0 Vpc
9-bit ADC 1
Vine
CP8..1=- + m
_| configurable CIR— MOSCAP- -
TH DAC
CNS8.. 1= -
VINN N
cmp_clk
clk digital controller
| | | | | |
| V-boost I | V-boost | | V-boost | | V-boost | | V-boost | V-boost
CLK cpsl |CN8 cp7l |CN7 CNO
1 1 I
B8 B7 o B0 EOC

Fig. 7.7 Blocks diagram of the SAR ADC prototype
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99.994 % of the fabricated samples present a drop in ENOB caused by comparator
offset lower than 0.25 bits. If the same comparator is used in a conventional CS-
ADC with linear capacitors, the yield is only 1.3-o.

7.3.2 Configurable TH with Boost-and-Bootstrap Switches

The CS architecture permits control over the ADC IR by changing the total
capacitance of the TH. Therefore, we propose the configurable TH of Fig.7.8. The
digital control signals #, . .. fy drive n-type MOS-switches that connect the bottom
plates of the TH capacitors to ground. If a switch is on, the corresponding capacitor
is summed up to the total TH capacitance. A wide range of programmable input
capacitance is achieved by the use of capacitors with binary weights (0.3, 0.6, and
1.2 pF). In addition, the routing parasitics contribute with extra 0.3 pF.

To allow the TH to operate with low values of supply voltage and process over-
rails signals, the boost-and-bootstrap circuit represented in Fig.7.9a is proposed
and used in the TH switches. The operation principle is exemplified in Fig.7.9b,
assuming a single-ended input signal of 1.5xVpp at the drain terminal d of the
sampling switch. The circuit drives the gate of Ngg with a Vgg of 2 Vpp during the
sampling phase. Since this prototype operates with low supply voltages, which are
equal to or lower than Vpp/2, this poses no reliability issues on the oxide of the
MOSFETs.

For a voltage supply of 0.6V, with Vpc = Vpp, the proposed TH allows
an IR of 1.7 Vp_p, equivalent to a gain of approximately 40 % over a rail-to-
rail implementation. An ADC with IR extending over-rails presents interesting
advantages over rail-to-rail implementations. First, since SAR ADCs are very
switching-intensive, the total energy burned in a conversion is proportional to Vpp?.
Therefore, if the speed requirements allow, great energy savings may be achieved
by scaling Vpp. In implementations that are limited to rail-to-rail inputs, this would
also impose a diminished IR, ultimately harming the ADC SNR. In the case of
the CS-ADC, an over-rails IR is obtained at the expense of reducing ¢, leading to
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Fig. 7.9 Boost-and-bootstrap circuit for the TH switches: (a) schematic and (b) illustrative
waveforms

more attenuation. Alternatively, if Vpc is maintained fixed, and the TH capacitor is
resized to accommodate the increase in IR (differently than the analysis carried out
in Chap. 4, where Vpc was scaled to accommodate a fixed IR), the voltage range of
the comparator inputs is indeed increased. This increase is the result of two opposing
effects, that take place while lowering o for a same Vpc: larger IR, and consequently
more dynamic range; and worse attenuation due to dynamic total capacitance. The
simulated dynamic range at the comparator inputs as function of the successive
approximation algorithm cycle, for a rail-to-rail CS-ADC (Vg = 2Vpp = 1.2V)
and for the proposed ADC with increased IR (Vig = 1.7V, and Vpp = 0.6V)
are shown in Fig.7.10. We also show in the figure the percentage increase in the
comparator voltage range of the over-rails ADC when compared to a rail-to-rail
implementation. For all the cycles, the comparator is driven by a signal with a
voltage range which is at least 17 % larger in the case of over-rails IR.

7.3.3 Voltage Boosters

The presented 9-bit ADC uses 19 VBs: eight pairs for the eight DAC capacitors;
one to drive the switches responsible for precharging the DAC capacitances; two
additional to level-shift the LSB By and the end-of-conversion signal (EOC) to
the same voltage of the remaining digital outputs. As a relatively large number of
boosters are required in the circuit, these circuits must be compact and consume little
power. The circuit presented previously in Sect. 6.3.2 conforms to these constraints
[5] and is employed in the prototype.
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Fig. 7.10 Simulated voltage range at the comparator inputs, for the proposed over-rails
ADC(Vig = 1.7V) and for a rail-to-rail CS ADC(Vig = 1.2V). The percentage increase in
comparator voltage range for Vig = 1.7V compared to Vig = 1.2V is also shown. A reference
voltage of 0.6 V is considered

Table 7.1 Results of a 10-k points Monte-Carlo
simulation, showing the spread of total charge stored
in 20-fF capacitors, precharged to 0.6V, at 27 °C

Absolute (%) Relative (%) Total (%)

MOS 1.54 0.43 1.59
MIM 451 0.17 4.51
MOM 6.71 6.10 9.03

7.3.4 DAC Cells

We show the DAC cells in Fig. 7.2. All the switches are simple minimum-size n-type
MOSFETs. The switches conductance is improved by the boosted control signals.
The MOSCAPs present very good matching characteristics. This is noticeable in
Table 7.1, which compares the simulated absolute variation (mismatch between
devices in different dies) and relative variation (mismatch between devices on the
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same die) of the total charge in capacitors with the same value of capacitance
and three different implementations in the employed 0.13-um technology: MOS,
MIM, and MOM. The values presented in the table are for room temperature
and a bias voltage of 0.6 V. The value of 20fF is the minimum value for MIM
capacitors in the technology. Although the relative matching of the MIM capacitor
is better than the MOS by a factor of more than two, the area required for the
MIM capacitor (including vias) is more than 20x the area of the MOSCAP (also
including vias) in this process. Furthermore, the matching of MOSCAPs is one
order of magnitude better than MOMs according to the Monte-Carlo models in this
technology. Importantly, the models for MIM capacitors provided by the foundry
do not include voltage nonlinearity, which may be significant in modern CMOS
processes depending on the type of insulator employed [2, 3], and could potentially
impact on the Q(V) characteristic of the capacitor.

As the design of this prototype was focused on the validation of the topology,
we employed a very conservative capacitance of 11 fF, even though the DNL/INL
constraints could be met with much smaller capacitors. This value of capacitance
is obtained with a MOSCAP area of approximately 1 um?, for Vpc = 0.6 V. It is
noteworthy that the aspect ratio (W /L) of the transistor has a strong impact on the
C(V) curve. We illustrate this in Fig.7.11, which compares three MOSCAPs with
different aspect ratios and similar maximum capacitance. The figure reveals that a
large aspect ratio increases the threshold voltage of the MOSCAP and enlarges the
zone with reduced capacitance. Simultaneously, 8¢ is reduced due to the larger areas
of the drain and source, which lead to larger parasitic capacitances. On the other
hand, a small aspect ratio narrows the zone of reduced capacitance and increases the
value of B¢, since the drain and source terminals present less parasitic capacitance.
As discussed in this chapter, increasing B¢ has a positive impact on the tolerance
to comparator offset and noise, and we choose a MOSCAP with minimum W =
0.16 um and L = 6.5 um (please see considerations on NQS effects in Appendix).

12
W/L [pm/pm]
10} 1/1
6/0.16
sk 0.16/6.5

Capacitance [fF]
(o))
]

VoVl

Fig. 7.11 Simulated C(V) curve of a MOSCAP for three values of aspect ratio W/L, with
approximately the same MOSCAP area, using the circuit of Fig. 7.1b
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Another noteworthy aspect of the MOSCAPs is the impact of temperature
changes in the Q(V) curve and in the matching characteristics. This can be
visualized in Fig.7.12. At any of the simulated temperatures and Vpr > 0.6V,
the mismatch is maintained under 0.75 %, having a negligible impact on the ADC
performance. The layout of a few MOSCAPs used in the MSB capacitor of the DAC
is shown in Fig.7.13.

7.4 Experimental Results

The proposed ADC was fabricated in a 0.13-um CMOS process. Figure 7.14 shows
a microphotograph of the prototype, annotated with the arrangement of the blocks
on the final layout. The total active area is 0.046 mm?, and nearly 40 % is used
to accommodate the voltage boosting capacitors. An auxiliary offset auto-zeroing
circuit for the comparator is included in the chip. This sub-circuit, however, is
disabled during the measurements, as it revealed to have a negligible impact on the
performance of the ADC, which is in line with the anticipated increase in robustness
of the proposed topology to the comparator offset. Still, the area of this unused
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Fig. 7.14 9-bit SAR ADC chip micrograph

circuit is accounted for the total die area. A total of 5 samples are measured, and the
chip with the lowest ENOB is selected for the measurement results presented in this
chapter. The spread of ENOB, ognoB, is below 0.1 bit.

The test circuit is shown in Fig. 7.15. We use a FPGA board to extract the ADC
output, and transfer this data to a computer for post-processing. The front-end relies
on a transformer to convert the single-ended input into differential. The test PCB is
placed into a temperature chamber for the temperature measurements.

Measured at room temperature, with 0.6 V of supply and reference voltages, full-
range sinusoidal input near Nyquist frequency and 1 MSps of sampling frequency,
the ADC consumes a total of 2.78 uW. In Fig. 7.16, we show the DNL and INL under
these conditions. The DNL/INL curves present larger peaks at the first and fourth
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Fig. 7.16 Measured DNL and INL of the prototype ADC

than in the second and third quarters of the curve. This pattern is consistent among
the measured dies, indicating a systematic error. A careful inspection revealed
that the cause of the static errors is unbalanced parasitics on the two sides of the
DAC unit-cells. This becomes evident by contrasting the DNL/INL curves of the
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Fig. 7.18 Measured output spectrum of a near-Nyquist frequency full-range input signal

prototype (Fig.7.16) with the simulated DNL/INL curves of an ADC with only
unbalanced parasitics as a nonideality (Fig.4.11). The ENOB measured with a full-
range input sinusoid at Nyquist frequency is 8.48 bits, while SNR, SNDR, SFDR,
and THD are 53 dB, 52.76dB, 71.01 dB, and —65.55 dB, respectively. In Fig. 7.17,
the SNDR and SFDR are shown for various values of input frequency. The output
spectrum for a near-Nyquist frequency sinusoidal input is shown in Fig.7.18. The
resulting FOM at Nyquist frequency is 7.8 fJ/conv.step.

For the temperature measurements, we used a sinusoidal input with 85kHz
and 1.4 Vp_p, to mimic more realistic operating conditions. Reference and supply
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Fig. 7.19 Measured effective resolution as function of the temperature, at 1 MSps with a 85-kHz
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voltages are 0.6 V. The temperature is spanned from —40 to 115 °C, and the ENOB
and gain error relative to 25 °C are measured. The results are presented in Fig. 7.19.
For the full temperature operating range, the ADC can work with 1 MSps of
sampling rate. From —40 to 85 °C, the ENOB remains larger than 8.5 bits. After
100°C, the ENOB drops below 8 bits, and at 110°C, the ENOB drops below
6.5 bits. The gain error in the range of temperatures with ENOB>8.5 spans from
—5.9% to 4.3 %, at 85 and —40°C, respectively. Thus, this implementation is
prepared for commercial and industrial temperature ranges (0-85 and -40-100°C,
respectively). We found that the circuit limiting the operation at higher temperatures
is the controller self-timing feedback loop, which does not provide sufficient
frequency range for higher temperatures. Fortunately, this issue can be solved by
increasing the width of the transistor connected to Vpas, and could potentially lead
to a wider temperature operating range.

We also measured the prototype at room temperature with 0.4 V of supply and
reference voltages with a full-range sinusoidal input near Nyquist frequency [8].
For these measurements, the TH is reprogrammed to the minimum capacitance, in
which only parasitic capacitances are used to sample the input signal. At 0.4V, the
ADC operates at 300kSps and burns 0.354 uW. The ADC performs with an ENOB
of 8.01, which yields in a FOM of 4.6 fJ/conv.step. It should be noted, however, that
with this supply, the ADC is not tolerant to large temperature variations. The reason
is that the precharge takes place at a point of the C(V) curve with a steep derivative,
which is largely changed with temperature. To increase the temperature range at
this supply voltage, transistors with low-V; should be employed. A summary of the
measurement results with 0.6 and 0.4 V of supply is presented in Table 7.2.
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Table 7.2 Summary of measurements for the prototype with Vpp =
VPC = 0.4V and VDD = VPC =0.6V

Vpc = Vpp 04V 0.6V

Input capacitance (Cry) 0.3 pF 2.4 pF
Sampling rate 300 kSps 1 MSps
Power 0.354 uW 2.78 uW
Differential input range (Vig) 1.6V 1.7V

Vise 3.13mV 3.32mV

Vir/ Ve 4.0 2.83

SNDR* 49.75dB 53dB

SFDR? 67.1dB 71.01dB
ENOB* 8.01 8.48

DNL 1.12 1.58

INL —1.25 1.58
Temperature range® (ENOB>8.5) — —40°C-85°C
FOM 4.6 fl/conv.step 7.8 fJ/conv.step

2Nyquist, full-range input
85 kHz, 80 % of full-range input

7.5 Discussion

This chapter presented a CS-ADC that mitigates the main drawbacks of previous
CS-ADC implementations: reduced tolerance to comparator offset and noise. The
design is based on a MOSCAP-DAC, that obviates highly linear capacitors in
the DAC construction. While the TH of the proposed ADC still requires linear
capacitors, the requirements for TH capacitors are much less stringent in terms of
matching and density. Nevertheless, a configurable TH circuitry is included in the
design, to allow operation under different reference voltages and input ranges. The
use of a boost-and-bootstrap switch in the TH circuit increases the input swing of
the ADC to 1.7 Vp_p when supplied by 0.6V, and to 1.6 Vp_p when supplied by
0.4 V. Good agreement is found between the measured ENOB and the maximum
expected ENOB, theoretically limited to approximately 8.8 bits by the comparator
noise (Sect.7.3.1). The proposed topology was validated with a low-voltage ADC,
but it is not limited to this category of designs. The use of a higher precharge voltage
is encouraged, owing to the fact that the matching properties and the temperature
sensitivity of the gate capacitance improve as the MOSCAP enters in the strong
inversion region (as seen in Fig.7.12).
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Appendix: Frequency-Dependency of C(V) in MOSCAPs

One important aspect of MOSCAPs is that its C(V) characteristics are frequency-
dependent [4]. To have a better understanding on this phenomenon, we should
analyze the circuit used to extract the C(V) curves of a MOSCAP, shown in
Fig.7.20. The voltage source v, injects an ac signal with small amplitude, and Vey
and Vpyr are dc. The capacitance at a determined bias is found with (7.4), where f
and v, are the frequency and magnitude of the injected ac signal.

_ Im(ICAP)' (7.4)
27tf Vac

To extract the C(V) curve, Vprr is swept and the values of capacitance found
with (7.4) are plotted versus Vpr. However, the curve presents different shapes
consonant to the choice of frequency of v,, if NQS effects are taken into
account [4]. Specifically, for sufficiently high frequencies, the inversion layer is
not able to build up fast enough, and the capacitance is drastically reduced in that
region. The simulated curve for several values of v, frequency, ranging from 1 Hz to
500 MHz, is shown in Fig. 7.21. As a remark, although most of the transistor models
include NQS effects, they may be disabled by default in a simulation. In the case of
the BSIM3v3 model, the model of NQS effects is applicable for both large signal
transient and small signal ac analysis. Even though good accuracy is expected from
these models [9], especially when an enhanced modeling methodology such as [10]
is employed, in this work the simulated value was used only as a coarse estimate to
guide the MOSCAP-DAC sizing.

The results in Fig. 7.21 suggest that the NQS effects may affect the pre-charge
time of the MOSCAP-DAC. In spite of the fact that the MOSCAPs are pre-charged
to a reference voltage Vpc that is dc, the settling time allocated for this process
is finite. To evaluate the impact of the NQS effects to the pre-charge cycle of
the MOSCAP-DAC, the settling time of a single unit-capacitor when subject to
a voltage step is evaluated using the circuit of Fig.7.22, and shown in Fig.7.23.
The gate charge is found integrating Icap. When the NQS effects are not taken into
account, the RC constant of the circuit is in the range of hundreds of picoseconds,

Fig. 7.20 Circuit used to device under test
simulate the C(V) curve of
MOSCAPs ammeter
D—F-
Icap -
Uac E

Vem+Vrr/2 Vem-Vorr/2
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500 MHz, simulated with the circuit of Fig.7.20, with Vo = 0.3 V. The size of the MOSCAP is
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dictated by the 10kS2 resistor and the MOSCAP capacitance. On the other hand,
when NQS effects are included in the simulation, the RC constant is increased to
several nanoseconds. According to this analysis, a few tens of nanoseconds should
be allocated to pre-charge and discharge the MOSCAPs. For this specific design, this
is not an issue, but may be a limiting factor in implementations with faster sampling
speeds. A possible counter-measure is to use shorter transistors while trading-off 8¢
for a faster response due to limited NQS effects.
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8.1 Final Remarks

Devices that need to conform to LVLP requirements are already ubiquitous today,
and the demand is growing fast. Due to the convenience that the digital domain
provides concerning signal processing, data storage, and communication, many
LVLP applications rely on an ADC to bring signals from the analog domain into
digital. SAR ADCs are the topology of choice for most of these applications,
due to its high energetic efficiency. The CS variant of SAR ADCs was recently
demonstrated and presents attractive features for LVLP. This book contributed to
this topic by providing a detailed analysis of the limitations of the architecture, and
by proposing and validating circuit solutions to overcome those.

In Chap. 4, the bottlenecks of the CS-ADC were identified and quantified. Those
include parasitics, mismatches, and noise. Based on the results of this analysis,
the techniques presented in Chaps.5-7 were proposed. In Chap.5, an efficient
design/optimization methodology for dynamic comparators that is noise-, power-,
and timing-aware is presented and validated. The disclosed methodology enables
achieving optimal comparator sizing solutions in less than 30 min in a modern
computer, despite the large number of trade-offs involved and the time-variant and
nonlinear nature of the clocked comparators. Chapter 6 presented an 8-bit ADC that
can work with supplies down to 0.35V, due to the extensive use of voltage boosting
of control signals. Additionally, the ADC makes use of a comparator offset voltage
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auto-zeroing technique that is consistent with the requirements of LVLP systems.
Chapter 7 disclosed an ADC operating with a 0.6-V voltage supply that relies on the
strongly nonlinear capacitance of MOSCAPs to mitigate the main shortcomings of
CS ADC. The use of MOSCAPs as DAC elements brings additional advantages that
are related to the characteristics of this class of integrated capacitors, namely larger
density of capacitance and very good matching characteristics.

The performance of the ADCs presented in Chaps. 6 and 7 is contrasted to the
state-of-the-art in CS-ADCs and energy-efficient SAR-ADCs in Table 8.1. To the
authors’ knowledge, the ADC presented in Chap. 7 is the first demonstration of SAR
ADC that does not use linear capacitors in the DAC. Additionally, the two ADCs
presented in this book are the two charge-sharing ADC with best FOM and the two
ADCs (of any topology) with best FOM in technologies down to 0.13 pm.

8.2 Future Work

A few possibilities of future investigation appeared during this research. The first
emerge from MOSCAPs being 3-terminal devices. While the bulk terminal of all
the MOSCAPs is connected to ground in our design presented in Chap. 7, the body
terminal can be used to control the capacitance of these devices. This technique
could permit analog-domain calibration of the DAC to mitigate process mismatches.
While this anticipated body-biasing calibration method would be exclusive to
MOSCAP-based DACs, digital-domain calibration algorithms for SAR ADCs, such
as [11, 12], can be potentially adapted to the proposed architecture. In that way, the
benefits of the MOSCAP-based architecture are maintained while allowing pursuing
larger resolutions. Furthermore, some preliminary analysis revealed that MOSCAPs
implemented in SOI technologies achieve a larger ¢ than bulk-CMOS, because the
former present lower intrinsic parasitic capacitance due to isolation from the bulk
silicon. For instance, a 28-nm SOl MOSCAP presents ¢ & 5, while in the 0.13 um
technology employed in this design, ¢ & 3, for similar aspect ratios. Given that the
improvements in performance of the CS-ADC are strongly correlated to the value of
Bc, we expect a better tolerance to comparator offset and noise in ADCs designed
using SOI process.
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Acronyms

ADC analog-to-digital converter
BEOL back-end-of-line

CDF cumulative distribution function

CMOS complementary metal-oxide-semiconductor
CPU central processing unit

CR charge-redistribution

CS charge-sharing

DAC digital-to-analog converter
DNL differential nonlinearity

ENOB effective number of bits
EOC end-of-conversion

FFT Fast Fourier Transform
FOM figure-of-merit
FPGA Field Programmable Gate Array

GA genetic algorithm
GPS global positioning system
GPU graphics processing unit

INL integral nonlinearity

IR input range

ISF input sensitivity function

ISSCC International Solid-State Circuits Conference
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160 Acronyms

LSB least-significant bit
LTV linear time-varying
LVLP low-voltage low-power

MCS merged capacitor switching

MDAC multiplying digital-to-analog converter

MIM metal-insulator-metal

MOM metal-oxide-metal

MOS metal-oxide-semiconductor

MOSCAP metal-oxide-semiconductor capacitor

MOSFET metal-oxide-semiconductor field-effect transistor
MSB most-significant bit

NQS non-quasi static
NSGA-II Non-dominated Sorting Genetic Algorithm-II

PAC periodic-ac

PMU power management unit
PNOISE periodic noise

PSD power spectral density

PSS periodic steady-state

PVT process, voltage, temperature

RAM random access memory
RF radio-frequency

SAR successive approximation register
SFDR spurious-free dynamic ratio

SNDR signal-to-noise-and-distortion ratio
SNR signal-to-noise ratio

SOI silicon-on-insulator

TH track-and-hold
THD total harmonic distortion

TSPC true-single-phase-clocked

VB voltage booster
VLSIC Symposium on VLSI Circuits

WSN wireless sensor network



Symbols

Acp Parasitic capacitance mismatch

Ac Capacitance mismatch

Ag ADC gain error

a Capacitance ratio

& Effective value of o

B Number of bits

Cy Unitary capacitance

Ccar Calibration capacitor

Cpac Total DAC capacitance

Cgp Capacitance between the gate and the bulk of a MOSFET

Cgp Capacitance between the gate and the drain of a MOSFET

Cgg Total gate capacitance of a MOSFET

Cgs Capacitance between the gate and the source of a MOSFET

C,, Parasitic capacitance

Cry Track-and-hold capacitor

Cran Track-and-hold capacitor (negative terminal)

Crap Track-and-hold capacitor (positive terminal)

ENOB Effective number of bits

Ergr Energy of the reference source

Gapc ADC gain, defined by the ratio between the input range Vir and the reference
voltage Vgrgr or the precharge voltage Vpc

i Cycle in the conversion (0 corresponds to the MSB cycle )

Icap Capacitor current

Irgr Current of the reference source

K Conversion result, K = kg_..., k1, ko

On Charge on the node corresponding to the comparator negative input

QOp Charge on the node corresponding to the comparator positive input

Otun Charge on the track-and-hold negative terminal

QOtnp Charge on the track-and-hold positive terminal
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162 Symbols

QOrtop Charge on the top plate of the capacitor

SNDR Signal to noise-and-distortion ratio

VBias Bias voltage

Vcar Calibration voltage

Vem Common-mode voltage

Vpp Positive supply voltage

Vpir Differential voltage

Vs Voltage between the gate and the source of a MOSFET

Vin.cm Common-mode voltage of the input

Vinprr Differential voltage at the ADC inputs

Vinn Voltage at the negative ADC input

Vine Voltage at the positive ADC input

Vir Input-range voltage

VLss Voltage of one LSB

VN Voltage at the negative comparator input

Vnoise Noise voltage

Vos Input-referred comparator offset voltage

Vp Voltage at the positive comparator input

Vpc Precharge voltage source, used to charge the DAC capacitors in the beginning
of the conversion

Vpn Differential voltage at the comparator inputs

Vp_p Volts peak-to-peak

Vrer Reference voltage

Vsp Voltage between the source and the bulk of a MOSFET

Vi Threshold voltage of a MOSFET

Vrop Voltage on the top plate of the capacitor
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