DESIGN OF VERY HIGH-
FREQUENCY MULTIRATE
SWITCHED-CAPACITOR CIRCUITS

Extending the Boundaries of CMOS Analog
Front-End Filtering

Seng Pan U, Rui Paulo Martins and
José Epifanio da Franca

@ Springer




DESIGN OF VERY HIGH-FREQUENCY MULTIRATE
SWITCHED-CAPACITOR CIRCUITS



THE KLUWER INTERNATIONAL SERIES IN ENGINEERING AND
COMPUTER SCIENCE

ANALOG CIRCUITS AND SIGNAL PROCESSING
Consulting Editor: Mohammed Ismail. Ohio State University

Related Titles:

DESIGN OF WIRELESS AUTONOMOUS DATALOGGER IC'S
Claes and Sansen
Vol. 854, ISBN: 1-4020-3208-0
MATCHING PROPERTIES OF DEEP SUB-MICRON MOS TRANSISTORS
Croon, Sansen, Maes
Vol. 851, ISBN: 0-387-24314-3
LNA-ESD CO-DESIGN FOR FULLY INTEGRATED CMOS WIRELESS RECEIVERS
Leroux and Steyaert
Vol. 843, ISBN: 1-4020-3190-4
SYSTEMATIC MODELING AND ANALYSIS OF TELECOM FRONTENDS AND THEIR
BUILDING BLOCKS
Vanassche, Gielen, Sansen
Vol. 842, ISBN: 1-4020-3173-4
LOW-POWER DEEP SUB-MICRON CMOS LOGIC SUB-THRESHOLD CURRENT
REDUCTION
van der Meer, van Staveren, van Roermund
Vol. 841, ISBN: 1-4020-2848-2
WIDEBAND LOW NOISE AMPLIFIERS EXPLOITING THERMAL NOISE
CANCELLATION
Bruccoleri, Klumperink, Nauta
Vol. 840, ISBN: 1-4020-3187-4
SYSTEMATIC DESIGN OF SIGMA-DELTA ANALOG-TO-DIGITAL CONVERTERS
Bajdechi and Huijsing
Vol. 768, ISBN: 1-4020-7945-1
OPERATIONAL AMPLIFIER SPEED AND ACCURACY IMPROVEMENT
Ivanov and Filanovsky
Vol. 763, ISBN: 1-4020-7772-6
STATIC AND DYNAMIC PERFORMANCE LIMITATIONS FOR HIGH SPEED
D/A CONVERTERS
van den Bosch, Steyaert and Sansen
Vol. 761, ISBN: 1-4020-7761-0
DESIGN AND ANALYSIS OF HIGH EFFICIENCY LINE DRIVERS FOR Xdsl
Piessens and Steyaert
Vol. 759, ISBN: 1-4020-7727-0
LOW POWER ANALOG CMOS FOR CARDIAC PACEMAKERS
Silveira and Flandre
Vol. 758, ISBN: 1-4020-7719-X
MIXED-SIGNAL LAYOUT GENERATION CONCEPTS
Lin, van Roermund, Leenaerts
Vol. 751, ISBN: 1-4020-7598-7
HIGH-FREQUENCY OSCILLATOR DESIGN FOR INTEGRATED TRANSCEIVERS
Van der Tang, Kasperkovitz and van Roermund
Vol. 748, ISBN: 1-4020-7564-2
CMOS INTEGRATION OF ANALOG CIRCUITS FOR HIGH DATA RATE TRANSMITTERS
DeRanter and Steyaert
Vol. 747, ISBN: 1-4020-7545-6
SYSTEMATIC DESIGN OF ANALOG IP BLOCKS
Vandenbussche and Gielen
Vol. 738, ISBN: 1-4020-7471-9
SYSTEMATIC DESIGN OF ANALOG IP BLOCKS
Cheung and Luong
Vol. 737, ISBN: 1-4020-7466-2
LOW-VOLTAGE CMOS LOG COMPANDING ANALOG DESIGN
Serra-Graells, Rueda and Huertas
Vol. 733, ISBN: 1-4020-7445-X
CIRCUIT DESIGN FOR WIRELESS COMMUNICATIONS
Pun, Franca and Leme
Vol. 728, ISBN: 1-4020-7415-8
DESIGN OF LOW-PHASE CMOS FRACTIONAL-N SYNTHESIZERS
DeMuer and Steyaert
Vol. 724, ISBN: 1-4020-7387-9
MODULAR LOW-POWER, HIGH SPEED CMOS ANALOG-TO-DIGITAL CONVERTER
FOR EMBEDDED SYSTEMS
Lin, Kemna and Hosticka
Vol. 722, ISBN: 1-4020-7380-1



DESIGN OF VERY
HIGH-FREQUENCY
MULTIRATE SWITCHED-
CAPACITOR CIRCUITS

Extending the Boundaries of
CMOS Analog Front-End Filtering

by
Seng-Pan U

University of Macau and Chipidea Microelectronics (Macau), Ltd.,
China

Rui Paulo Martins

University of Macau, China
and Technical University of Lisbon, Portugal

and

José Epifanio da Franca

Chipidea Microelectronics, S.A.
and Technical University of Lisbon, Portugal

@ Springer



A C.LI.P. Catalogue record for this book is available from the Library of Congress.

ISBN-10 0-387-26121-4 (HB)
ISBN-13 978-0-387-26121-8 (HB)
ISBN-10 0-387-26122-2 (e-book)
ISBN-13 978-0-387-26122-5 (e-book)

Published by Springer,
P.O. Box 17, 3300 AA Dordrecht, The Netherlands.

www.springeronline.com

Printed on acid-free paper

All Rights Reserved
© 2006 Springer
No part of this work may be reproduced, stored in a retrieval system, or transmitted
in any form or by any means, electronic, mechanical, photocopying, microfilming, recording
or otherwise, without written permission from the Publisher, with the exception
of any material supplied specifically for the purpose of being entered
and executed on a computer system, for exclusive use by the purchaser of the work.

Printed in the Netherlands.



Dedication

This book is dedicated to

Our Wives



Contents

Dedication

Preface
Acknowledgment
List of Abbreviations
List of Figures

List of Tables

1 INTRODUCTION

WD

2 IMPROVED MULTIRATE POLYPHASE-BASED INTERPOLATION
STRUCTURES

L. INtrOAUCHION......ccviiiieiieteeteerte e ere e ere et eseeessneeareesneens
Conventional and Improved Analog Interpolation....................

3. Polyphase Structures for Optimum-class Improved Analog

INterpOlation........cccuiiieiiieciie e
4. Multirate ADB Polyphase Structures..........cccccevceeveeneeneenneenne.

High-Frequency Integrated Analog Filtering............ccccceeeueenee.
Multirate Switched-Capacitor Circuit Techniques....................
Sampled-Data Interpolation Techniques...........cccccveveveeenrennee.
Research Goals and Design Challenges...........cccocceevieniennnnee.

Xiii

Xvii

XixX

XX1il

XXX1



viii

Design of Very High-Frequency Multirate Switched-Capacitor Circuits —
Extending the Boundaries of CMOS Analog Front-End Filtering

4.1 Canonic and Non-Canonic ADB Realizations ....................... 22
4.1.1 FIR System ReSpOonse .........ccceeevvercieeenveenieeeieenieenns 22
4.1.2 TIR System ReSpOnse ........cccceeeevveerieeniieerieeeieeesneenns 24

4.2 SC Circuit ArChiteCtures .............c...cooeeveieeeiiiieiieiiiieeneeeeein, 26

Low-Sensitivity Multirate [IR Structures...........ccccoevveveeneeneencen. 33

5.1 Mixed Cascade/Parallel FOrmi..........cccccccccoovevvevcineiiiinaannn, 33

5.2 Extra-Ripple IIR FOTM .........cc.cocvoviviiieeieeiiiieiieeiieie e 37

SUMMATY ...evieiiieeiieeeiee et e st eeseeeesbeesseeesnseesnseesnees 37

3 PRACTICAL MULTIRATE SC CIRCUIT DESIGN CONSIDERATIONS 41

L. INtrOdUCHION .....iiiiiiiieiiee e 41
. Power Consumption ANalysiS........cccccueevvrereierenieenieeeieeenvee e 41
3. Capacitor-Ratio Sensitivity ANalysis .......ccoceevererreenenenseenennenne. 44
3.1 FIR SHPUCIHUFE ...ttt 44
3.2 IR SHPUCIHUTE ...ttt 46
4. Finite Gain & Bandwidth Effects.........ccooeiviiniiniiniiiiiie 49
5. Input-Referred Offset Effects........cccovvieeiiiiciiiiiiiecieecee e, 49
6. Phase Timing-Mismatch Effects........c.ccocveiieiiiiiiniiniiieeee, 55
6.1 Periodic Fixed Timing-Skew Effect..........ccccoocvvvevincinnnnnnn. 55
6.2 Random Timing-Jitter Effects...........c.ccccocovvvivvivnciinianeannnn 59
7. NOISE ANALYSIS .ouvviierieiieiieiierie e ste e ere et ereesseesseeseaessaesssesnseens 59
8. SUIMIMATY ..iovvvieiiie ettt eiee e eree e e e sreesreeeabeesebeeenseeesseesssaennns 65
4 GAIN- AND OFFSET- COMPENSATION FOR MULTIRATE SC

CIRCUITS 69
L. INtrOAUCHION ...c..eiiiiiriieiiicee ettt 69
2. Autozeroing and Correlated-Double Sampling Techniques .......... 70
3. AZ and CDS SC Delay Blocks with Mismatch-Free Property ......72
3.1 SC Delay Block ArchiteCtures ................ccccoccveveveaeeeencunannnn.. 72

3.2 Gain and Offset Errors — Expressions and Simulation
Ve ifiCALION. .........cceeiiieieee et 77
3.3 Multi-Unit Delay Implementations...................ccccceeveeeennnn.e. 80
4. AZ and CDS SC Accumulators. ........ccceeeeeereneenenieeienenceeeeeenee 82
4.1 SC Accumulator AvchiteCtures .............ccoocevceeeeeceiceeeeaeannns 82

4.2 Gain and Offset Errors — Expressions and Simulation
VerifiCation ...........cccccueiiiiiiiiiiiieit ettt 82
5. Design EXamPIes......cccooouieiieiienieniieiieeieee ettt 84
6. Speed and Power Considerations...........cecevereeveneneeneneenenennnen 89
N 110100 o USRS 94



Design of Very High-Frequency Multirate Switched-Capacitor Circuits — X
Extending the Boundaries of CMOS Analog Front-End Filtering

5 DESIGN OF A 108 MHZ MULTISTAGE SC VIDEO INTERPOLATING

6

FILTER 99
L. INtrOdUCHION ..c..eiiiieieeiceee et 99
Optimum Architecture Design..........ccccveveerierieeriieeiieeieeeeeeeeenes 101
2.1 Multistage Polyphase Structure with Half-Band Filtering ..101
2.2 Spread-Reduction Scheme..................cc.ccoovieviieniieniieniinanns 102
2.3 Coefficient-Sharing Techniques ..............cc.cccceevuveveveennnnnn. 103
3. Circuit DESIZN ...uvvieiiiiiiieeiie ettt 106
3.1 I-Stage e 106
3.2 2" and 37-S1age ..., 109
3.3 Digital Clock Phase Generation ................ccccccceecercveeennne. 111
4, Circuit LayOouUL .....cccevceerieiieeie et eieeseesre e sreereereesraesseesenessne e 113
5. Simulation ReSults .........ccoovieriiiiiiiiiiiieeeee e, 114
5.1 Behavioral Simulations ..............ccccoooeiovievienieniiniiieancns 114
5.2 Circuit-Level Simulations...............cccccccoevociioiiiniienccnanenn. 115
6. SUITINIATY ..eevvieeiiieeeiiieeiee ettt et e eiteesitee st eesaeeesebeeebeesenteesbeeenseeas 118

DESIGN OF A 320 MHZ FREQUENCY-TRANSLATED SC BANDPASS

INTERPOLATING FILTER 123
L. INtrodUCHON . ...cccovuiiieiiriiciecceee et 123
2. Prototype System-Level Design.........ccoceeveveeeeieencieeniieeniee e, 125
2.1 Multi-notch FIR Transfer FUNCLON.............c..cccevceeeeeniann. 125
2.2 Time-Interleaved Serial ADB Polyphase Structure with
AULOZEFOING ...t 127
3. Prototype Circuit-Level Design .......ccccevveviincirerieeneenienienreene. 128
3.1 Autozeroing ADB and Accumulator .................cc.ccccoevenenn.. 128
3.2 High-Speed Multiplexer .............cc..ccccovvviaviieniiiaiiianinannn, 130
3.3 Overall SC Circuit Architecture..............ccccccouvesoeneeannenne.. 133
3.4 Telescopic opamp with Wide-Swing Biasing....................... 133
3.5 nMOS Switches 136
3.6 Noise Calculation...............ccccooeiciioeeoieiciiieiiiieese e 137
3.7 LO CiFCUIIFY .o 138
3.8 Low Timing-Skew Clock Generation.................c...cc..ccu...... 138
4. Layout Considerations ..........ccecceerueereerienienieeieesieeseeesieeseeseeens 143
4.1 Device and Path Matching................ccccocevveeireivecianiannnns 143
4.2 Substrate and Supply Noise Decoupling ................cc.c......... 147
4.3 SRHICIAING ..oooovveiieiiiiee e 151
4.4 FIoOr Plan ...........cccoovoiiiiiiiiiiiiiiiiiie e 151
5. Simulation RESULLS .....cccecveviinieiiniriecnceccececceee e 152
5.1 Opamp SimulQtions ..............ccccccouveeveieeceeeeieieiieeeeeeeeneeennes 152

5.2 Filter Behavioral Simulations ..............ccccccccveeeeiiiiieiinni 155



X Design of Very High-Frequency Multirate Switched-Capacitor Circuits —
Extending the Boundaries of CMOS Analog Front-End Filtering
5.3 Filter Transistor-Level and Post-Layout Simulations............. 156
0. SUITINATY ..eeevviieniieeeiieeiieeeteeeeeeesseesseeeseseessseesssaeesssessseessssesssses 158
7 EXPERIMENTAL RESULTS 163
1. INtrOdUCHON .....ciiiieiieiieeece et 163
2. PCB DESIZN..c.uuiiiiiiieiieiieeie ettt ettt 163
2.1 FloOF PLAN..........cocooiioeiieiieiieeiieees e 164
2.2 Power Supplies and Decoupling .............cc..ccccovevevvvvennnn. 167
2.3 BiaSing CUFTEONES ......oooeuvveeiieeeieeeiie e eiae e 167
2.4 Input and Output NetWork...........cccooevveveeieiiianiieieieeenian, 167
3. Measurement Setup and Results ...........cccceevirviiniiineeninniene, 169
3.1 Frequency ReSPONSe...........cccccuevoieioeiiaiaiieaie e 170
3.2 Time-Domain Signal Waveforms ............ccccoeeuevevcencvnoeennne. 172
3.3 One-Tone Signal Spectrum...............cccoevevevcveevieeinirenneennnn. 172
3.4 Two-Tone Intermodulation Distortion ................ccc.ccou.. 174
3.5 THD and IM3 vs. Input Signal Level..................ccc.ccvo.n... 177
3.6 Noise Performance................ccccuveucenoeioeiciaiaiesien, 177
3.7 CMRR and PSRR..........cccccooioiiiiiiiiieeeeeeeeeee e 180
4. SUMIMATY ..eeeiiiiieiiieeeiie et eeiee ettt eteeeieeeseeeseaeeesabeesbeeseneeesneeenns 181
8 CONCLUSIONS 187

APPENDIX 1 TIMING-MISMATCH ERRORS WITH

NONUNIFORMLY HOLDING EFFECTS........ccceeuuee. 191
1. Spectrum Expressions for [U-ON(SH) and IN-CON(SH)........... 193
1.1 TU-ON(SH) ..ottt 193
1.2 IN-CON(SH) .....oooviiiiiiiiseieeee et 197

2. Closed Form SINAD Expression for [U-ON(SH) and IN-
CON(SH) oottt 197
2.1 TU-ON(SH) ....coviiiiiiiiiiiiiiiieetetet e 198
2.2 IN-CON(SH) ..ottt 201
3. Closed Form SFDR Expression for IN-CON(SH) systems ......... 203
4. Spectrum Correlation of IN-OU(IS) and [U-ON(SH).................. 205

APPENDIX 2 NOISE ANALYSIS FOR SC ADB DELAY LINE

AND POLYPHASE SUBFILTERS 215
1. Output Noise of ADB Delay Line.........cccccceevveeriiieeniieeiieeneeenee 215
2. Output Noise of Polyphase Subfilters...........ccoceeevriiiiieneenenne. 217
2.1 Using TSI Input Coefficient SC Branches...............c........... 217

2.2 Using OFR Input Coefficient SC Branches.......................... 220



Design of Very High-Frequency Multirate Switched-Capacitor Circuits — xi
Extending the Boundaries of CMOS Analog Front-End Filtering

APPENDIX 3 GAIN, PHASE AND OFFSET ERRORS FOR GOC
MF SC DELAY CIRCUIT I AND J 221

1. GOC MF SC Delay CirCUit I.........cecuveruiereeenierieeieeniee e eeee e 221
2. GOC MF SC Delay CirCUit J.......cccecverververireerieerieeneeseresnesneenns 225




Preface

Integration of high-frequency analog filtering into the system Analog
Front-End (AFE) is increasingly demanded for the ever growing high-speed
communications and signal processing solutions with the corresponding
advances in Integrated Circuit (IC) technology. Although the AFEs represent
a small portion of the total mixed-signal system chip, they usually are its
speed and performance bottleneck. Especially, the design of the AFEs
becomes more and more challenging due to the continuous lowering of the
supply and increasing of the operation speed, as well as noisying of the
working environment driven by the constant growing digital signal
processing (DSP) core.

This book presents a multirate sampled-data interpolation technique and
its Switched-Capacitor (SC) implementation for very high frequency
filtering (over hundreds of MHz) while having also dual inherent advantages
of reducing the speed of the digital-to-analog converter and the DSP core
together with the simplification of the post continuous-time smoothing filter.

The book is organized in eight chapters. This chapter presents an
overview of the introductory aspects of the current state-of-the-art high-
frequency SC filters and multirate filtering with emphasis on the SDA
interpolation techniques for explicating the motivation and the objectives of
the research work in this book.

Chapter 2 will describe the mathematical characterization of the
conventional sampled-data analog interpolation with its input lower-rate S/H
shaping distortion and will also introduce the ideal improved analog
interpolation model with its traditional bi-phase SC structure implementation.
Then, the development of the efficient multirate polyphase-based SC
structures suitable for high-performance optimum-class improved analog
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interpolation filtering will be proposed. Different low-sensitivity circuit
topologies with both Finite Impulse Response (FIR) and Infinite Impulse
Response (IIR) characteristics will be developed, respectively, for low and
high selectivity filtering.

Chapter 3 will present the practical IC technology imperfections related
to IC implementation of SC multirate circuits that will be comprehensively
investigated with respect to the power requirement issue, capacitance ratio
mismatches, finite gain and bandwidth, input-referred DC offset sensitivity
effects of the opamps, timing random-jitter and fixed periodic skew in the
multirate clock phase generation as well as filter overall noise performance.
All those practical design considerations are very useful in high-speed
sampled-data analog integrated circuit design.

Chapter 4 will present advanced circuit techniques, i.e. gain- and offset-
compensations, specialized for multirate SC filters and that are necessary to
alleviate the imperfections of the analog integrated circuitry. Such
techniques will be explored first for the basic building blocks: mismatch-free
SC delay cells and SC accumulator, and later the impacts in the
compensation of the overall system response will also be addressed and
demonstrated through specific examples for both multirate FIR and IIR SC
interpolating filters. Furthermore, the practical design trade-offs for
utilization of such techniques will also be analyzed with respect to the
accuracy versus speed and power.

Chapter 5 will set forth the design and implementation of a low-power
SC baseband interpolating filter for NTSC/PAL digital video restitution
system with CCIR-601 standards. The filter, which employs several novel
optimized structures including coefficient-sharing, spread-reduction, semi-
offset-compensation, mismatch-shaping, double-sampling and analog
multirate/techniques, achieves a linear-phase lowpass response with 5.5-
MHz bandwidth, 108 Msample/s output from 13.5 Msample/s video input.
Both behavior-, transistor- and layout-extracted level simulations will be
presented for illustrating the effectiveness of the circuit in 0.35 um CMOS
technology.

Chapter 6 will describe the design and implementation of a 2.5 V, 15-
tap, 57 MHz SC FIR bandpass interpolating filter with 4-fold frequency up-
translation for 22-24 MHz inputs at 80 MHz to 56-58 MHz outputs at
320MHz to be used in a Direct-Digital Frequency Synthesis (DDFS) system
for wireless communication also in 0.35 pm CMOS. Special design
considerations in both filter transfer function, circuit architectures, circuit
building blocks as well as specific layout techniques for dealing with non-
ideal properties in realization of the high-speed analog and digital clock
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circuits will be presented comprehensively in terms of the speed relaxation,
noise and mismatching reduction.

Chapter 7 will then present the Printed-Circuit Board (PCB) design,
experimental testing setup, as well as the measured results of the prototype
interpolating filter chip built for the DDFS system described in Chapter 5. In
addition to the measurement summary, a comparison among previously
reported SC filters will also be offered.

Chapter 8 will finally draw the relevant concluding remarks.

Appendixes will be also provided for detailed mathematic derivation and
analysis of the timing-skew errors in parallel sampled-data systems with S/H
effects, namely, non-uniformly holding effects, and also the estimation
scheme of the filter noise performance including opamp finite-gain and
offset error analysis of SC building blocks.

Seng-Pan U, Ben
Rui Paulo Martins
José Epifanio da Franca
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Chapter 1
INTRODUCTION

1. HIGH-FREQUENCY INTEGRATED ANALOG
FILTERING

Trends in high-speed communications and signal processing demand for
the integration of high frequency analog filtering, traditionally implemented
by external analog components, as much as possible on a system-chip to
gain better performance and reliability at a reduced cost. Even considering
that signal processing systems appear to be increasingly almost entirely
digital, they still always necessitate to contain internally one or more
integrated analog filtering functions or as their interface with the natural
analog world. Moreover, filtering requirements at very high frequencies,
where ultrafast sampling and digital circuitry with its associated data
conversion, may not be realistic and economical, usually impose the use of
analog techniques.

In general, the modern integrated analog filtering can be categorized in
terms of implementation as Continuous-Time (CT), Discrete-Time (DT) and
Sampled-Data Analog (SDA). Although CT filters especially like Gm-C [1.1,
1.2] and MOSFET-C [1.3, 1.4] have their superior capabilities of very high-
frequency operation (up to hundred megahertz cutoff frequency), Switched-
Capacitor (SC) filters, as the most dominant SDA structure, provide higher
linearity and dynamic range with high accuracy and programmability of the
time constants without requiring any complex tuning system as needed for
CT filters [1.4, 1.5, 1.6, 1.7, 1.8, 1.9]. In addition, by taking advantage of the
sampled-data processing nature, SC filters have also added superiority to the
realization of the linear phase Finite-Impulse-Response (FIR) transfer
function. Although SC filters still need CT front Anti-Aliasing filters (AAF)
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and post smoothing or Anti-Imaging filters (AIF), if multirate techniques are
embedded in their structure, they will allow a significant relaxation of the
CT front-end filtering.

Switched-current (SI) techniques could be used as another alternative for
SDA filtering [1.10, 1.11, 1.12, 1.13, 1.14, 1.15, 1.16]. Although SI circuits
operate in current-mode which has potentially lower voltage and wider
bandwidth capability over the voltage mode, they need extra Voltage-
Current (V-I) and Current-Voltage (I-V) conversion circuitries, and also, the
attained precision as well as the dynamic range are both lower than those of
SC filters [1.12, 1.16]. Moreover, a specific technique ally of SC circuits
designated “Switched-Opamp” allows operation at very low voltage supply
[1.17, 1.18, 1.19, 1.20, 1.21, 1.22, 1.23] with the state-of-the-art Switched-
Opamp filter [1.20] and sigma-delta modulator [1.23] operating at 1 V and
0.7 V, respectively, while there is no similar technique available for SI
circuits. Furthermore, and although SI circuits can be realized in low-cost
standard digital CMOS technology, different techniques in the
implementation of capacitors are also available for integrating a complete
SC circuit chip in a digital CMOS process, e.g. metal-metal [1.24, 1.25],
Fractal capacitor [1.26, 1.27], layer-sandwich [1.28, 1.29], Implant capacitor
[1.30], Polysilicon-n-well [1.20, 1.22] and MOSFET-only [1.23, 1.31, 1.32].

High-frequency SC filters with over tens of MHz sampling rate have
been emerging in different areas, namely in video signal processing [1.28,
1.33, 1.34, 1.35, 1.36, 1.37, 1.38, 1.39, 1.40, 1.41], magnetic disk read
channels [1.42, 1.43], Switched Digital Video/Video Digital Subscriber loop
(SDV/VDSL) [1.29], Intermediate-Frequency (IF) bandpass filtering [1.30,
1.44, 145, 1.46, 1.47], downconversion / subsampling with channel
selection for wireless receivers [1.48, 1.49, 1.50, 1.51, 1.52], and many
others [1.53, 1.54, 1.55, 1.56, 1.57]. Figure 1-1 presents previously reported
high-frequency SC filters with output rate greater than 10 MHz in CMOS
showing also their corresponding filter order. Among all, the highest order
achieved is a 9-tap FIR function for a single-stage, 100 MHz to 33.3 MHz
output, 3-path decimating filter [1.51], and also a 10™-order IIR non-
optimum-class SC multirate filtering by cascading 5 biquads for 26 MHz to
13 MHz [1.52]. The highest output sampling rate achieved is 200 Ms/s
reported by Severi et al. [1.56] in a double-sampling 2"-order lowpass
biquad session only. However, the ever growing area of high-speed data
communication and processing obligates further development of SC filters
by extending their operation to the hundreds of MHz range with even higher
filter order using state-of-the-art CMOS technology under lower supply, and
whose characteristics of speed and complexity must be targeted for the area
beyond the trend lines of Figure 1-1.
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Figure I-1. High-frequency Switched-Capacitor filters reported in CMOS

2. MULTIRATE SWITCHED-CAPACITOR CIRCUIT
TECHNIQUES

The need for high-gain and bandwidth operational amplifiers (opamps) in
standard SC circuits for high frequency of operation results in higher power
consumption and also reduced design headroom. Therefore, to maximize the
opamp bandwidth but still maintaining desired open-loop gain, different
solutions like precise opamp gain (POG) [1.56] and pseudo-differential gain-
enhancement replica amplifier [1.30] approaches have been proposed. The
former solution needs to involve the precise opamp gain value as a
parameter into circuit capacitor sizing for compensating the finite gain
effects, thus, not only requiring an additional gain-control-closed-loop
circuitry, to accurately steady the opamp gain, but also significantly
increasing the design complexity especially for higher-order filter transfer
function. Meanwhile, the gain enhancement in the latter depends on the
mismatch between main- and replica-amplifiers, and the circuit has poor
common-mode rejection ratio (CMRR), which is increasingly important for
high-frequency mixed signal ICs.
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On the other hand, it is also possible to relax the stringent speed
requirement of the opamp through the enlargement of the circuit operating
settling time by different specific system topologies, like double-sampling
[1.29, 1.30, 1.34, 1.36, 1.42, 1.44, 1.45, 1.46, 1.51, 1.55, 1.56], parallel N-
path [1.20, 1.28, 1.38, 1.47, 1.51, 1.58, 1.59] as well as multirate techniques
[1.35, 1.37, 1.39, 1.40, 1.41, 1.43, 1.48, 1.49, 1.50, 1.51, 1.52, 1.57, 1.60].
Double-sampling is a simple and frequently-used approach for increasing the
filter speed; however, it can only boost the operating speed twice, which is
still not fast enough for very high-frequency and high-order applications.
Parallel N-path structures are more suitable for narrow band applications,
while they give rise to higher requirements of the anti-aliasing filter due to
the multi-passband property within Nyquist, and suffer also from path
mismatch effects that include fixed pattern noise (DC modulation) and in-
band aliasing (signal image modulation).

By taking advantage of the inherent sampling rate conversion process,
the multirate solution exhibits extra benefit by allowing not only a
simplification in the CT anti-aliasing or anti-imaging filter but also,
simultaneously, a further speed relaxation in data conversion and the power-
hungry Digital Signal Processing (DSP) circuit core [1.61]. In Figure 1-2,
the utilization of efficient SDA multirate filtering applied to an analog front-
end system is presented. Multirate filtering, which includes decimators and
interpolators corresponding to a discrete-time anti-aliasing and imaging-
rejection filtering together with sampling rate reduction and increase,
respectively, can be classified in 2 different implementations, i.e., non-
optimum and optimum-class [1.62]. As shown in Figure 1-3, traditional
Non-Optimum-Class designs use bi-phase SC filters operating at the highest
sampling rate in the overall system, while in the opposite, the Optimum-
Class realizations take advantage of the inherent multi-rate property and
allow the opamps of the main filter core to operate, effectively, at the lowest
sampling rate in the system, thus being especially appropriate for high-
frequency filtering with added efficiency in power and silicon area as well as
circuit design headroom.

3. SAMPLED-DATA INTERPOLATION TECHNIQUES

Various SC circuit structures for SDA decimating filters have been
developed for use in high-frequency applications, such as video front-end
[1.35, 1.38, 1.40, 1.41], magnetic disk read channels [1.43] and more
recently downconversion/subsampling filtering for wireless receivers [1.48,
1.50, 1.51, 1.52]. On the other hand, SDA interpolation can be utilized in
both baseband and frequency-translated modes which are presented in the
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Figure 1-4(a) and (b), respectively. In these two modes, the interpolating
filter corresponds either to the lowpass (baseband) or to the bandpass
(frequency-translated) filtering associated to the sampling rate increase so as
to attain dual benefits of lowering the speed of the DSP core and Digital-to-
Analog Converter (DAC) as well as relaxing the post CT AIF filtering.
Besides, the problematic glitch errors of DAC, especially for high-speed
operation, will be eliminated due to the fact that the SDA interpolating filters
will sample the settled signal at the DAC output.

Interpolating LPF response

1/P lower-rate S/H effect

f; 2/; coe Lf;

Simplified LP AIF response
O/P higher-rate S/H effect

Interpolating BPF response
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%, W 2

"'__ Passband gain-loss and roll-off
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O/P higher-rate S/H effect

r/‘

(b)
Figure 1-4. (a) Baseband (b) Frequency-translated interpolation filtering
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It is worth to point out that the wanted signal band will be distorted by
the inherent Sample-and-Hold (S/H) filtering shaping effect at the lower
sampling rate from the DAC output. Especially for the wideband or the
frequency-translated operation, the interested signal band will be seriously
distorted by such shaping effect and will not be easy to recover through the
traditional compensation either in the DSP or the CT reconstruction filter.
Note that it is also possible to lower such distortion by adding zero-value
samples to the DAC output signals in the amplifier (used either in between
the DAC and CT reconstruction filtering or in the CT filter itself) together
with a simultaneous increase of the CT filter passband gain. Nevertheless, it
would not only force a very high slew-rate performance, which would in fact
ultimately limit the speed of the circuit, but would also lead to more
stringent demands on the bandwidth and gain of the active elements used in
its construction, giving rise to limited design headroom and increased power
consumption for very high-speed applications. Hence, the proper design
approach to SDA interpolation must include mandatory immunity to such
passband roll-off effect in practical implementations.

Several SC implementations have already involved the utilization of
interpolating filters in different applications, e.g. video phone modem [1.63],
PCM telephony [1.64], GSM baseband transmitter [1.65, 1.66]. However,
the highest sampling rate achieved was only 13 MHz [1.65], and more
importantly, all these circuits are implemented using non-optimum-class
multirate structures, thus rendering not only large power and area
consumption but also being unable to eliminate the undesired S/H shaping
distortion at lower sampling rate from the DAC output.

Some specialized multirate SC structures for interpolating filters [1.67,
1.68, 1.69, 1.70, 1.71, 1.72] have also been investigated based on polyphase
structures which are widely used in digital multirate signal processing for
attaining extra computation efficiency [1.73, 1.74]. For finite-impulse
response transfer functions, Direct-Form (DF) polyphase [1.67], Parallel-
Cyclic (PC) polyphase [1.71] and Differentiator-Based (DB) non-recursive
polyphase [1.70] SC interpolators have been proposed. However, the former
DF and PC architectures are not practical for high selectivity filtering due to
the resulting large number of SC branches and clock phases, which degrade
the circuit performance with increased sensitivity to both capacitance ratios
and switch timing. In addition, these three architectures cannot make good
use of the inherent superiority of polyphase structures, i.e. low speed
operation at input lower rate that can boost the filter speed while reducing
the cost. For IIR transfer functions, SC interpolator building blocks
combining either 1%- and 2"-order building block or ladder-based recursive
sessions together with DF polyphase networks have also been proposed
[1.68, 1.69, 1.70], employing speed-non-optimum opamps in the filter core
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together with an output accumulator based either on a high-speed amplifier
or on parasitic-sensitive unity-gain buffer. Furthermore, these specialized
multirate SC interpolators require a more complicated design due to the need
of modifying the original digital interpolating transfer function according
with

H'(z)zH(z)-Li:Z_l (1.1)

to account for the S/H shaping effect at the input lower rate [1.67].

4. RESEARCH GOALS AND DESIGN CHALLENGES

The main objective of the research presented in this book is firstly to
develop an efficient optimum-class of multirate SC structures suitable for
higher-order (>10™-order) interpolating filters operating at very high
frequency, i.e. in the order of hundreds of MHz output sampling rate in sub-
micron CMOS technology, with supply voltage of 3 V or even lower at 2.5
V, to target in Figure 1-1 the high performance empty area (top-right).
Moreover, such new structure must also eliminate the S/H shaping effects at
the lower sampling rate.

In addition, the practical design challenges of real IC implementations,
especially for very high-frequency operation, will also be investigated.
Optimum-class decimating filters exhibit the highest-frequency signals at
circuit input, so the handling of such signals can be basically done by
passive element sampling, e.g. switches and capacitors; on the other hand,
interpolating filters are required to generate high-frequency interpolated
signals at the output, unavoidably by means of the active element, e.g.
opamps. Hence, the design of a high-speed, high-linearity, mismatch-
insensitive as well as low-power active output stage is still one of the most
challenging tasks.

The filter order and especially the coefficient spread are normally
proportional to the sampling rate increase factor, so, for some cases, the
order and spread would be too large for practical IC implementation in terms
of the speed, area and physical matching limitation. Therefore, a specific
optimum design of the filter transfer function together with an elegant and
efficient circuit structure would be mandatory.

Although the multirate structures are relatively less sensitive to the
parallel path mismatch effects in the overall circuit than that in pure parallel
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N-path structures, the mismatches caused by finite gain and offset as well as
clock timing-skew especially in the last output stages will still degrade the
system signal-to-noise tone ratio. Novel circuit structures insensitive to gain
and offset mismatches are also important for high performance interpolation
applications.

Clock generation becomes also an exceptional and vital part of multirate
SC circuits due to the inherent multiple clock phase requirements. An
efficient multiple-phase encoding logic, and more importantly, reduced
phase skews must be considered both in the design systematic and process
random variation. Furthermore, the digital coupling noise including dI/dt
supply noise and substrate noise must be dealt with, due to the increased
digital circuitry that is integrated nearby and in the same substrate of the
sensitive analog circuitry.

The design of high-bandwidth and high-gain opamps with lower noise
and power consumption as well as satisfactory linearity, in addition to the
reduction of the charge injection and clock-feedthrough errors imposed by
the enlarged switches and smaller capacitance, continue to be as always the
most challenging tasks for very high-frequency SC circuits.

Any multirate or even a standard SC filter to operate in the hundreds of
MHz range must address most of the above challenges, in terms of the
choice of system architecture, circuit implementation and layout.
Throughout this book, alternative approaches to tackle these challenges will
be presented, and their impacts on the system overall performance will also
be set forth.

With the proposed improvement techniques, IC prototypes based on the
structures mentioned above will be implemented in a state-of-the-art sub-
micron CMOS process. Such prototypes will target both baseband-mode and
frequency-translated mode operations, corresponding to two of the most
typical applications, i.e. the analog front-end filtering for a CCIR601
NTSC/PAL digital video system and the Direct-Digital Frequency Synthesis
(DDFS) system for wireless communications. Finally, the experimental
results will be provided to validate the referred circuit topologies and design
methodologies.
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Chapter 2

IMPROVED MULTIRATE POLYPHASE-BASED
INTERPOLATION STRUCTURES

1. INTRODUCTION

The design of improved SC structures for interpolating filtering embraces
first the speed relaxation and number reduction of the opamps in the circuit
for the optimum-class multirate realization, and secondly the elimination of
the input lower-rate S/H shaping effect which then leads the SDA
interpolation to operate in a similar manner as its digital counterpart.
Previously available SC interpolator structures cannot fulfill all the above
requirements [2.1,2.2,2.3,2.4,2.5,2.6,2.7,2.8,2.9, 2.10].

This chapter will first characterize the conventional sampled-data analog
interpolation with its input lower-rate S/H shaping distortion and propose the
ideal improved analog interpolation model and its traditional bi-phase SC
structure. Then, by proving first the effectiveness of the employment of
multirate polyphase structure for optimum-class improved analog
interpolation that will completely get rid of the input lower-rate S/H shaping
effect in the entire frequency axis, a family of multirate SC structures with
increased speed, power and silicon area efficiency for IC realizations,
namely, Active Delayed-Block (ADB) polyphase-based structures, will be
proposed by combining the novel input sampling technique and the Direct-
Form (DF) polyphase structures with original digital prototype interpolation
filtering transfer function [2.11, 2.12, 2.13]. Two types of SC structure will
be presented one employing a novel L-output-accumulator suitable for high-
frequency operation, and the other using a one-output-accumulator yielding
a reduced component count. Both canonic- and non-canonic-forms ADB
polyphase structures with respect to the required actual delay terms for
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ADB’s will be proposed for both higher-order linear-phase FIR and high-
selectivity/wideband IIR interpolation functions. Moreover, the specific low-
sensitivity [IR multirate structures will also be investigated for higher-order
filtering.

2. CONVENTIONAL AND IMPROVED ANALOG
INTERPOLATION

Interpolation by a factor L corresponds to the process of sampling rate
increase from f; to Lf; Pure digital implementation of interpolation
comprehends the combined operation of an up-sampler, for increasing the
sampling rate from f; to Lf; and inserting (L-1) zero-valued samples between
two consecutive input samples, and an interpolation filter for removing the
unwanted frequency-translated image components associated with the signal
sampled at the input lower rate. The spectrum of the resulting ideal output
interpolated samples x, [nT, ] is given by
X, ()=X,(e’)-H(’*)= X (/™) -H(e’*), w=QT,=QT. /L (2.1)
where X,(e’”) and X(e’™), are, respectively, the spectrum of the up-
sampled and the original samples, and H(e’?) is the ideal frequency
response of the interpolation filter (gain = L, cutoff frequency ®, = © /L).
Therefore, an ideal S/H interpolated output signal x, () can be obtained by
passing such interpolated samples through an ideal hold circuit, and its
spectrum is represented by

X,(jQ) = X, (%) LS 12) ojar, 2

QT /2

In the (sampled-data) analog case, the exact interpolation (as in the above
digital case) is not possible due to the input S/H signal, then it must be
described by the conventional analog interpolation model in Figure 2-1(a).
The analog interpolating filter, which can be analyzed as a discrete-time
processor operating at Lf; with an output hold at Lf;, will sample and process
the input signal at Lf; (thus having L successive equal-value samples owing
to the constant-held input within a full sampling period 1/f;) and its operation
is depicted in Figure 2-1(b), both in time and frequency domains. The
spectrum of the input S/H samples x;[n T, ] can be expressed in terms of the
spectrum of the up-sampled discrete samples x,[nT,] by

X (e’)=X_(e/)-H{, (e’ (2.3)
where

(2.2)
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sin(aL/2) e—j(L—l)%’

sin(w/2)
in which ‘HgD(ej‘”)‘ =L, for ®=0.

H (') = , 0=QT, (2.4)

SAMPLED-DATA ANALOG INTERPOLATOR

1
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Figure 2-1. Conventional analog L-fold interpolation (a) Architecture model (b) Time- and
frequency-domain illustration

From (2.4), the spectrum of the processed samples in an analog
interpolation, as illustrated in (b-ii) of Figure 2-1, is a deformed version of
X,(e’”) due to the multiplication by H%,(e’”) which is referred as
Spectrum-Distorted function with a DC gain of L caused by the sampling
of the constant-held input. Thus, a unity-gain interpolation filter
(H'(e’*)=H(e’ w)/ L) must be employed to process such samples, and the
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spectrum of the resulting output interpolated samples x,[1n7,] is expressed
as

X (') =X (e) - H'(e”)
=X, (/%) -H) (') -H' ('), w=QT, (2.5)

which indicates that the spectrum of the output samples possesses an extra
deformation due to the Spectrum-Distorted Function /7 SOD (e’”), as shown in
(b-ii1) of Figure 2-1. After taking into account the inherent output S/H
filtering effect at higher sampling rate, the spectrum of the distorted S/H
output signal x/ () shown in (b-iv) of Figure 2-1 can finally be represented
by

. QT
X0 = X, (7). 2 o ;Q/Z 125 (2.60)
or
, .. . 1 .
X,(jQ) = X,(jQ)- (Z -H, (e )j (2.6b)

in terms of the ideal interpolated discrete samples or the S/H signal,
respectively. Obviously, for an integer sampling rate increase, an L-fold
analog interpolation is just equivalent to an ideal L-fold digital interpolation
plus the S/H (sinx/x) effects, that are no longer, and as normal, at the higher
output sampling rate (like in (2.3) for the ideal case) but at the lower input
sampling rate. In other words, from (2.6b), the final output sample-and-held
signal of analog interpolation suffers from an extra distortion due to this
input-S/H-induced Spectrum-Distorted Function.

Such additional fixed-shaping spectrum distortion usually gives rise to a
significant rolloff deformation in the passband, when the baseband signal is
wide or close to the lower input sampling rate which is usually the case for
high-speed applications (like video systems). Also, this affects the overall
system response when frequency-translated bandpass processing is required
(like subsampling in wireless communications). Hence, an improved analog
interpolation is presented in Figure 2-2(a) destined to eliminate such
frequency shaping distortion, thus leading to an increased simplification and
freedom in the design of both the passband and the stopband. Although the
input signal is still sampled-and-held at lower rate, the ideal overall
interpolation performance will be exactly equivalent to a digital
interpolation, apart from the S/H effect at the higher sampling rate that is
always present in sampled-data analog systems.
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A simple SC implementation of this improved analog interpolation is
illustrated in Figure 2-2(b) which combines a bi-phase SC filter operating at
Lf; with a special sampling by a front two-switch input interface that
operates as an up-sampler by forcing the circuit input to connect to ground at
the appropriate time, thus generating zero-valued samples. However, this
approach belongs clearly to the non-optimum-class of implementation since
the filter core needs to operate at the highest sampling rate of the overall
system, and also, an additional DC gain (with value L) is necessary in the
filter thus rendering inefficient coefficient spread which leads to large power
and area consumption.

IMPROVED SDA INTERPOLATOR

e -
: Digital Interpolator :
X0 | x[nT] " ion Fitter| | XulnTil | Xi(0)
>i . Ip- . >§ .
: I ™| Sampter [~ Gam:I]:I (_(L o | : !
ST, | A AT Lf; |
i I =U/T; |
e - I
(a)
— — aoflln s+l T
P T _ xInTi] _
x(0) (D) 1 (®) (@) SC Bi-Phase Filter |  (®) xiuld)
1 . s H(z) o .
H . ! Gain=L f.=f,/2
f=1T, i, i Lfs 1,
& 5 (D, D)
| s i (@) |
! |
Analog Up-Sampler
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l141,~>{ L=4
o | 3 I
f;
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Figure 2-2. Improved Analog interpolation with reduced S/H effects (a) Architecture
Model (b) Non-optimum SC implementation with a high-rate Bi-Phase filter
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3. POLYPHASE STRUCTURES FOR OPTIMUM-
CLASS IMPROVED ANALOG INTERPOLATION

An optimum-class realization of the improved analog interpolation,
without lower input-rate S/H shaping distortion, can be achieved by
employing polyphase decomposition which is an efficient and
straightforward structure utilized in digital multirate filters [2.14, 2.15, 2.16].
Such realization, based on the original digital prototype interpolating transfer
function without any modification, takes advantage of the inherent multirate
property and allows the main filter core to operate, effectively, at the lowest
sampling rate of the system, thus being appropriate for high-frequency
filtering with added efficiency in terms of power and silicon area savings as
well as circuit design headroom.

The interpolation can be realized with both Finite Impulse Response
(FIR) and Infinite Impulse Response (IIR) filtering functions normally for
lower-selectivity or linear-phase and higher-selectivity or wide-stopband
applications, respectively. For FIR realization, the polyphase multirate
structure can be derived from the original FIR filter by decomposing it into L
(interpolation factor) polyphase subfilters H,, (z) (m=0,1,...,L-1), according
to

m=0\_i=0

N-1 L-1 L-1(1,-1 4
H(z)= Zhn 2= ZH,,,(Z) z"= Z( th+[Lzle -z7" (2.7a)
n—-0 m—0

where

I = [NZ mJ (|x | denotes the minimum integer greater than or equal

to x) (2.7b)

and the unit delay refers to the higher output sampling rate 1/Lf.. Each
polyphase filter, whose coefficients correspond to the L-fold decimated
versions of original filter impulse response, approximates an all-pass
function and each value of m corresponds to a different phase shift network.
Hence, they all efficiently operate at input lower sampling rate and
contribute with one nonzero output for each, which corresponds to one of the
L outputs of the interpolating filter generated in a sweep mode from the
zero™ to the L™ polyphase filter by an output counter-clockwise commutator
(at output higher rate) for each input sample [2.11, 2.12, 2.13].
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Each polyphase filter can be simply implemented by Direct-Form (DF),
thus being designated as DF polyphase structure. For simplicity, this is
illustrated in Figure 2-3 with an example that demonstrates the effectiveness
of the polyphase structure to achieve optimum-class improved interpolation
filtering. Supposing that an input signal is required to be 2-fold interpolated
with respect to a simple 3-tap FIR function, then the original digital transfer
function of the interpolation filter is decomposed into a set of L polyphase
filters {H,,(z), m=0, 1}, leading to the resulting polyphase structure of Figure
2-3, where all polyphase filters are realized with a DF structure.

The first polyphase filter produces an output sample given by

x,[nT,]=hy - x[nT, ]+ b, - x[(n-2)T, ] (2.8a)

which is equivalent to multiply the coefficient /; by a zero-valued sample.
Similarly, since the second polyphase filter produces an output sample given
by

x,[(n+ DT, = by x|+ 1T, ] (2:8b)

where  x[nT,]= x[(n+ 1T, ]

it is also equivalent to multiplying by zero the coefficients 4y and 4,. Thus,
such operation is equivalent to a digital interpolation where its zero-valued
samples need to be created by a digital up-sampler.

Polyphase filter
0

m=
x[nT] ; : E /

AEL N R

XilnTi]
o

7' —unit delay

. period T
Input S/H Signal .-~ .
/ A x[27
x[0] N’ x[T] \x[ ’]
— T,—> W
’ Original Input
- Analog Signal
Output Interpolated .~

Signal e
L it

il 2Tl xi 3Tillxil ATl il 5Ti]

i

x[Ty x[2T ]
x[Tlhotx[0lh2  x[2TiJho+x[Tlh,

Figure 2-3. Improved analog interpolation with Optimum-class realization by Direct-Form
polyphase structure (L=2)
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In general, it is concluded that the DF polyphase interpolation, with
original digital prototype transfer function, implements an improved analog
interpolation without the input S/H filtering effect. Since every polyphase
filter inherently operates at the lower input sampling rate, the input held
signal is only sampled by the interpolator once per period. This also explains
why the input S/H effect don't affect the overall system response of the
polyphase-structure-based interpolation.

4. MULTIRATE ADB POLYPHASE STRUCTURES

4.1 Canonic and Non-Canonic ADB Realizations

DF polyphase structure is appropriate only when the FIR filter length N
is not much greater than the interpolation factor L, e.g. N< 2L, since it leads
to circuits having a rather large number of time-interleaved SC branches and
switching phases, which increase not only its complexity beyond practical
acceptable limits but the sensitivity to mismatch of capacitance ratios and
switch timing. Hence, a more general architecture, designated by Active-
Delayed Block (ADB) was introduced [2.17, 2.18] that is a polyphase-based
structure to overcome such limitations for filter length N>2L. Such ADB
polyphase structure can be implemented in Canonic and Non-Canonic form
with easy adaption to both FIR and IIR realizations.

4.1.1 FIR System Response

The FIR transfer function can be canonically decomposed in B.+1
blocks, each with only L coefficients, and it can be expressed as

H(z)= NZ_hnZ‘" =YG,(2) (=) = 2(2 By 2" ] (27" (2.9a)

b=0 \ n=0

where

B, = LMJ (2.9b)
L
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The elements in each block b will have at least b delay terms z”* (except
b=0) that will be implemented by an SC ADB. Since each block G,(z)
containing L coefficients (except the last block, b=B., which contains only
N-B_ L terms) can be decomposed again in a polyphase subfilter, that can be
realized in DF structure with the sharing of a low speed serial ADB delay
line composed by regular z” units, this structure is designated as Canonic

ADB Polyphase structure [2.18].

P >
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Polyphase SubFilter
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hy

5 '
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hy

ADB >
(@*=z" Delay)
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Figure 2-4. (a) Canonic-form (b) Non-canonic-form ADB polyphase structures for improved

4-fold 12-tap FIR interpolator
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Minimizing the number of opamps in the ADB-based architecture can be
achieved by reducing the number of both ADB’s and accumulators, this can
be obtained by decomposing the transfer function into blocks — G, (z) with
more-than-L coefficients while making their shared delays larger than
regular unit z*. Such realization is referred to as Non-Canonic ADB
Polyphase structure, and can be obtained by decomposing the transfer
function of an interpolation filter into B,.+1 blocks, each with at most 2(L-
1) coefficients, yielding

il B B, [ 2(L-1)-1
H(z)= Zhnz—n = ZGb (2)-(z2EDY = Z( Zhwb»Z(Ll)Z_nj (22D
n=0 b=0 b=0 n=0
(2.10a)

where

B, = {wJ (2.10b)
2AL-1)

Figure 2-4(a) and (b) presents the corresponding non-recursive ADB
polyphase structures for a 12-tap 4-fold FIR interpolating filter in canonic-
and non-canonic-forms where the number of ADB’s are respectively 2 and 1
according to (2.9b) and (2.10b). An L-individual-output-accumulator
approach can be adopted for the canonic-form structure that is particularly
suitable for high-frequency SC implementation, while only one time-shared
accumulator is needed for non-canonic realization.

4.1.2 TIR System Response

For the optimum-class of IIR analog interpolation, the polyphase
decomposition leads also to the most efficient and straightforward structure.
The original prototype D™-order denominator and (N-1)"-order numerator
IIR transfer function needs to be modified according to the multirate
transformation so as to restrict the composition of the denominator to only
powers of z© [2.14, 2.19, 2.20, 2.21]. Consequently, the original and
modified transfer functions can be expressed, respectively, as

_N() _ ga’f @2.11)

H&=00) =S b
&
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and
(N=-D+D(L-1)
& ZAizf’
A(z) = A(z)z = (2.12)

O

The particular form of (2.11), which allows the recursive part to operate
at the lower input sampling rate, can be constructed by combining a non-
recursive ADB polyphase structure together with a recursive Direct-Form 11
(DFII) structure for realizing, respectively, the numerator and the
denominator polynomials. Such architecture, where the common delay
blocks z* are realized by a low speed ADB serial delay line and are
efficiently shared by both recursive and non-recursive parts, can be referred
to as Recursive-ADB (R-ADB) Polyphase structure [2.21]. This offers a more
general, straightforward and flexible design with enhanced efficiency in
terms of amplifier speed and number of phases when compared with
previous structures [2.6, 2.7, 2.10].

Like in the FIR counterpart, this R-ADB polyphase structure can also be
implemented in canonic and non-canonic forms categorized by the
corresponding delay of the shared ADB’s. The former has L unit delays
whereas the latter requires delays of 2(L-1) (except the 1st block that has
always a unity delay). Thus, for a general case (D # N —1), the IIR modified
transfer function in canonic form, which requires max(B.,, B.;) SC ADB’s
can be reformulated as

Z(Z A[+jLZ_[] : (Z_L )’

H(z) =02 (2.13a)
1-> B,(")
=
where
Bm{NJFD(L_D_LJ & B,=D (2.13b)
L

while the non-canonic transfer function that requires max(B,..,, B..s) ADB’s
can be expressed as
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By (2(L-1)-1
1 ~i (L)
Atz Z( Z Ai+j-2(L—1)+IZ lj' (z )’
H(z)= i

. (2.14a)
- ~(jL-2-D(p,~11)\ ,_—2(2-1)3(p,~D)
l—Zl-Z<BjLZ I )(z )
Jj=1
where
B, =| ML= D g p | DL (2.14b)
2(L-1) 2(L-1)
and
_|_JL 2.14c
b &(L—DJ (2140

It is obvious that a non-canonic structure requires fewer, though
relatively high-speed, amplifiers due to the reduced number of ADB’s and
single accumulator. On the contrary, the canonic structure needs more,
though slower, opamps, like in the FIR counterparts. More importantly, no
mater non-recursive or recursive ADB structures are, both evolve from the
DF polyphase prototype [2.11, 2.12, 2.13], thus will all succeed in the
inherent immunity to the input lower-rate S/H shaping distortion.

4.2 SC Circuit Architectures

To generalize with simplicity, only SC circuitry for a recursive-ADB
structure will be presented for the IIR interpolating filter, since the non-
recursive ADB realization for the FIR function can be easily obtained only
by removing the feedback recursive networks. Then, to illustrate the above, a
lowpass interpolator for a video decoder will be used as an example, which
converts a 3.6 MHz bandwidth composite analog video signal, from
sampling at 10 MHz to 30 MHz. For standard CCIR 601 8-bit accuracy
requirement, a 4™-order Elliptic filter with < 0.4 dB passband ripple and > 40
dB attenuation is necessary. Its original (2.10) and multirate modified (2.11)
transfer functions coefficients are listed in Table 2-1.

The corresponding canonic-form using R-ADB polyphase structures in a
Complete-DFII (C-DFII) realization is shown in Figure 2-5, and after
formulating its multirate transfer function through (2.13a) and (2.13b) the
corresponding SC circuit is obtained and presented in Figure 2-6.



Chapter 2: Improved Multirate Polyphase-Based Interpolation 27
Structures

Table 2-1. Transfer function coefficients of 3-Fold SC LP IIR video interpolators:original (a;
and b;) and multirate-transformed (4; and B,) for Elliptic and ER C-DFII structures

Original Multirate Modified

Elliptic ER Elliptic ER
(D=4) (N=9, D=2) (D=4) (N=9,D=2)
ay 0.0958 0.1006 Aoy 0.0958 0.1006
a; 0.0808 0.2146 Ay 0.2927 0.3181
a, 0.1554 0.3616 A, 0.5807 0.6198

(2.3)

a;  0.0808  0.4385 A, 0.8945  0.9613
as  0.0958  0.4084 4, 11316 1.1926
as 0.2868 As 1.1983 12257
as 0.1355 As  1.0592  1.0613
a 0.0415 4, 08073  0.7813
ay -0.0249 As 05250  0.4620

Ay 0.2741 0.2199
Ao 0.1140 0.0836

A 0.0351 0.0020
Ap 0.0065 -0.0117
b; 2.2112 1.0285 Bs -0.9688  -1.0256
b, -2.3148  -0.6850 Bg -0.3683  -0.3214
by 1.1918 By -0.0082
b, -0.2695 B, -0.0175
DFII Non-recursive Polyphase Filter
Recursive Network m=0
VPN A I Ay
o—?{c : ! V > 1,
f=10 MHz , : y
i| 23 & z
i Ay
! B‘l : Ap
i e S T I B R I Se—
! i v |= m=1
Shared ! | . ‘) 7’ 4
ADB
| B | As orp
} - » A
i : \ Ay 3f
H g3 =30 MHz
| 2
m=
BT, A,
I < >
21 unit delay | . | As
period 1/Lf : z—3 Ag
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Figure 2-5. Canonic-form R-ADB/C-DFII polyphase structures for improved 3-fold SC IIR
video interpolator
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To further boost the speed capability of the filter, the double-sampling is
efficiently employed due to the low-speed operation nature in canonic-form
realization. The multirate denominator polynomials are obtained from the
upper double-sampling DFII recursive feedback branches to the first specific
adder stage that also implement simultaneously another functionality by
embedding a z” delay. This adder/ADB together with the following SC ADB
circuits form a low-speed serial delay line shared by both recursive and non-
recursive networks. Especially, these L-unit ADB SC circuits exhibit a
Mismatch-Free (MF) property for better reduction of the errors that will be
accumulated along the delay line due to the finite gain and bandwidth, as
well as the offset of the opamp when compared to the general charge-
transferred delay circuit.

Considering one of the most efficient advantages of polyphase structures,
namely the relaxed operation speed at the lower input sampling rate, the
bottom half of the circuit contains L=3 low-speed DF polyphase filters by
employing their corresponding individual slow accumulators, each being
responsible for generating one of L output samples at lower input sampling
rate. Thus, all the opamps in ADB's and accumulators have a very relaxed
settling time requirement of full large input sampling period (100 ns), which
is L=3 times longer than that of opamps, if a conventional bi-phase filter
with double sampling was used. This also contributes to the reduction of the
noise, charge injection and clock feedthrough errors in SC circuits.

The transfer function coefficients are implemented by either Toggle-
Switched Inverter (TSI) and Parasitic-Compensated Toggle-Switched
Capacitor (PCTSC) for positive and negative value respectively (PCTSC
will be replaced by TSI switching from the negative terminal for fully-
differential implementations which will be the dominant structure for state-
of-the-art SC ICs). In addition, the recursive networks contribute not only to
the common delay line but also to the non-recursive SC branches Ay, A; and
A, for each polyphase subfilter at the same time, since input and recursive
signals must originally be added together at node "o.", as illustrated in Figure
2-5. In order to save this adder (one extra opamp) and to take advantage of
both the existing output accumulator and of the opamp in the ADB, a
coefficient-simplification procedure is proposed to each polyphase subfilter
based on two sets of the same recursive networks — one that feeds back to
the input of adder/ADB, and another that feeds forward to the output
accumulator which can be efficiently combined together with existing non-
recursive branches. In other words, no extra SC branches are needed, e.g.,
A, and A4, in polyphase subfilter m=0 are simplified to 4; = B, X 4, + 4,
and A; = B, X A, + A, respectively, while 4, in polyphase subfilter m=1 to
Ay =By x4, + A,.
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L=3 parallel double-sampling Toggle-Switched Capacitor (TSC)
branches followed by an output unity-gain buffer can be simply used as a
multiplexer (MUX) for switching the interpolated output from those three
polyphase subfilters. Besides, there is another simple MF SC multiplexer
which can employ the well-known fully-differential and bottom-plate
sampling techniques to eliminate the signal-dependent charge-injection and
clock feedthrough errors that are unavoidably existed in the aforementioned
unity-gain buffer approach. Although it operates at higher output sampling
rate (33.3 ns settling time — full output period), its feasibility is derived from
the fact that specifications of the multiplexer opamp are much less stringent
than those in ADB's or accumulators if operating at the same speed. This
happens because the opamp always operates with a large feedback factor (>
0.5 when the sampling capacitor is greater than the input parasitics
capacitance of opamp), thus reducing its bandwidth or transconductance
requirements. Normally, the relatively smaller total equivalent capacitive
loading compared with those formed by a set of coefficient capacitors (for
opamps in ADB’s) with also a large summing feedback capacitor (for
opamps in accumulators), together with usually smaller output voltage step
during two consecutive phases (due to the sampling rate increase nature),
normally relax the opamp slew-rate and bandwidth requirements which are
all directly proportional to the opamp power consumption. If it is necessary
to drive a large capacitive load (like a pad of IC for testing purpose), then
buffers with low output-impedance are normally required for better
performance, because for higher power efficiency, opamp used in SC
circuits are normally designed with high output impedance (also called
transconductance opamp or Operational Transconductance Amplifier-OTA).
Thus, especially in baseband lowpass systems, the power of this multiplexer
opamp can be even smaller than those with wide settling time in ADB's
(presented next). Moreover, the errors caused by finite-gain and offset of this
MF multiplexer will introduce smaller deviation and mostly just a gain shift
and a DC offset in the overall system response. Then, its elimination of
charge-transfer reduces not only the mismatch error for each path but also
the special glitches in the output signal caused by the opamp high output-
impedance that normally appears in the beginning of the charge-transfer in
transconductance-opamp-based SC circuits. Consequently, the canonic ADB
structure is very attractive for high frequency operation.

By formulating the multirate-transformed transfer function of this 3-fold
Elliptic interpolating filter from (2.14a), (2.14b) and (2.14c¢), the circuit can
be also designed with non-canonic R-ADB polyphase structures in a C-DFII
architecture, where the simplified structure and its corresponding SC circuit
diagram are presented in Figure 2-7 and Figure 2-8, respectively.
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It is obvious that it needs less opamps with the use of 2(L-1)=4 unit delay
instead of L-1=2 for each ADB in canonic-form realization, and the extra 2-
unit delay is elegantly implemented by holding charge in capacitors C; and
C, in different turns. Especially, there is no charge transferring during the
delay process for this novel SC ADB circuit, so it will eliminate the
capacitor ratio mismatches and enhance the achievable speed. Here, only the
unity-delay is embedded in the adder/ADB to simplify the coefficient-
simplification procedure (only A4,, A, & A,, for polyphase subfilter m=0)
while without increasing the required number of ADB’s. Moreover, only one
time-shared SC output accumulator with 3 multiplexed summing branches
for 3 polyphase subfilters is employed to produce L interpolated outputs.
Although the higher-speed opamps are required here, they operate with the
required settling time of full output sampling period (33.3 ns) which is still
wider than what has been reported [2.5, 2.6, 2.7, 2.8, 2.9, 2.10]. The total
number of opamps will be saved to 4 only and the sensitivity performance
will also be improved when compared to those of the canonic realization,
thus it is more suitable for lower speed applications.

The simulated overall and passband amplitude responses are presented in
Figure 2-9. The passband satisfies the requirement (< 0.4 dB) although there
is 0.2 dB rolloff caused by output sampling rate 30 MHz which is much
better than nearly 2 dB rolloff suffered from the input S/H distortion in
conventional non-optimum-class of SC interpolating filters.
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Figure 2-9. Simulated amplitude response for improved 3-fold SC IIR video interpolator with
Elliptic and ER transfer function
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5. LOW-SENSITIVITY MULTIRATE IIR STRUCTURES

5.1 Mixed Cascade/Parallel Form

Although high-order IIR interpolators can be implemented directly in a
single stage by employing the above R-ADB/C-DFII polyphase structures,
cascade or parallel form structures are usually preferable for their lower
sensitivity to coefficient deviation. Therefore, for interpolation with
relatively smaller or prime L factors but higher IIR filter order, Parallel Form
(P-DFII) structures can be simply achieved by expressing the rational
transfer function in a partial fraction expansion and implementing it by the
1%- and 2™-order building blocks in parallel. Thus, the corresponding
modified multirate transfer function can be expressed as

A=y N 2.15)
i=1 D[(Z)

where S is the number of the stages and each stage can be realized by the
above DFII R-ADB polyphase structures.

Nevertheless, the cascade form has normally better sensitivity
performance than parallel form due to the independence of the errors in each
section caused by their poles and zeros deviation, while the sensitivity
performance of parallel form highly depends on the output adder. However,
the pure cascade form is actually a multistage implementation of
interpolation, that is only suitable for large or nonprime alteration factor L
due to its inherent nonidentity of input and output sampling rate. Therefore,
here another alternative is proposed: Mixed Cascade/Parallel (MCP-DFII)
structure, which is a combination of a cascade of low-order recursive DFII
parts and a multi-feed-out parallel non-recursive polyphase subfilter
structure (designated as internally-cascaded [2.22]) and is especially suitable
for sampling rate conversion. Since the cascade of recursive parts leads to a
considerably large reduction in the dependency between -coefficient
sensitivity and output adder, it improves significantly the overall circuit
sensitivity performance. In this case, the modified transfer function can be
mathematically decomposed into the following form
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H(z)= Z T(z) —X22 Nucr 1(2) (2.16)
i=1 HDI(Z)

where the T'(z) is the accumulated delay factor introduced by the cascade of
recursive parts and 7,(z) =1. An optimized choice of this delay factor will
render a better performance, and the idea is actually to lower the quality
factor of each cascaded stage.

This structure can be further explained by considering the application to
the same 3-fold 4™-order video interpolator. The coefficients of the modified
multirate transfer function for P-DFII and MCP-DFII ( T.(z)=z" )
realizations are all tabulated in Table 2-2 and their corresponding R-ADB
polyphase structures are shown in Figure 2-10(a) and (b) for P-DFII and
MCP-DFII, respectively. As will be illustrated later, MCP-DFII structure
offers a much better performance than C-DFII and P-DFII especially for
high order functions. Hence, we only present in Figure 2-11 the SC
implementation of MCP-DFII structure in non-canonic form for simplicity
and comparison with the previous circuits, although canonic-form is also
equivalently applicable, as well as the P-DFII can also be derived similarly.
The output accumulators of the polyphase filters in these two 2™-order
sections are efficiently shared for reduced number of opamps. Furthermore,
both P-DFII and MCP-DFII always offer an extra superiority in reducing the
capacitor spread, e.g. Maximum coefficient spread for C-DFII, P-DFII and
MCP-DFII are 209, 67 and 58, respectively, in this example. The simulated
results are the same as C-DFII as shown in Figure 2-9.



Chapter 2: Improved Multirate Polyphase-Based Interpolation 35
Structures

Cascade DFII Non-recursive Polyphase Filter
Recursive Network m=0

P
/i Yo Aot
Js Asq
=10 MHz Ags
1% DFII
Biquad
Recursive
Part \
2™ DFIl m=1 /i
Ri d Az.] /
Re(;’ursive As, \ ’.'
art -~
Az \'_".’.—'I
e )

Figure 2-10(a). R-ADB/P-DFII for Improved 3-fold SC IIR video interpolator
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36

Design of Very High-Frequency Multirate Switched-Capacitor Circuits —

Extending the Boundaries of CMOS Analog Front-End Filtering

{1 DFII Biquad

:2" DFII Biquad

2(B;.,-1) 2(B;.,-1)
{041} {1} {1} {1}
2(3,«.,-1)T [ [0] o - ; er,.;-UT (o] [0] o -
IF wi ir i
c +2 [ F; : |l|_ = c o+2 [1]
@ ?l>4 oS IO >l >~
‘ ot
Polyph Filter m=0
m=2 T m=1 (1 + 2" DFII Biquad)
/ ] |
| v | v v
iR ) I R U Z o © M @ @
‘HEF H2H HZH ! HH Hf Hi  HIH HIH Hiy Hi  HO 0] |
‘F@jis.zAz.z,_m:Fs.l 7”‘ A HoH - e F@TA;ZZ;_.’F@ZF@ T o o |
Lz 2 o i Kl m ] f o o O @
B S A A A 1
2 DFI‘IP 33,’.755” Bml':'c Ze;l‘l Biquad [«——— 100ns *" Il@@* m=2
; 0]
0 1 2 |
IEmiE ,
{1} m=1
3B3ns @

T—l>4c op

Figure 2-11. SC circuit schematic for non-canonic-form R-ADB/MCP-DFII polyphase

structures

Table 2-2. Multirate-transformed coefficients of transfer function of 3-Fold SC LP IIR video
Elliptic (D=4) interpolators in P-DFII and MCP-DFII structures

Elliptic P-DFII MCP-DFII
Biquad 1 Biquad 2 Biquad 1 Biquad 2

Ay 0.0958 0 0.0958 0

A, -0.8309 1.1236 0.2927 0.8948
A, -0.4863 1.0670 0.5807 0.6083
As 0.1621 0.7406 0.9027 0.3340
Ay -0.4429 0.3175 1.1568 0.0656
As -0.0593 0.0900 1.2484 -0.0172
Ag 0.3027 -0.0149 1.1330 -0.0410
B; -1.0550 0.0862 -1.0550 0.0862
By -0.4174 -0.0419 -0.4174 -0.0419
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5.2 Extra-Ripple IIR Form

Another alternative technique for IIR interpolation uses the Extra-Ripple
(ER) type IIR transfer function obtained by the improved Martinez/Parks
algorithm [2.23] for achieving better sensitivity in passband due to its
advantage of smaller denominator order, by optimum positioning of the
poles and zeros [2.23, 2.24]. For the same specifications of the above video
interpolator, the original ER IIR transfer function is obtained with only
lower 2™-order denominator but at the price of a higher 8"-order numerator
(N=9, D=2). However, its multirate-transformed transfer function, with
coefficients shown in Table 2-1 together with the original, has a denominator
order of 6, but, more importantly, exactly the same order of 12 in the
numerator when compared with that of the 4™-order IIR Elliptic, as shown
also in Table 2-1. This means that no penalty is present for increasing the
number of zeros and that shows its additional superiority for the use in
multirate circuits. It has an identical implementation in R-ADB/C-DFII
structure with either canonic or non-canonic form, as in Figure 2-6 and
Figure 2-8, but with 2 less recursive branches. If higher denominator order is
required, both P-DFII and MCP-DFII realizations can also be preferably
employed. The simulated results for their corresponding SC circuits in both
canonic and non-canonic forms are the same and illustrated in the dashed
curve of Figure 2-9.

6. SUMMARY

This chapter presents first the rigorous mathematical analysis on
conventional sampled-data analog interpolation whose response is distorted
by undesired input lower-rate S/H shaping effect. A new ideal improved
analog interpolation model has then been presented to entirely eliminate
such distortion over the whole frequency axis. Both traditional Bi-phase SC
structures and multirate polyphase structures have been described in order to
achieve such improved analog interpolation. Especially, the multirate
polyphase structure has been proven to be an efficient and effective
realization for optimum-class analog interpolation with respect to the
competent power and silicon consumption. Different ADB polyphase-based
structures with their corresponding SC architectures have then been
investigated thoroughly for practical higher-order filtering functions: FIR
non-recursive ADB and IIR recursive ADB in their canonic and non-canonic
realizations with L low-speed accumulator and single time-shared
accumulator schemes, respectively. Detailed practical IC design
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considerations and different structures’ pros and cons will be further studied
and analyzed next.
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Chapter 3

PRACTICAL MULTIRATE SC CIRCUIT DESIGN
CONSIDERATIONS

1. INTRODUCTION

To implement successfully in silicon the proposed SC architectures
presented before and for achieving optimum-class interpolation filtering
comprehensive practical design considerations are investigated in this
chapter by focusing on the power efficiency of canonic and non-canonic SC
structures together with the associated imperfections resulting from
capacitance ratio inaccuracies, finite-gain and bandwidth and input-referred
DC offset effects of the opamps as well as the clock random jitter and
timing-skew effects. Finally, a simple noise analysis methodology for the
polyphase-based interpolating filters will be also presented.

2. POWER CONSUMPTION ANALYSIS

In order to estimate the approximate analog power dissipated in the
proposed SC interpolating filters for both canonic and non-canonic forms,
we will use the single-stage telescopic transconductance opamp architecture,
which is often used for high-speed applications. The equivalent continuous-
time model of an SC circuit during the charge transfer phase (e.g. in either
phase A or B of Figure 2-3), as shown in Figure 3-1, with a simplified
single-pole transconductance opamp model, is a good approximation of a
single-stage transconductance opamp with the phase margin > 60°. C; and
C} are, respectively, the total capacitance of input and output SC branches
connected to the opamp in this phase. Assuming that 1/5 of the phase
duration is allocated for slewing while the remaining 4/5 for linear settling
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(tsenr = tyew™ tin), for the worst-case estimation, the opamp must be capable to
drive the equivalent total capacitive loading Cy,, to a certain output voltage
step Vosep during the slewing time interval .., and also to be settled within
0.1 % accuracy during the subsequent time interval 7;;, (the closed-loop time
constant is approximately #;, / 7). Thus, the required tail bias current /g5 of
the opamp can be simply estimated as

I = max (Issst s Lss tin ) (3.1)

where Igs sz and Igg ;;, are the bias current required in slewing and linear
settling time intervals, respectively, given by

V()SG
I o =SR-Cp = p = Crior (3.2)
slew
V. -C
_ _ eff Ltot
L 1 =80 Vg = ,B— /7 (3.3)
lin

where SR and g,, are the required slew rate and transconductance, V. is the
effective or overdrive voltage for differential-pair MOS transistors, and the
equivalent total capacitive loading

CLtoz = CL + CPO + ﬂ ’ (C[ + CPI) (3.4)

with the feedback factor

f=— G (3.5)
C +C, +C.
Cr
[
1

C,J_ ECP,__ R—_Cmé J_CL
I T8I T

Single-pole model of Transconductance opamp

Figure 3-1. Equivalent continuous-time model of SC circuit during charge-transfer phase
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Therefore, the expected static power of the opamp is obtained by
multiplying the supply voltage and the Ig, ie. £, =V, [ . Normally, an
optimum solution of the bias current should be investigated in the real design
according to the required specifications in terms of gain, speed, power,
dynamic range and noise. However, the above estimation is still very useful
for an initial stage of the design. And, as it will be presented next, since SC
interpolating filter is typically not applied in the oversampling case, the
required tail bias current will be mostly dominated by the I gz.

According to the above expressions, the approximate analog power of the
3-fold IIR LP interpolator with ER transfer function in canonic and non-
canonic forms introduced in Chapter 2 / Session 5.2 is presented in Table 3-1
(Ve 1s typically assumed to be 200 mV). For a more realistic approach, each
circuit here uses only one fast and one slow opamp instead of several
different speed opamps. Although canonic form has the double number of
opamps when compared with the non-canonic form, the power is still about
only 58 % of the latter due to the very low speed operation of these opamps.
Thus, this proves again that the canonic form is very attractive for high-
frequency applications not only from the perspective of power efficiency but
mainly from a much more relaxed design in lower speed opamp. Especially,
the higher-speed opamp in the output multiplexer in canonic structure
consumes not much power or even less when compared to those opamps
with L times enlarged ¢, in ADB’s and accumulators. Also, it is obvious
that the opamp in the multiplexer always needs less power and also smaller
gn than those in ADB's and accumulators with the same ¢, in non-canonic
form.

Table 3-1. Power comparison for 3-Fold SC LP IIR with ER transfer function

IIR Canonic IIR Non-Canonic

OTA R. Adder x1 MF ADB x3 Accu. X3 O/P Mul. X1 | R. Adder x1 MF ADBx2  Accu. x1

toent 100 ns 100 ns 100 ns 33.33ns 33.33ns 33.33ns 33.33ns

Vostep v 1V 1v 0.6V v 1v 0.6V

SR 50 V/us 50 V/us 50 Vius 90 V/us 150 V/us 150 V/us 90 V/us

Zm 2.92 mS 0.65 mS 0.6 mS 0.65 mS 4.94 mS 2.7mS 3.38mS

I 0.58 mA 0.22 mA 0.13 mA 0.13 mA 0.99 mA 0.73 mA 0.68 mA

No. of Use x2 X6 X2 x2

Total Power 5.8 mW (3 V Supply) 10 mW (3 V Supply)

Note: The highest g,, and /g5 are presented for the opamps in ADB’s and accumulators.
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3. CAPACITOR-RATIO SENSITIVITY ANALYSIS

The sum-sensitivity [3.1] of the response with respect to all capacitors is
performed to compare different designs with deviations of multiple circuit
parameters.

3.1 FIR Structure

For a more general case, we consider an example of an 18-tap LP 4-fold
interpolator, whose amplitude sum-sensitivity for the ADB polyphase
structures in both canonic and non-canonic forms are performed as shown in
Figure 3-2(a). Canonic realization has relatively worse overall sensitivity
when compared with non-canonic mainly due to the double-sampling nature.
For its only-zero property, FIR structure presents a good sensitivity in the
passband but relatively poor sensitivity in the stopband. For a 0.3 %
capacitor ratio error which can be achieved in current technologies,
maximum passband and stopband deviations are roughly 0.025 & 2.7 dB and
0.018 & 2 dB for canonic and non-canonic form, respectively, which still
have a satisfactory more than -40 dB attenuation (7 to 8-bit accuracy) in the
stopband. Since the coefficients are implemented with direct capacitor ratio,
the stopband is also predictable to have the mean about -43 dB from the
estimation by the sum of original stopband ripple with the mean value of the
expected magnitude deviation s o - WV 23 (A, — arithmetic mean value of
all coefficients; o, — standard deviation of ratio error) for an N-Tap FIR filter
obtained by the Rayleigh distribution [3.2, 3.3, 3.4]. In addition, we propose
here also a further estimation to the worst-case stopband, i.e. about -41 dB,
by using 4, (passband normalized to 1) instead of 4, , to approximate the
worst-case magnitude deviation, i.e.

lu‘AG‘ (a))wc = hkmaxoz ' (Jﬂ_N/Z) (36)

This has been verified with a good agreement by comparing it to the
Monte-Carlo simulation shown in Figure 3-2(b) with respect to all
coefficients which are independent zero-mean Gaussian random variables
with 6. = 0.3 %. Thus, from the above prediction expressions and also the
Monte-Carlo simulation, an SC 50-tap 4-fold FIR interpolator with
theoretical -45.5 dB stopband (for regular LP L-fold interpolation,
h, ... =1/ L) can achieve the worst-case stopband about 7 to 8-bit accuracy
with 6. = 0.3 % (without counting other non-ideal effects in SC realization).
It is also expected that it will be quite difficult to achieve higher than 8-bit
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accuracy for high order SC FIR filter without specific improvement

techniques.
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Figure 3-2. (a) Amplitude sum-sensitivity (b) Monte-Carlo simulations with respect to all
capacitors of an 18-tap improved SC FIR LP interpolating filter
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One attractive advantage of FIR implementation is its linear phase
property, therefore, the sum-sensitivity of group delay with respect to all
capacitors is performed, as shown in Figure 3-3. From the results, the group
delay is incredibly insensitive to the capacitor ratio errors, thus analog FIR
filtering is especially an efficient solution in terms of low costs in power and
silicon consumption for video applications which normally requires linear
phase with 7 to 8-bit accuracy.
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Figure 3-3. Group-delay sum-sensitivity with respect to all capacitors of an 18-tap improved
SC FIR LP interpolating filter

3.2 IIR Structure

For the IIR transfer function in the form of (2.4) with the poles
sufficiently close to the unit circle, the arithmetic mean value of the
coefficients in the denominator polynomial b is normally greatly larger than
that of the numerator polynomial a ,i.e. b >> a , where

1 N-1
—_ (3.7a)
TN ;M
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- 1
and b=—>"|b,| (3.7b)
D k=0
As a result, the expected value of the magnitude of the deviation in the
frequency response for frequencies in the passband and stopband can be
approximately obtained respectively by [3.3],

_boNaD

lu‘AH‘(a))passband - 2|B(Cl))| (383)
ao NN (3.8b)

Hii1) (D) gioppana = 2B

where ©, is the standard deviation of the ratio error.

For further verification, the simulated sum-sensitivity of the 4"-order IIR
video interpolator presented before with non-canonic in C-DFII, P-DFII and
MCP-DFII, as well as C-DFIl with ER transfer function (C-DFII/ER),
respectively, are presented in Figure 3-4(a). As expected, C-DFII/ER obtains
the best sensitivity in the passband due to its less number of poles, and its
stopband has a similar level when compared to all other realizations because
there are no extra zeros in the multirate form. The MCP-DFII, which
remains superior to the cascade structure, is more advanced in the overall
response than the P-DFII whose performance depends on the output adder.
However, these two are both worse than C-DFII in the passband since poles
are not tightly clustered, due to the relatively lower order and larger
transition band, thus the low sensitivity advantage of cascade or parallel
structures is not explicit. This can be observed in a higher 6™-order IIR
interpolating filter whose simulated sensitivities are shown in Figure 3-4(b).
Both P-DFII and MCP-DFII are much less sensitive than C-DFII in the
passband, stopband and also pole-zero cancellation, and the MCP-DFII
achieves the best performance, as expected.

Besides, an ER IIR interpolator (N=9, D=4) for the same specifications
is again much less sensitive when compared with the 6™-order interpolator
both in C-DFII realization, while its MCP-DFII structure possesses a
performance similar to the 6"-order implemented also with MCP-DFII. This
results from the fact that it still requires 4 poles to maintain the flatness in
this relatively wide passband. However, comparing that with the general IR
transfer function (N-1=D), ER form is still a good alternative especially for
multirate filtering due to its reduced passband sensitivity (less number of
poles) without increasing sensitivity in the stopband in most cases (similar
number of zeros in multirate form), and its superiority will be very apparent
for narrow passband, i.e. D=2. The small sensitivity overshoots nearly half
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of higher output sampling rate are caused by the incomplete multirate pole-
zero cancellation.

In addition, for the same reason as in its FIR counterpart, canonic
structures are more sensitive than the non-canonic. Besides, the delay factor
T(z) in MCP-DFII is important as aforementioned, e.g. the sensitivity has
an 18 % increase if 7.(z)=z" (use 1¥-delay block output for 2" DFII biquad
input) like in this example.
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Figure 3-4. Amplitude sum-sensitivity with respect to all capacitors for improved 3-fold SC
IIR video interpolating filter with different architectures and with (a) 4th-Order Elliptic & ER
(N=9, D=2) and (b) 6th-Order Elliptic & ER (N=9, D=4) transfer functions



Chapter 3: Practical Multirate SC Circuit Design Considerations 49
4. FINITE GAIN & BANDWIDTH EFFECTS

The practical finite gain and bandwidth of opamps will mainly lead to a
system response deviation. As an example, it will be considered here the 3-
fold interpolator with ER IIR transfer function due to its FIR-like multi-
notch stopband. The simulated results using the opamp model from Figure 3-
1, with a gain of 3000 and a nominal g,, (gm_nm) in Table 3-1, are presented
in Figure 3-5(a) and (b) for, respectively, passband and stopband with either
keeping the nominal g,, (same speed) but reducing the gain to 500 or keeping
a low gain of 500 but with extra 40 % reduction in nominal g,,. Results show
that passband deviation imposed by finite gain of opamps is less sensitive
than that caused by bandwidth of opamps as the former leads to an almost
net gain shift while the latter to a relatively larger rolloff in the passband.
Although these errors lead to the movement of zeros from the unit circle,
affecting the stopband and also the cancellation of poles and zeros, as shown
in Figure 3-5(b) and especially around half of the output sampling rate, 40
dB attenuation is still achieved. The situation of the canonic structure is also
worse than the non-canonic, but the low-speed & low-power requirements of
the former allow to have a free headroom in design and also a decreased
sensitivity to process variation. Moreover, the errors due to the finite gain
effect will be further analyzed rigorously in the next chapter.

5. INPUT-REFERRED OFFSET EFFECTS

The input-referred offset errors will result in a reduced Signal-to-Noise-
Ratio (SNR) due to the undesired fixed pattern noise placed at lower input
sampling rate and its multiples particularly due to the low-speed operation
nature of the optimum-class multirate interpolation. For ADB polyphase-
based structures, those offset errors are mainly sourced from opamp DC
offset propagation and accumulation along the serial ADB delay line in
addition to the opamp DC offset mismatches among parallel polyphase
subfilters especially for canonic realization, as well as the charge injection &
clock-feedthrough effects due to the non-ideal analog switches.

Due to the parallel nature of polyphase-subfilter structures and
considering that the overall offset error of each parallel subfilter is O,
(m=0,1,...,M-1, where M is the parallel path number normally equal to the
interpolation factor L for standard configuration of parallel polyphase
structure) the discrete-time output signal spectrum with a sine wave input
signal Asin(w,?) can be expressed as [3.4, 3.5, 3.6, 3.7, 3.8, 3.9]

Y, (o)=Y (0)+Y, () (3.9)
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and the final output continuous-time S/H signal spectrum will be the output-
rate sinx/x-shaped version of Y, (@) . From (3.9), the first term corresponds
to the input signal while the second term to the distortion caused by subfilter
offsets, and they can be expressed as

Y (@) = % 3 (8(w+ o, - 27k) - 5(w - @, - 27)) (3.10)
0 k=—o0
and
AT & 27k
Y (0)="2N 46| o— 3.11a
(@) TZ ( MTJ G
1 M-l —jkmz—”
4 =—Y0e""M (3.11b)
M m=0

where the 7, is the output sampling period, i.e. 1/Lf;. From (3.11), it is
obvious that the resulting distortion, namely, fixed pattern noise, is signal
independent and located at the lower input sampling rate and its multiples,
i.e. mLf /M . Assuming that the subfilter offsets O, are both independent
Gaussian random variables with zero mean and a standard deviation of
o, (m=0,1,...,M-1), and for simplicity, if o, = o, , then the expected value
of magnitude of these noise components can be obtained by

EUAk]zoé’*“\/Z (3.12)

with its standard deviation given by /(4—7)/M -o_ /2. Moreover, by using
the Parseval’s relation we can also derive the expected total output pattern-
noise power as

1 L-1 2 1 L-1 1 L-1

P =E _Z|Ak| =E _Zoi :_Za; (3.13)
) L m=0 L m=0 L m=0

or according to the assumption o, = o, , it can simply be approximated by

P =o (3.14)

os os
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with its standard deviation of 2/L-o° . Although the magnitude of the
pattern-noise tones is dependent of the path number M, the mean of the total
pattern-noise power is independent of that, but the most important feature is
related with the fact that both of them are completely independent of the
input signal levels.

Considering the average power of the sinewave signal within a period Lf;
given by

2
p =4 (3.15)

signal — 2

the expected signal to the pattern noise ratio within the Nyquist rate can thus
be expressed as

Pw' nal A2
SNR, =10-logl —= |=10-log| — (3.16)
p(].Y o

os

which shows that the SNR,, is decreasing at 20 dB/dec with respect to the
offset errors increase. Besides, from (3.16) we can also obtain

SNR,
A _ONR

o =——10 2 (3.17)

os \/5

which can be used to estimate the allowed standard deviation of offset in
each parallel subfilter path. For example, for a system with 1 V., input
having total SNR, greater than the mean of 40 dB (at worst case only 36 dB
at 2-0,, estimation), the offset standard deviation of each path must be
smaller than 3.5 mV, and the mean of the noise tone will be 44 and 38 dB
below the signal, respectively, according to 1- and 2-0,, estimations.
Although the real value could be a little bit better when taking into account
the output S/H shaping effect, this result is still quite tough to reach in state-
of-the-art CMOS without any specific technique especially for high-
frequency operation, since not only the opamp DC offset but also SC circuit
configuration, charge-injection and clock feedthrough will contribute to the
path offset. For instance, considering the 4-fold 12-tap FIR interpolating
filter with canonic-form ADB polyphase structure shown in Figure 2-1(a),
the offset contribution for polyphase subfilter m=0, excluding the charge-
injection and clock feedthrough, is given by
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00 = (h47d +h87d)0D1 +h87d0D2 + 7POOA1 (318)

where the Op,, Op, and O, are the opamp DC offset for 1%, 2" ADB and
accumulator (m=0), respectively, 3 and Jp are the offset suppression factors
[3.10] (all >1 for conventional SC circuits) of the SC delay (same y; for
same delay circuit structure) and of the accumulator () depends also on
implemented coefficients, being different for each polyphase subfilter)
circuits. Therefore, assuming the same standard deviation oy, of DC offset
for all opamps, the oy can be derived as

Oy = \/((h4 + hg )2 + h82 )}/dz + 7P02 " Op4 (3.19)

which shows that the real path offset errors are always greater than the pure
offset of the opamp. Similar procedure can be also applied to other
polyphase subfilters. Note that the offsets for each path are indeed not totally
independent due to the sharing of the opamp, like in ADB, so the estimation
from (3.16) is not exact, but nevertheless, it is still a good prediction for the
design process.

In addition, considering the non-canonic-form realization as shown in the
Figure 2-1(b), the resulting offset for polyphase subfilter m=0 becomes

0, = h87d0D1 + 7000 sccu (3.20)

which is not only smaller in quantity than that of the canonic-form
realization but, and more importantly, the offset mismatches among the 4
pathes are significantly reduced due to the sharing of opamp for 4 path
accumulation, e.g. Oyccy Will be a common factor for all paths and
contribute mainly to the DC offset of the overall system. This obviously
leads to a better performance with respect to the offset errors for the non-
canonic structure when compared with the canonic. This has been verified
by the simulation results for an 18-tap 4-fold FIR interpolating filter used in
Chapter 3 / Session 3.1. For simplicity, 20-time Monte-Carlo simulations
have been applied to both canonic (4 ADB’s, 4 Accumulators, 1 MUX) and
non-canonic (1 S/H, 2 ADB’s, 1 Accumulator) realizations with the
Gaussian random opamp offset variables with zero-mean and ¢p,=3.5 mV.
The results are summarized in Table 3-2. The results from the canonic case
match well with the theoretical estimation from (3.16). As described by
(3.19) the actual offset standard deviation for each path is worst than opy,
hence the mean of SNR, is a little bit worse than 40 dB obtained by using
o= o0,,. In addition, it also clearly shows the consistency of the theoretical
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expectation implying that non-canonic is superior to the canonic structure in
offset sensitivity. Figure 3-6 presents the pattern-noises in the output signal
spectrum, from one of the cases, with non-canonic implementation. To
reduce such undesired noise, offset- and gain-compensation by correlated-
double sampling techniques can be employed, as will be discussed in the
next chapter.

Table 3-2. Monte-Carlo Simulations of fixed pattern noise imposed by input-referred DC
offset of opamps for 4-fold, 18-tap SC FIR interpolating filter (20-time, 0px=3.5 mV)

Mean (20s) DC Offset SNR, SFDR
Non-Canonic -39dB 56 dB 58 dB
Canonic -41 dB 38 dB 39 dB

SFDR — Spurious-Free Dynamic Range

0 ‘ ‘
10 S S : Input signal |
I: Rejected signal images
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Figure 3-6. Output signal spectrum of 4-fold, 18-tap SC FIR interpolating filter (1Vp-p input,
offset opp =3.5 mV)
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6. PHASE TIMING-MISMATCH EFFECTS

The parallel and multiple phase nature of multirate polyphase structures
leads to the fact that the overall interpolation system suffers from the phase
timing-mismatch effects that are normally unavoidable in the time-
interleaved sampled-data systems. Such timing-mismatch effects can be
categorized into periodic fixed timing-skew and the random timing-jitter
effects.

6.1 Periodic Fixed Timing-Skew Effect

Periodic fixed timing-skew effect is mainly caused by the unmatched but
periodical propagation delays among the time-interleaved phases due to
systematic-design and process mismatches, as well as switching noise (dI/dt
noise). The interpolation model for this type of effect can be illustrated in
Figure 3-7. Timing-skew effects due to the input sampling of 4 parallel
polyphase filter bands are negligible for interpolators, because the input
signals are inherently sampled-and-held at the lower rate. Thus, the timing-
skew errors mainly happen at the last high-speed output multiplexer stage
for switching among 4 sub-filter bands at higher output rate. In opposition to
the input sampling, only the rising-edge timing mismatch is the most
important for output phases in order to correctly control the output signal
timing.

Such fixed timing-skew renders an nonuniformly holding (in the uniform
sampling input) that generates undesired modulation mirror sidebands fold
back around lower input rate and its multiples within the filtering stopband
that cannot be removed by the interpolating filter, while those sidebands can
be shaped relatively well by the system function for the input nonuniformly
sampling case. The accurate models for the nonuniformly sampling effects
in the front input sampling stage (IN-OU(IS), see Appendix 1) have been
well developed [3.6, 3.7, 3.8, 3.9, 3.11, 3.12]. On the other hand, for the case
of interest here, with uniformly sampling input with nonuniformly playing
output it has only been analyzed with ideal impulse-sampled output format
(IU-ON(IS)) [3.13, 3.14]. However, the output signals are always sampled-
and-held in practice for sampled-data analog interpolation, and due to this
nonuniform timing, the spectrum of output signal with nonuniformly holding
(IU-ON(SH)) is not just the shaped version of impulse-sampled signal
spectrum, obtained by multiplying uniform sinx/x function [3.15, 3.16, 3.17,
3.18,3.19].
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Figure 3-7. Output phase-skew sampling for polyphase-based interpolating filters

Assuming that 7,=1/Lf; is the nominal output sampling period and A,, is a
periodic skew timing sequence with period M (path number), so that the
exact output sampling instance is given by

t,=nT, +A, (3.21)

Let n=kM +m (m=0,1,...M-1, M is the parallel path number that is
normally equal to the interpolation factor L or has other value depending on
the real circuit configuration), and the periodic skew-period ratio be
r,=A /T  then it can be finally derived that the output signal spectrum
with nonuniformly holding is

1 & 27
Y(w) = fk-z_;oAk(w) : X[a)—kM—Toj (3.22a)

where X(w) is the input signal spectrum and

1 M- —jkmz—” .
A ()= - D> H, (@) Ml (3.22b)
m=0

2 Sin( 0(1 g — 1 )To /2) o101, )T, 2
w

H,(0)=

(3.22¢)

The equation (3.22) fully characterizes the output signal spectrum of the
uniformly sampling and nonuniformly playing out case including the
nonuniformly holding effects. Such special nonuniformly holding process
causes a signal modulation at the lower input sampling rate and its multiples,
i.e. mLf /M . Figure 3-8 presents the signal spectrum of a 58 MHz signal
sampled at 320 MHz with the timing-skew effects where M=8 and the
standard deviation of 4,, is 5 ps. Obviously, the nonuniformly S/H output is
not simply shaped by just the well-known uniform sinx/x function.
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The results from the MATLAB models built according to the above
equations match well with the FFT of the samples with respect to the above
sampling processes. Importantly, the MATLAB models take much less
number of computations than that from direct FFT. Figure 3-9 (a-c) show the
mean of SNR (here only for signal to modulation sideband noise ratio) and
mean of the worst noise tone to the signal, or namely Spurious-Free
Dynamic Range (SFDR) within Nyquist band vs. standard deviation of the
timing skew ratio 7, (skew A, to output sampling period) and input signal
frequencies for a parallel path number of 2, 4 and 8, respectively, from 100-
time Monte-Carlo calculations. It is interesting to note that both SNR and
SFDR decrease at 20 dB per decade with respect to the increases of either
the input signal frequencies or timing-skew errors.

Furthermore, when 27f 7T <<1, the SNR with respect to the timing
jitter within the Nyquist band is derived as

SNR,,,, =20log ! —10log| 1- € (3.23)
27tfy 0, M

where o, is the standard deviation of sample timing-skew error, as presented
comprehensively in Appendix 1 [3.16, 3.17, 3.18]. This confirms the 20
dB/dec SNR decrease aforementioned and observed in the above
simulations.

It is interesting to point out that the above SNRg., formula (3.23) for [U-
ON(SH) is identical to the that of traditional non-uniformly impulse
sampling IN-OU(IS) system with small jitter errors, i.e. 277f7, T <<1 [3.6,
3.7, 3.8, 3.9, 3.11, 3.12]. In fact, it has also been proved in Appendix 1 that
the normalized modulation sideband spectra patterns (normalizing the main
sinusoidal signal component with frequency @@= @, and magnitude of 1) for
IN-OU(IS) and IN-OU(SH) are identical [3.16, 3.17, 3.18].
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Figure 3-8. Spectrum of a 58 MHz signal sampled at 320 MHz with timing skew (M=8, 6=5
ps)
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6.2 Random Timing-Jitter Effects

Another timing-mismatch effect is caused by random timing-jitter mainly
due to the device random noise that can be considered as a special case of
the nonuniformly holding when path number M approaches infinity.
Therefore, the equivalent SNR correlation is still valid for the nonuniformly
impulse sampling and holding [3.17, 3.18]. Also, analysis of random timing-
jitter effects for sampling [3.6, 3.7, 3.8, 3.20, 3.21] can be equivalently
applied here where such random jitter effects result in an increased noise
floor across all frequencies. For a sinewave input signal, the signal to noise
ratio with sampling jitter standard deviation o, can be expressed as:

SNR, .., =-20-logl2f, o, ) (3.24)

when 27f o, <<1.In addition, also a more accurate expression for this jitter
error can be obtained by [3.20]

SNR

Jitter

P. 2,02 2
=10- log{ g’] =-10- 1og(2(1 —e e )) (3.25)
l)jirrer

From the above, it can be affirmed that the resulting noise floor has
20dB/dec dependence on both the input signal frequency and jitter accuracy.

7. NOISE ANALYSIS

The noise performance of the circuit determines the dynamic range of the
SC interpolating filter. The main contributions to the total noise of this SC
filter are mainly from the thermal fluctuations associated with the channel
on-resistances of the MOS switches and also the transistors in the opamp.
These noise sources generate mainly a broadband noise component and a
sampled noise component at the output of each SC stage [3.22, 3.23, 3.24,
3.25]. The broadband noise component is originated from all the noise
sources that inject it directly into the SC stage output in, at least, one phase,
with cutoff frequency depending on the corresponding transients (R,,C time
constants or the opamp close-loop bandwidth) of the SC network in this
phase. Since those noise sources are independent and considered
uncorrelated, their contributions can be evaluated separately and simply
superimposed in the end. The sampled noise component, which is normally
the predominant noise contribution, is originated from the switching or
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sampling of the broadband noise on the capacitors. Since the noise
bandwidth of the broadband noise sources are always much higher than the
sampling frequency for a complete charge transfer in SC circuits, the
frequency band aliasing or folding effects due to the undersampling lead to
the total broadband noise being white and totally concentrated into the
Nyquist band. Especially, the aliased opamp flicker noise is completely
“submerged” by the aliased broadband noise of the opamp [3.22], hence, the
opamp flicker noise is neglected here in the analysis that is particularly
realistic for high-frequency SC filters. Besides, as mentioned before, since
the offset compensation is usually preferred in an interpolating filter, the
compensation will be normally associated with the elimination of the low-
frequency flicker noise in nature.

A more accurate noise analysis of the SC circuits must take into account
not only the bandwidth relying on the switch on-resistance and opamp
frequency response but also the power transfer function from each noise
source to every stage output. The latter issue leads to a very complex
calculation and it is indeed impractical to analyze in a complete SC filter
containing several stages where the noise sources will be generated inside
the SC block of each stage. Therefore, the analysis is normally possible to be
calculated for a single stage configuration, like for an SC integrator [3.22,
3.23, 3.24, 3.25, 3.26, 3.27, 3.28], an SC sample-and-hold [3.29, 3.30] and
an SC gain stage [3.31, 3.32, 3.33, 3.34, 3.35]. However, in order to have an
initial noise estimation of the interpolating filters, we will approximate it
here only to a bandlimited noise in each stage, by switch on-resistance and
opamp bandwidth during the calculation, and the practical noise shaping
effects from the individual transfer function will be approximately taken into
account at the last stage, considering also the shaping from the overall filter
transfer function with the inherent sinx/x effects at the output.

For simplicity, the noise analysis will be concentrated on the SC
interpolating filter with canonic non-recursive ADB polyphase structures. As
the double-sampling is equivalent to a 2-path parallel structure, the total
noise will not be doubled because the outputs are interleaved rather than
summed. Therefore, only the total noise in one sampling path will be
calculated, and the concept can also be applied similarly to any other
structures by using the following methodology. Besides that, for a more
realistic approach, the total output noise for fully-differential structures will
be finally derived with the assumption also that a single-pole opamp is used.

Consequently, the total noise for the interpolating filter will be generated
from ADB delay line, polyphase subfilters and output multiplexer.
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A.ADB Noise Contribution: Assuming that all the SC ADB structures are
the same and configured with mismatch-free property, like the second ADB
in Figure 2-3, then it is presented in Figure 3-10(a) and (b) the thermal noise
contributions from the switches and opamp for the ADB stage in both
sampling and output phases, respectively, for only one SC sampling branch
path (positive/negative half of the differential circuit).

¥ °v,,
; V J_CL ) ADB,1/2
I 1"

(a) Phase A (b) Phase B

Figure 3-10. Noise in the i mismatch-free SC ADB in (a) sampling phase A and (b) output
phase B

In phase A, the broadband thermal noise due to the on-resistance is
passively sampled and stored in the sampling capacitor. In phase B, both the
thermal noise sources from the on-resistance and the opamp will contribute
with band-limiting through its close-loop noise bandwidth. The detailed
noise calculation is lengthy and it is presented in the Appendix 2. In
conclusion, considering that the same opamp is used for all ADB’s, the total
output noise for the positive/negative half of the ADB delay line with N-
number of ADBs in phase B can be obtained as

2 _ 2
U0, ADB-N /2 = N'Una,ADB,l/z (3.26)

where the U,f,,_ADB is the total output-referred noise power from
positive/negative half of each SC ADB obtained by the sum of all the noise
contributions with the employment of Equivalent Noise Bandwidth (ENBW)
[3.37,3.38, 3.39] of a 1*-order system, i.e.,

S kT [ MRC, 2 kT (CﬁCmdﬂ
d ugh_d

v =— —
ro-ADBAZ C C +CPI _d 3 gml_d 7/ Cs

N

(3.27)
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where the @, . and g, 4 are the unity-gain bandwidth and the
transconductance of the differential pair of the opamp used in the ADB
stage, also V4 represents the excess noise factor [3.36] of the same opamp
that normally has a value between 1 and 3 depending on its circuit
architecture. Finally, R, is the total switch on-resistance presented in the
opamp feedback path during output phase B.

The first term is the total aliased broadband noise component that appears
in phase A and will totally be distributed within f;/2 due to undersampling.
This result shows that the total sampled noise is independent of the sampling
switch on-resistance, thus usually named as KT/C noise [3.40, 3.41]. The
last two terms are the band-limited broadband noise directly coupled to the
circuit output and then obviously proportional to the unity-gain bandwidth of
the opamp. Different from the passive sampled noise, the switch on-
resistance located in the opamp close-loop path does affect the total
broadband noise. It is obvious that the total noise can be reduced by
increasing the sampling capacitance, reducing the opamp bandwidth, as well
as the total on-resistance presented in the noise direct coupling or charge
transferring path.

B. Polyphase Subfilter Noise Contribution: Figure 3-11(a) and (b)
presents the noise contribution of one-path polyphase subfilter in the
sampling and output summing phases. Different from the mismatch-free SC
ADB, there is noise amplification due to charge transfer and thus also more
thermal noise sources appear from the switch on-resistance that will
contribute to the total noise in phase B. The total output noise power for
positive/negative half polyphase subfilter can be finally derived as

) kTY R.C}
i = k—TZC L = 2
no,PFm,1/2 — Cz — i C n ugh _PF
" T CH(Cr+ G+ Cpy )
i=1
C.+) C +C
kTR,.C, 2 kT i e | " Z‘ Lo
n a)xlgbiPF +§ g 1+ g C a)ugbiPF
CF +Zci+CP17PF ml_PF ml_PF F

i=1

(3.28)

where C; and R; are the coefficient capacitors and their corresponding switch
on-resistance during the charge transferring phase, Rr is the total switch on-
resistance presented in the opamp feedback path during output phase B. Due
to the input sampling, the KT/C noise in phase A is presented directly at the
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polyphase subfilter output in phase B with the coefficient gain factor, as
shown in the first term of the equation (3.28). All the switch on-resistances
in the charge transfer path, i.e., in input (R;) and feedback branches (Rr)
contribute to the total output noise. The last term represents the noise
contribution from the opamp.
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Figure 3-11. Noise in one of the L-path polyphase subfilter in (a) sampling phase A and (b)
output phase B
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C.Multiplexer Noise Contribution: The noise contribution for one low-
speed path of the last mismatch-free output multiplexer is similar to that of
the ADB so that for simplicity the noise contribution figure is not shown
here, and the positive/negative half output noise power is

> kT kTRMCM 2 kT CM +CP17M
+ M ugh M

+_
Cy + CPI_M 3 Em m Cy

O o, MUXm Y2 = C
M

(3.29)

where the @, ,, and &, , are the unity-gain bandwidth, transconductance
of differential pair of the opamp used in MUX stage, and Yy represents the
excess noise factor of the MUX opamp. R), is the total switch on-resistance
presented in the opamp feedback path during the output phase.

D.Total Output Noise: From the above block-level noise contributions, the
total input-referred noise for one low-speed path of the positive/negative half
interpolating filter which is evenly distributed within the lower input Nyquist
band, i.e., f;/2, can be estimated as

2 2
vno,PFm,l/Z + Uno,MUXm,l/Z

2
(ZC,./CFj [Zc,./CFJ
i=1 m i=1

2 2
UrNm 12 = N'Uno,ADB,l/z + 2 (3.30)

m

where N is the number of SC ADB, and [Z G/ ij is the equivalent gain
of each polyphase subfilter path. -

Consequently, by counting the contributions from all L-path low-speed
subfilters, the final total output-referred noise within the output higher
Nyquist band, i.e., Lf;/2, can be obtained by

L1
2 2
Uorn,1j2 = (Z U 1RNm. 12 j -ENB VIJ/’zhertng (3.31)
m=0

where ENBW is designated as the equivalent overall filter noise bandwidth.
For the complete fully-differential SC interpolating filter, the total
differential output noise can be expressed by
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2 2
Vorv.oir = 2X Vorn 2 (3.32)

The above approximation methodology is very useful for an initial design
of the filter noise and indeed, as it will be shown later during the design, it
will match well with the measured results of the designed prototype chip.

8. SUMMARY

In this chapter, practical IC design issues for the previously proposed
multirate  polyphase-based  structures  have  been  investigated
comprehensively in terms of the power dissipation and circuit achievable
accuracy with respect to the capacitor ratio mismatches, finite-gain &
bandwidth, offset effects, timing-mismatch effects as well as noise analysis.

FIR interpolation with the non-recursive ADB polyphase structures
shows their superiority in very-low-sensitivity and inherent linear-phase
characteristics in the passband. A more accurate approximation to worst-case
stopband magnitude deviation has also been derived. And, from this
estimation it can be predicted that FIR interpolation is very suitable for high-
frequency video analog front-end filtering with 7-8 bit accuracy and linear-
phase requirements.

Among several architectures based on Recursive-ADB polyphase
structures with combined non-recursive ADB structure and direct-form II
recursive networks for IIR interpolation, Extra-ripple transfer functions are
shown to be especially appropriate due to their added value in lowering the
sensitivity in the passband, but with similar level in the stopband when
compared to conventional IIR transfer functions, like Elliptic, Chebyshev
approximations. The proposed R-ADB with Mixed Cascade/Parallel-form
DFII structure has the lowest sensitivity over the R-ADB with either
Complete-DFII or Parallel-DFII, especially for higher-order filtering.

Canonic-form realizations of the ADB polyphase structures have been
specialized for very high-frequency applications with the employment of L-
output-accumulators plus double-sampling techniques. While the non-
canonic-from realization which uses one-output-accumulator and requires
less number of ADB’s presents its superiority in reduced component counts
and circuit sensitivity, thus being more suitable for relatively lower-
frequency with higher-accuracy applications. Especially, the power analysis
shows also that the power of canonic-form realizations could be still lower
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than the non-canonic even though the number of opamps and SC branches in
the former are more than the double of those in the latter.

Furthermore, the practical input-referred DC offset and phase timing-
skew & random jitter effects have also been analyzed comprehensively for
interpolation circuits with also the concise signal-to-noise expectations. Such
imperfections imply that specific techniques are mandatory for higher
performance, especially in high-frequency applications.

REFERENCES

[3.1] Z.Q.Shang, J.I.Sewell, “Development of efficient switched network and mixed-mode
simulator,” IEE Proc. Circuits, Devices and Systems, Vol.145, No.1, pp.24-34, Feb.
1998.

[3.2] A.Petraglia, S.K.Mitra, “Effects of coefficient inaccuracy in switched-capacitor
transversal filters,” IEEE Trans. Circuits and Systems, Vol.38, No.9, pp.977-983, Sep.
1991.

[3.3] A.Petraglia, “Fundamental frequency response bounds of direct-form recursive
switched-capacitor filters with capacitance mismatch,” [EEE Trans. Circuits and
Systems — II: Analog and Digital Signal Processing, Vol.48, No.4, pp.340-350, Apr.
2001.

[3.4] A.Petraglia, Mixed Analog/Digital Structures for High-Speed A/D Conversion and
Signal Processing, Ph.D. Dissertation, University of California, Santa Barbara, USA,
1991.

[3.5] A.Petraglia, S.K.Mitra, “Analysis of mismatch Effects among A/D converters in a
time-interleaved waveform digitizer,” IEEE Trans. Instrumentation and Measurement,
Vol.40, No.5, pp.831-835, Oct. 1991.

[3.6] Y.C. Jenq, “Digital Spectra of Nonuniformly Sampled Signals: Fundamentals and
High-Speed Waveform Digitizers,” IEEE Trans. Instrumentation and Measurement,
vol.37, no.2, pp.245-251, Jun.1988.

[3.7] G.T.Uehara, Circuit techniques and considerations for implementation of high speed
CMOS analog-to-digital interfaces for DSP-based PRML magnetic disk read channels,
Ph.D. Dissertation, University of California, Berkeley, USA, 1993.

[3.8] M.Gustavssn, CMOS A/D converters for telecommunications, Ph.D. Dissertation,
Linkdping Universitet, Sweden, 1998.

[3.9] N.Kurosawa, H.Kobayashi, K.Maruyama, et al., “Explicit Analysis of Channel
Mismatch Effects in Time-Interleaved ADC Systems,” IEEE Trans. Circuits and
Systems — I, vol.48, No.3, pp.261-271, Mar.2001.

[3.10] Wing-Hung Ki, G.C.Temes, “Gain- and Offset-compensated Switched-Capacitor
filters,” in Proc. IEEE International Symposium on Circuits and Systems (ISCAS),
pp-1561-15664, 1991.

[3.11] A.Yu, W.C.Black, Jr., “Error Analysis for time-interleaved analog channels,” in Proc.
IEEE International Symposium on Circuits and Systems (ISCAS), Vol.l, pp.468-471,
May 2001.



Chapter 3: Practical Multirate SC Circuit Design Considerations 67

[3.12] M.Gustavsson, N.N.Tan, “A global passive sampling technique for high-speed
Switched-Capacitor time-interleaved ADCs,” IEEE Trans. Circuits and Systems — II:
Analog and Digital Signal Processing, vol.47, No.9, pp.821-831, Sep.2000.

[3.13] Y.C.Jenq, “Digital-To-Analog (D/A) converters with nonuniformly sampled signals,”
IEEE Trans. Instrumentation and Measurement, vol.45, No.1, pp.56-59, Feb.1996.

[3.14] Y.C.Jenq, “Direct digital synthesizer with jittered clock,” IEEE Trans. Instrumentation
and Measurement, vol.46, No.3, pp.653-655, Jun. 1997.

[3.15] Seng-Pan U, R.P.Martins, J.E.Franca, “Design and analysis of low timing-skew clock
generation for time-interleaved sampled-data systems,” Proc. IEEE International
Symposium on Circuits and Systems (ISCAS), pp.441-444, May. 2002.

[3.16] Sai-Weng Sin, Seng-Pan U, and R.P.Martins, "Timing-Mismatch Analysis in High-
Speed Analog Front-End with Nonuniformly Holding Output,” Proc. IEEE
International Symposium on Circuits and Systems (ISCAS), pp.I-129 - 1-132 vol.1,
May 2003.

[3.17] Seng-Pan U, Sai-Weng Sin and R.P.Martins, "Spectra Analysis of Nonuniformly
Holding Signals for Time-Interleaved Systems with Timing Mismatches," Proc. IEEE
Instrumentation and Measurement Technology Conference - IMTC'2003, vol. 2, pp.
1298-1301, May 2003.

[3.18] Seng-Pan U, Sai-Weng Sin and R. P. Martins, “Exact Spectra Analysis of Sampled
Signals with Jitter-Induced Nonuniformly Holding Effects,” IEEE Transactions on
Instrumentation and Measurement, vol. 53, pp. 1279-1299, Aug. 2004.

[3.19] Sai-Weng Sin, Seng-Pan U and R.P.Martins, "Quantitative Noise Analysis of Jitter-
Induced Non-Uniformly Sampled-And-Held Signals," in Proc. IEEE International
Conference on Acoustics, Speech and Signal Processing — “ICASSP'2003", vol. 6, pp.
VI-253 - 256, April 2003.

[3.20] H.Kobayashi, M.Morimura, et al., “Aperture jitter effects in wideband sampling
systems,” in Proc. of IEEE Instrumentation and Measurement Technology Conference
— IMTC’99, pp.880-885, May 1999.

[3.21] J.L.Gonzalez, E.Alarcon, “Clock-jitter induced distortion in high speed CMOS
Switched-Current segmented digital-to-analog converters,” in Proc. IEEE International
Symposium on Circuits and Systems (ISCAS), pp.512-515, May 2001.

[3.22] C.A.Gobet, A.Knob, “Noise analysis of Switched Capacitor networks,” IEEE Trans.
Circuits and Systems, vol.CAS-30, No.1, pp.37-43, Jan.1983.

[3.23] R.Castello, P.R.Gray, “Performance limitations in Switched-Capacitor filters,” IEEE
Trans. Circuits and Systems, vol.CAS-32, No.9, pp.865-876, Sep.1985.

[3.24] R.Gregorian, G.C.Temes, Analog MOS Integrated Circuits for Signal Processing, John
Wiley & Sons, Inc., 1986.

[3.25] J.Goette, W.Guggenbiihl, “Noise performance of SC-Integrators assuming different
operational transconductance amplifier (OTA) models,” IEEE Trans. Circuits and
Systems, vol.35, No.8, pp.1042-1048, Aug.1988.

[3.26] A.K.Ong, Bandpass Analog-to-Digital Conversion for Wireless Applications, Ph.D.
Dissertation, Standford University, USA, 1998.

[3.27] J.Grilo, Improved Design Techniques for Low-Voltage Low-Power Switched-Capacitor
Delta-Sigma Modulator, Ph.D. dissertation, Oregon State University, USA, 1997.
[3.28] A.Marques, High-speed CMOS data converters, Ph.D. dissertation, Katholieke

Universiteit Leuven, Belgium, 1999.

[3.29] R.A.Gomez, A Discrete-Time Analog Read Channel IC for Magnetic Recording, Ph.D.
Dissertation, University of California, Los Angeles, USA, 1993.

[3.30] D.H.Shen, Architecture and Design of a Monolithic Radio Frequency Receiver, Ph.D.
Dissertation, Stanford University, USA, 1997.



68 Design of Very High-Frequency Multirate Switched-Capacitor Circuits —
Extending the Boundaries of CMOS Analog Front-End Filtering

[3.31] T.Cho, Low-Power Low-Voltage Analog-to-Digital Conversion Techniques using
Pipelined Architectures, Ph.D. Dissertation, University of California, Berkeley, USA
1995.

[3.32] K.Y Kim, A4 10-bit, 100MS/s Analog-to-Digital Converter in 1-um CMOS, Ph.D.
Dissertation, University of California, Los Angeles, USA, 1996.

[3.33] A.M.Abo, Design for Reliability of Low-voltage, Switched-Capacitor Circuits, Ph.D.
Dissertation, University of California, Berkeley, USA, 1999.

[3.34] J.Goes, Optimization of Self-Calibrated CMOS Pipelined Analogue-to-Digital
Converters, Ph.D. Dissertation, Instituto Superior Técnico, Portugal, 2000.

[3.35] M.Gustavsson, J.J.Wikner, N.N.Tan, CMOS Data Converters for Communications,
Kluwer Academic Publishers, 2000.

[3.36] K.R.Laker, W.M.C.Sansen, Design of Analog Integrated Circuits and Systems,
McGraw-Hill, Inc., 1994.

[3.37] D.A.Johns, K.Martin, Analog Integrated Circuit Design, John Wiley & Sons, Inc.,
1997.

[3.38] P.R.Gray, P.J.Hurst, S.H.Lewis, R.G.Meyer, Analysis and Design of Analog Integrated
Circuits, 4"-edition, John Wiley & Sons, Inc., 2001.

[3.39] A.Razavi, Design of Analog CMOS Integrated Circuits, McGraw-Hill, Inc., 2001.

[3.40] R.J.Baker, H.W.Li, D.E.Boyce, CMOS Circuit Design, Layout, and Simulation, IEEE
Press, 1997.

[3.41] P.E.Allen, D.R.Holberg, CMOS Analog Circuit Design, 2"-edition, Oxford University
Press, Inc., 2002.



Chapter 4

GAIN- AND OFFSET- COMPENSATION FOR
MULTIRATE SC CIRCUITS

1. INTRODUCTION

The imperfections of the active element — opamp in terms of the finite
gain, bandwidth and DC offset are the key issues to take into consideration
in the design of high-performance multirate SC filters, especially for high-
frequency operation. Both finite gain and bandwidth lead to variations in the
system response and increased nonlinearity. Nevertheless, the large
bandwidth of the opamp trades off with the open-loop gain. Moreover, as the
application- and technology-driven constraints are scaling down the system
supply voltage, large output signal swing also trades off with the achievable
opamp’s gain. Furthermore, the DC offsets of ADB’s, which will be
accumulated along the serial delay line, and that of the accumulators will
both contribute for the offset mismatches among parallel polyphase
subfilters, thus rendering undesired fixed-pattern noise. From the analysis in
the previous chapter, this effect becomes problematic and reduces
significantly the SNR in conventional SC implementations imposing the
mandatory need for specific circuit techniques to ensure higher performance
in the system.

The Autozeroing (AZ) and Correlated Double Sampling (CDS)
techniques, which will both sample and subtract the amplifier noise and
offset in each clock period, are inherently appropriate for sampled data
circuits to compensate the opamp imperfections, i.e., 1/f noise and DC offset
effects, where CDS could also achieve extra functionality by lowering the
sensitivity to the finite gain [4.1]. This chapter will propose novel circuit
architectures and building blocks for high performance multirate SC circuits
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with the employment of both AZ and CDS techniques. After a brief study on
the AZ and various CDS techniques, different novel Gain- and Offset
Compensated (GOC) SC delay circuit cells will first be proposed with added
superiority of Mismatch-Free (MF) properties. Secondly, different GOC SC
accumulation circuitries will be proposed. Specific design examples will also
be built using the proposed building blocks. Finally, practical
implementation issues in terms of AC analysis of the GOC circuits, which is
one of the important considerations for high-frequency operation, will be
investigated and discussed.

2. AUTOZEROING AND CORRELATED-DOUBLE
SAMPLING TECHNIQUES

Autozeroing (AZ) and Correlated-Double Sampling (CDS) techniques
[4.1, 4.2] both require two consecutive phases for operation: during the first
sampling or calibration phase, the non-ideal virtual ground voltage, or error
voltage of opamp as shown in Figure 4-1, i.e. input-referred DC offset,
finite-gain and low-frequency noise (1/f noise), is sampled and stored across
capacitors; during the next operation or compensation phase (when output is
being sampled), this error voltage will be subtracted from the signal voltage
by appropriate switching of the capacitors. This subtraction is attributed by
the highpass filtering to the error noise due to the introduced zero at the
origin in the baseband power transfer function, and the resulting error
compensation will also improve the linearity of the circuit [4.1, 4.3].

VO
—E+V0S +VN

.|.

Vos +VN

Figure 4-1. Virtual ground error voltage compensated by AZ or CDS techniques



Chapter 4.: Gain- and Offset- Compensation for Multirate SC 71
Circuits

In AZ circuits, the opamp needs to be reset to zero (v,=0) during the
calibration phase, therefore, only the offset errors and low-frequency 1/f
noise will be stored by the capacitors and can be suppressed in the next
phase. Differently, for CDS, opamp settles during calibration phase at a
certain voltage level correlated to the next operation output voltage, thus,
such information will help in an extra compensation of the opamp finite-gain
eITors.

According to the correlation intensity to the output voltages in calibration
and operation output phases, CDS can be divided into two categories:
Holding-CDS (H-CDS) [4.3, 4.4, 4.5, 4.6, 4.7, 4.8, 4.9, 4.10, 4.11] and
Predictive-CDS (P-CDS) [4.12, 4.13, 4.14, 4.15, 4.16, 4.17, 4.18, 4.19]. H-
CDS holds the previous-phase output voltage while the P-CDS tends to
precisely anticipate the future value of the output voltage for the calibration
use. Thus, H-CDS can effectively boost the gain of the opamp only in the
narrow baseband where the signals don’t vary much from one clock phase to
the next, like in the oversampling applications; while the P-CDS is able to
compensate the finite-gain error very precisely over a very wide signal band
but with the price of additional circuitry. This is mainly due to the essential
duplication of the SC branches originally used in the circuit for performing
an anticipatory process of obtaining the virtual ground voltage that is
expected to be present during the next compensation phase.

Basically, two kinds of methods can be used for storing the error voltage
at the virtual ground: first directly by using the input Sampling Capacitor
(SC) [4.5, 4.6, 4.10, 4.12, 4.16] that stores input signal sample and virtual
ground errors simultaneously, while another by adding an extra capacitor,
namely Error-storage Capacitor (EC) [4.4, 4.8, 4.9, 4.10, 4.11, 4.13, 4.14,
4.15, 4.16, 4.17, 4.18, 4.19] connected to the virtual ground for solely
storing the virtual ground error voltage and then generating a “super virtual
ground” in series with the input branch during the next output phase. For
simplicity, we designated the former and latter CDS schemes as SC/CDS
and EC/CDS, and by applying this to the previous categories it leads to
SC/H-CDS or SC/P-CDS and EC/H-CDS or EC/P-CDS, respectively, as
shown in Figure 4-2. Since in the SC/CDS scheme, the sampling capacitor is
connected between the input signal terminal and virtual ground directly, the
circuit output will vary due to the direct charge coupling between this
sampling and feedback capacitors that will interfere with the virtual ground
voltage, hence, in other words, affecting the error compensation accuracy.
Besides, this charge coupling also restricts the correct output timing not to
happen at input sampling phase. While in the latter EC/CDS approach, the
input signal sampling and virtual ground error storage will be done by two
different capacitors that make such two processes independent, and hence, a
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more accurate compensation can be normally achieved. However, the
regenerated “super virtual ground” is quite sensitive to parasitic capacitance
and especially the addition of the extra error-storage capacitor will increase
the effective close-loop capacitance loading for the opamp which limits the
achievable speed of the overall circuit as it will be discussed later.

Correlated-Double
Sampling (CDS)

Output-Correlation Intensity

Error-Storage Way

Holding-CDS Predictive-CDS
® Narrowband correction © Wideband correction
© Simple circuitry ® Complicate circuitry

© w/o S/H input
© w/o Multi-phase

® S/H input (Mostly)
® Multi-phase (Mostly)

/‘VSC/P—CDS

Direct Input-Sampling
Capacitor

® Moderate accuracy

© Insensitive to parasitics

© High achievable speed

© Lower power

© Stiff output timing

EC/P-CDS

Extra Error-Storage
Capacitor

© Higher accuracy

® Sensitive to parasitics

® Low achievable speed

® Higher power

© Flexible output timing

Figure 4-2. Classification of Correlated-Double Sampling SC techniques

3. AZAND CDS SC DELAY BLOCKS WITH
MISMATCH-FREE PROPERTY

3.1 SC Delay Block Architectures

As the SC unit-delay ADB’s are cascaded as a serial processing delay
line, which contributes to the transfer function coefficients implementation,
their errors will be accumulated along this serial delay line that will
considerably affect the overall system performance, e.g. finite gain errors
lead to the reduction in filter coefficient precision and system linearity; DC
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offsets imposes fixed pattern noise. In addition, for further improvement of
accuracy, the elimination of the mismatches among the capacitance ratios is
also indispensable.

Different SC structures can be used as delay cell [4.16, 4.18, 4.20, 4.21,
4.22, 423, 4.24, 4.25, 4.26], here, as depicted in Figure 4-3, we propose
several novel implementations of GOC and Mismatch-Free (MF) SC delay
circuits using CDS technique [4.27], together with a typical conventional
UnCompensated (UC) SC delay circuit of Figure 4-3(a) for reference and
comparison. Figure 4-3(b) presents uncompensated SC delay circuit with
mismatch-free property that was used as ADB in the previous chapter. Since
there is no reset phase in the circuit, this means that half-unit or full-unit
delays can be achieved in practice. Figure 4-3(c) is an AZ MF half-period
delay circuit, and it is the simplest one among all other circuits where only
one reset phase is needed for calibrating the offset and low-frequency errors.
It is also evident that the input sampled and the output signals of circuits
Figure 4-3(b)-(j) are all represented by the same charges on the same
capacitor, which implies that no charge transferring operation exists, thus
eliminating physical mismatch problem of capacitance ratio.

The novel circuits proposed in Figure 4-3(d) and (e) implement SC/H-
CDS and EC/H-CDS, respectively, for achieving both gain- and offset-
compensation. As we can see, both of these two circuits realize the H-CDS
using feedback path of Cr which holds previous phase 2 output voltage for
generating the nonzero inverting node voltage in phase 1 that is stored either
in sampling capacitor or extra error-storage capacitor. This stored voltage
will then be used for approximately compensating the gain error in the next
operation or output phase 2. It is obvious that the drawback occurs when the
input is not oversampled (meaning that the output varies much from one
phase to the next) since the finite gain effect is increased extensively and
cannot be compensated accurately, which implies a frequency-dependent
compensation. Especially, the sampling capacitor C,; (circuit in Figure 4-
3(d)) will directly couple certain amount of charge to Cr depending on the
variation of input signals between the two phases, during the calibration
phase, thus affecting the virtual ground node voltage. While for the circuit in
Figure 4-3(e) [4.28], by having a fixed charge redistribution between the
error-storage C, and Cr, a so-called “super virtual ground” at node x is
generated during the operation/output phase 2, thus leading to better
performance in overall compensation.

The circuits of Figure 4-3(f) and (g) correspond to a further enhancement
of the circuits of Figure 4-3(d) and (e) respectively for fulfilling the SC/H-
CDS and EC/H-CDS schemes. By performing a similar delay switching
operation preliminarily, i.e. by a duplicate SC branch with Cr, a much closer
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approximation of finite gain and offset errors that are expected to be
presented in next output phase can be obtained, thus attaining a very
accurate and almost frequency-independent compensation. Similarly as in
Figure 4-3(d), the charge coupling between C; and Cr will degrade the
compensation performance for circuit of Figure 4-3(f). In addition, all these
two circuits require an extra phase for connecting them with previous stage
due to the fact that the input must be held constant over two phases, because
one phase is necessary for sampling from original output SC branch and
another for the duplicate SC branch phase of the prediction process.

The aforementioned input S/H condition and also the duplication of SC
branches for prediction operation are no longer required in the following two
circuits of Figure 4-3(h) and (i) that perform EC/P-CDS in a different way at
the price of extra phases. The same circuit configuration of Figure 4-3(e) is
employed to achieve the anticipatory compensation successively with
multiple phases in a two-step approach, as shown in Figure 4-3(h). The
circuit samples the input only once and switches the sampling capacitor C;
twice, where in the first time, the circuit performs H-CDS in phase 1 and 1'
while in the second time fulfills P-CDS in phase 2 and 2'. It is also possible
not to increase the speed requirement of the opamp, which is especially
appropriate for sampling rate converter circuits due to their multirate nature.
Also the Figure 4-3(i) implements the anticipatory compensation process
using the Same Sample Correction (SSC) property as referred in [4.14] by
switching the virtual ground from un-compensated (calibration phase) to
error-compensated (output operation phase) by the switching of the error-
storage capacitor in the same output phase. By elegant configuration, this
SSC technique can be applied to any conventional SC circuits to achieve
CDS property by just inserting an SSC branch between input sampling
branches and opamp input as well as adding two operational phases, i.e. E &
0, as can be seen from Figure 4-3(b) and (i).

Finally, Figure 4-3(j) shows the implementation of also a novel MF delay
circuit with EC/P-CDS property which is particularly suitable for fully-
differential circuit which is a dominant technique for state-of-the-art low-
voltage SC circuits due to its superiority in noise and output swing as well as
speed performance. In phase 1, the circuit performs at the same time signal
sampling from positive input at C; and direct signal coupling from the
negative input to the output through C, and Cr where the resulting finite-
gain and offset error voltages reflected to the virtual ground are also stored
in Cj. Thus, if C/Cr =1, the circuit can accomplish also an accurate P-CDS
compensation. Especially, the circuit only needs two phases and more
importantly no input S/H requirement is required.
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3.2 Gain and Offset Errors — Expressions and Simulation
Verification

To facilitate the comparison of all these delay circuits’ performance in
terms of finite gain compensation, the relative magnitude and phase errors of
the overall frequency response will be evaluated. The non-ideal frequency
response due to the finite gain can be approximated by [4.29]

H,(jw)
l-m(jw)- jé(j®)’

H(jw) = when m(jw), 0(jw)<<1 4.1)

where the Hp(jw) is the ideal response of the SC delay circuit while m(j w)
and @(jw) are its relative gain and phase errors, respectively. In addition, to
explore the effect from the DC offset of opamp to the circuit, the y-factor,
namely offset suppression factor [4.9] is employed here, so that the total
offset error of the circuit will be y times opamp DC offset voltage v,;,. We
have derived rigorously the closed-form expressions for these errors for all
of the above circuits that are summarized in Table 4-1, where 4 is the finite
gain of the opamp.

From Table 4-1, it is clearly shown that the gain error of the UC SC
delay circuit with MF property, e.g. Figure 4-3(b) & (c), is always 1/4 and
normally half of that of the conventional UC SC delay circuit that needs
charge transferring like in Figure 4-3(a). Note that, for circuit of Figure 4-
3(b), both the gain and offset errors will be doubled in the output holding
process at phase 2 that could also be used as a delayed signal.

Except for the AZ SC circuit of Figure 4-3(c), where the gain error is
frequency-independent and kept constant at 1/4, all the CDS circuits have
their gain and phase errors dependent of the frequency and described
respectively by cosine and sine function with different weighted magnitude.
As it can be seen, due to the H-CDS nature aforementioned, circuits like the
one in Figure 4-3(d) & (e), have weight factor of 1/4 while the P-CDS
circuits, e.g. Figure 4-3(g), (h) and (j), have a factor of 1/4°, so that the latter
is much more insensitive to the frequency variation. Note that although
circuits of Figure 4-3(f) and (i) tend to operate in P-CDS mode, the
corresponding direct charge-coupling effect between C; and Cr for (f) and
charge-redistribution between C, and C; for (i) will both disturb virtual
ground voltage or indeed the prediction precision, thus the corresponding
weighted factor is 1/4 times their ratios, i.e. K, =C,/C, and k, =C,/C,.
Hence, it can also be deduced that the performance of those two will be
improved by letting &, and &/ be smaller.
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It is also worth to point out that the offset suppression factor for all AZ
and CDS circuits is related to 1/4, while for UC circuits (a) and (b), they are
all greater than 1. Therefore, the DC offset of opamp by AZ and CDS will be
well eliminated.

For corroborating the effectiveness of these derived expressions and
results, both the ASIZ [4.30] and SWITCAP [4.31] simulation outcomes
with respect to both gain and phase errors have been computed in Figure 4-
4(a) and (b) respectively, where 4=100 and all related capacitance ratios are
unity. The simulated results show excellent agreement with the theoretical
expressions: the employment of the MF configuration results in half of the
gain error of the conventional UC SC circuit; and all CDS circuits exhibit a
different-level compensation in finite gain errors. The H-CDS circuits have
only effective gain compensation when signal frequency is lower than a
quarter of the sampling rate when compared to the UC MF circuit. On the
other hand, SC/H-CDS circuit of Figure 4-3(d) is only comparable to EC/H-
CDS of Figure 4-3(e) when k; is fairly small (=0.1). The EC/P-CDS circuits
of Figure 4-3(g), (h) and (j) achieve the highest compensation precision for
their smallest, frequency-independent gain and phase errors. When k; and £/,
are unity, SC/P-CDS circuit of Figure 4-3(f) and EC/P-CDS of Figure 4-3(i)
operate at the similar level of EC/H-CDS of Figure 4-3(¢) in performance,
only when these ratios become smaller, e.g. 0.1, their performance will have
now 10 times improvement, which is consistence with the theoretical
expectation.

Note that all circuits are no longer stray-insensitive due to the finite gain,
which, of course, will relatively degrade the compensation performance.
Moreover, employing error-storage capacitor in CDS circuits will slightly
increase the parasitic effect due to an extra parasitic at the super virtual
ground node x. The simulated gain and phase errors of all the above circuits
are further illustrated in Figure 4-4(c) and (d) where the parasitics with 10%
and 30% of the capacitance for the top and bottom plate of each capacitor,
and with also a non-zero input capacitor of opamp. This input capacitor
becomes not negligible due to the enlarged g, normally needed for high-
frequency circuits. The results clearly show the increase in the magnitude
and phase errors of all the above circuits, especially the circuit in Figure 4-
3(e) and (h). The significant degradation for circuit in Figure 4-3(h) is
mainly because that the parasitics at node x will draw twice the charges from
the sampling capacitor C; due to the two-step P-CDS process. The
simulation shows that if the top-plate of C;, is connected to node x instead of
virtual ground, it will help a little bit the elimination of this effects in this
circuit.
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In addition, although there is no capacitor mismatches contribution to the
delay unity-gain of the circuit in Figure 4-3(j), however, the output voltage
in the calibration phase, where the error voltage is stored, depends on the
capacitor ratio accuracy, i.e. k, = C5/Cr. This effect, nevertheless, is fairly
small especially when compared to H-CDS, and the simulation is also
performed as shown in curve j' for the ratio having 3% variation, i.e. k, =
0.97 where shows that the average error is increased although the
dependency with frequency is slightly reduced, because the magnitude factor
of cosine shape function is also proportional to &, as shown in the Table 4-1.

3.3 Multi-Unit Delay Implementations

As discussed in the last chapter polyphase structures can be optimized by
adjusting the achieved delay of ADB, thus the flexible implementation of
multi-unit delay for delay blocks is necessary for an optimum design. This
session will propose several different realizations of SC delay circuits with
only one opamp but flexible delay arrangements based on the CDS
techniques presented in the last session and also the parallel rotating-
switching techniques.

Both AZ and SC/H-CDS circuits techniques cannot provide compensated
output at the input sampling phase, therefore, only a rational number of
delays can be achieved, e.g. 1.5, 2.5, etc. Presented in Figure 4-5(a) and (b)
are the AZ and SC/H-CDS MF SC circuit realizations with 1.5 unit delays
by rotating switching two parallel SC sampling branches.

Figure 4-5(c) and (d) are proposed to implement EC/H-CDS and SC/P-
CDS MF SC delay circuits with one unity delay. Especially, due to the usage
of the extra error-storage capacitor, the output phase can be assigned in a
more flexible way, like the circuit of Figure 4-5(c) can also realize 1.5 unit
delay with parenthesized phases. It can be straightforwardly extended to
using 7 input branches for realizing delay both z” and z"*"?. Note that the
original two prediction branches are efficiently combined into one for the
circuit of Figure 4-5(d), and in addition, in this special configuration, no S/H
input is required for this circuit.

As mentioned before, SSC can be easily applied in conventional SC
circuit with just an extra SSC branch and two more phases, Figure 4-5(e) and
(f) are the proposed examples of the double-unit SC delay circuits in UC and
EC/P-CDS configurations.

All the above structures can be further extended to realize more unit
delays with more parallel branches and clock phases, but with efficiently
only one opamp.
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4. AZ AND CDS SC ACCUMULATORS

4.1 SC Accumulator Architectures

The gain and phase errors in output SC accumulator mainly lead to a
deviation of the transfer function coefficients and also non-linearity, thus
affecting the achievable image rejection. The DC offset mismatches among
the opamps especially in L-output-accumulator approach directly contribute
to the fixed pattern noise, thus reducing the circuit SNR. We present here
several SC accumulator structures with UC, and proposed AZ, H-CDS, as
well as P-CDS realizations, as shown in Figure 4-6. Figure 4-6(a) and (b) are
the UC and AZ SC accumulator respectively, and Figure 4-6(c) and (d) are
the proposed accumulator circuits realizing EC/H-CDS and EC/P-CDS,
respectively. Positive and negative coefficients can be implemented by,
respectively, TSI, Open-Floating Resistor (OFR) or PCTSC (or replaced by
TSI for fully-differential structures).

Figure 4-6(e) and (f) are two extended implementations of EC/P-CDS for
different purposes, where the former is configured in a time-shared operation
which suitable for the one-output accu-mulator approach aforementioned,
while the latter performs the accumulation in a two-step manner which
allows the flexible charge transferring timing and can be further used for
reducing the spread of the coefficients. These two designs can be applied to
any of the above accumulator structures.

4.2 Gain and Offset Errors — Expressions and Simulation
Verification

According to (4.1), the gain and phase error, as well as the offset
suppression factor for circuit in Figure 4-6(a)-(d) have been derived in Table
4-2. For simplicity, only one input branch with capacitor C, is used for the
expressions.

From Table 4-2, the finite-gain errors for UC and AZ SC accumulators in
Figure 4-6(a) and (b), respectively, are the same while the DC offset of
opamp will be suppressed by a factor of A for the latter circuit. The circuits
EC/H-CDS and EC/P-CDS in Figure 4-6(c) and (d) both have less gain
errors and also 1/A suppression factor for the DC offset. Like those for the
delay circuits, their gain and phase errors are dependent of frequency and
described respectively by cosine and sine function with different weighted
magnitude. Especially, this weighted factor for the EC/H-CDS circuit
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depends on real summing gain factor of the accumulator or the implemented
coefficient, while that for EC/P-CDS is independent of the gain of the
summing circuit but instead depends on the ratio of error-storage capacitor

and the summing capacitor.
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Table 4-2. Gain & phase errors and offset-suppression factor for SC accumulator circuits in
Figure 4-6 (a)-(d)

Figure

4-6 Gain Error m(jw) Phase Error 6(jw) Offset Suppression Factor y
(1+k)
@ —(+k)u 0 T+ a(l+k)
H(+k,)
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Those derived theoretical expectations have been consolidated by the
ASIZ and SWITCAP simulations where the results are presented in the
Figure 4-7 for the finite gain of opamp A=100. Figure 4-7(a) & (b) and (¢) &
(d) are the gain and phase errors obtained from the circuits without and with
non-ideal parasitics capacitors, respectively. Similar as delay circuits, H-
CDS boost effectively the gain of opamp within only a certain range of input
frequency when compared to the UC or AZ cases, while P-CDS have better
compensation in the whole frequency axis. Such frequency-dependent
compensation will be worsened due to the presence of the parasitic effects.

5. DESIGN EXAMPLES

In order to illustrate the utilization and the effectiveness of the above
advanced circuit techniques in multirate interpolating filters, we simply
consider some design examples. Considering a DDFS/DAC system from the
references [4.32] and [4.33], which produces two quadrature output
sinusoids with a variable frequency in the range of 0-13 MHz, is operating at
80 MHz, with the images attenuated by an off-chip dielectric resonator. The
proposed alternative approach is to relax the DDFS/DAC to operate at 40
MHz, and the output signal will be interpolated to 120 MHz by a SC
interpolating filter for further decrease the complexity of the post analog
filter [4.34]. To achieve required image rejection, a 4™-order Elliptic IIR
transfer function is obtained, and the recursive-ADB polyphase structures for
this filter, as well as its corresponding SC circuit schematic with CDS
techniques are presented in Figure 4-8(a) and (b) respectively.
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The accuracy of the serial ADB delay line here is very critical stage due
to the fact that it will be shared for both numerator and denominator
polynomials of the IIR transfer function, which affects the locations of both
poles and zeros, and most importantly, degrade the pole-zero cancellation
owing to the multirate transformation [4.35, 4.36, 4.37] producing sharp
undulations in the stopband. Consequently, the P-CDS techniques with
mismatch-free delay blocks, as presented in Figure 4-5(d), are employed in
this ADB serial delay line for minimizing the accumulated errors. Among all
the ADB stages, the first delay block, which additionally serves as summer
as well for adding the signals from recursive branches, is the most error-
sensitive one. Thus this multifunction SC summer/delay circuit is realized by
using SSC summing property, as presented in Figure 4-6(d) for achieving
high-accuracy P-CDS. In order to alleviate the increased speed requirements
of opamp due to the CDS nature, double-sampling techniques are also
efficiently manipulated in recursive networks. It will only efficiently double
in a small amount SC branches which number is equal to the filter order, i.e.
4, for our design, thus maintaining the same settling time requirement of half
period of lower input sampling period 12.5 ns.

One-time-shared output accumulator with three multiplexed summing
paths can be designed for all polyphase filters, since mismatches in both the
gain and offset errors among the polyphase subfilter paths is rather much
more important than the absolute error, UC circuit can be simply employed
without too much illness, as it will be discussed later. Moreover, it is also
worth to point out that it can achieve the P-CDS gain and offset
compensation by just simply adding a SSC branch to the traditional UC
accumulator structure but with the trade-off of two additional clock phases E
and O as well as reduced time slots for settling.

The simulations of this circuit are illustrated in the Figure 4-9 with also
the comparison to the ideal and uncompensated one. The simulations are
performed with opamp gain of 300, and especially a input parasitics of 0.5
pF presented at the opamp input. It is clearly evident that the variation of the
pole and zero placement due to the finite gain error and parasitics for the
circuit using EC/P-CDS is very small, and thus amplitude response is almost
fully matched to the ideal one, and even if for the case that there is no
compensation techniques used in the last output accumulator, the passband
and stopband deviation (only little net gain shift) is still satisfactory and
closed to the one with EC/P-CDS. All the unwanted image bands located at
27-40 MHz, 40-53 MHz, 67-80 MHz and 80-93 MHz have been attenuated
about 60 dB. Especially, when comparing to the uncompensated circuit with
high gain of 5000, the proposed circuit has the equivalent passband but with
much smaller stopband deviation. While for the uncompensated one with
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gain of 300, its passband and especially stopband varies more than 1.6 dB
and 20 dB respectively due to the large distortion of the placement of poles
and zeros.

Ideal Uncompensated (A=300)
————— Uncompensated (A=5000) - - - - EC/P-CDS (A=300)
0 — EC/P-CDS ADB | UC ACCU (A=300)
T 0 S ‘
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Figure 4-9. Simulated amplitude response of 4™-order IR interpolating filter for DDFS

Another example is an FIR interpolating filter which raises the sampling
rate by 4 fold and achieves the 15-tap lowpass filtering with the passband
ripple less than 0.2dB and image attenuation greater than 50dB. The
simulated results of the circuits employing the H-CDS and P-CDS unity-
delay ADB and accumulator structures discussed in previous sessions are
presented in Figure 4-10 with opamp gain of 100 only. It is clearly evident
that the transmission zeros variation of P-CDS circuit due to the finite gain
error is extremely small as plotted in the zeros patterns of Figure 4-10(a) and
thus the amplitude response is almost fully matched to the ideal one as
shown in Figure 4-10(b). While for the uncompensated one, its maximum
passband and stopband variation are more than 0.7dB and 10dB respectively
due to the seriously distorted location of zeros shown in Figure 4-10(a).
Besides, the response of the interpolator with H-CDS is better than the
uncompensated but worse than P-CDS circuit due to its inherent narrow-
band compensation property.
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Figure 4-10. (a) Zero plots and (b) Simulated amplitude response of a 15-tap SC FIR
interpolating filter with UC, H-CDS and P-CDS realizations (A=100)

6. SPEED AND POWER CONSIDERATIONS

As analyzed in Chapter 3 / Session 2, the speed and power of SC circuits
is directly proportional to the equivalent total capacitive loading. Since the
AZ and CDS circuits possesses more circuit elements and clock phases than
the conventional UC one, the speed and power requirements will be
different. This session presents the speed and power analysis for AZ and
CDS circuits.

Assuming that the single-stage one-pole transconductance opamps,
which are widely used in modern SC circuits, are employed, the unity-gain
bandwidth can be expressed by
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Em
a,,, = 4.2
gb C ( )

Ltot

where C;,, s the total equivalent open-loop capacitive loading of the circuit,
and since the closed-loop bandwidth (@, =1/7,, for 1¥-order system) can
be approximately given by

= fw,, = —=n 3)

Cppy =~ (4.4)

thus, the closed-loop bandwidth is inversely proportional to the effective
closed-loop capacitive loading which is the open-loop capacitive load
divided by the feedback factor. The smaller £ it is, the larger effective
capacitive load it will be. Therefore, the feedback factor is a key for
determining the close-loop circuit speed.
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Figure 4-11. Circuit configurations for different operation phases for UC, AZ and CDS SC
circuits
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Figure 4-11(a) and (b) generally describe circuit configurations for UC,
AZ and CDS circuits in different operation phases where C; and Cp; are the
total capacitance in input branches (also including the parasitics at this node)
and total parasitic capacitance at virtual ground including the input
capacitance of opamp, respectively. On the other hand, Cr and C; are the
feedback capacitor and total output capacitive loading including also the
output parasitic capacitance of opamp. Especially, C, is the error storage
capacitor. The former Figure 4-11(a) can be used for characterizing all UC,
AZ and SC/CDS and the calibration/error storage phase for EC/CDS SC
delay and accumulator circuits, while Figure 4-11(b) describes all the
EC/CDS circuits during the output/operation phase. For instance, in phase 1
of AZ delay circuit in Figure 4-3(¢), corresponding to the equivalent circuit
in Figure 4-11(a), C; represents C; and its top-plate parasitic capacitance, Cr
becomes infinity, while during phase 2, Cr=C, and C; can be the bottom-
plate parasitic capacitance of Cj. Furthermore, in phase 1 of EC/P-CDS
circuit of Figure 4-3(j), corresponding also to the equivalent circuit in Figure
4-11(a): C, represents C,+C}, and their top-plate parasitic capacitance, while
in phase 2, corresponding to the circuit in Figure 4-11(b). Here, C; represents
the top- and bottom-plate parasitic capacitance of C; and Cj, respectively,
while Cr=C;, Cp; is the input capacitance of the opamp and the top-plate
parasitic capacitance of C;. This can be similarly applied to any other delay
or accumulator circuits.

According to Figure 4-11(a) and (b), their corresponding open-loop total
capacitive loading and feedback factor can be obtained respectively by

CLtot,l = CL + 181 ‘(Cl + Cp]) 4.5)
C
ﬂl = F (4.6)
C +C, +C.
and

Cy
CLmt,z = CL + 132 : C](l +F) + CPI (4-7)

h

C

b, = . (4.8)

C+C,+C, +%”(C, +C,)

h
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Comparing (4.6) and (4.8), we can deduce that only if there is no input
capacitance of opamp, the two cases will be exactly the same. However, the
presence of this capacitance leads to an increase of the feedback factor in the
case 2 for the CDS circuits with the employment of error-storage capacitor
(), thus equivalently rendering the increase of the close-loop effective
capacitive loading. In other words, for a required closed-loop time constant,
this increase directly results in a higher value necessary for the
transconductance g,, which is also directly proportional to the required
power dissipation according to (3.3). Therefore, the ratio Cp;/C;, should be
minimized.

In order to clarify the speed and power effects due to usage of the error-
storage capacitor, Figure 4-12 presents the comparison in terms of the
feedback factor Band Cy. for a typical example with C;=Cr= Cp;=1 pF and
C;=2 pF vs. the ratio Cp;/C;. The results show that if Cp;is greater than Cj,
10 times, the Cy., is nearly as large as 60 pF and the 3, is also almost 10
times smaller than £, thus the required g, is also more than 7 times larger
than g,,even if Cp;/Cy=1, the B, and Cy.4 still has about 0.6 and 1.6 times
to those in the case 1.

According to the (3.2) and (3.3), Figure 4-12(a) presents the comparison
to the required tail current for case 1 and case 2 assuming that the telescopic
opamp is used. The case 2 needs more than 1.6 and 7 times the amount of
the current of case 1 for achieving the enlarged g, when Cp;/C;=1 and 10,
respectively. Note that the current from SR requirement for case 2 is slightly
smaller (maximum 5 %) than that for case 1. Therefore, for EC/CDS
circuits, only when the circuit has very high SR requirement (meaning that
the power of the system could be dominated from this SR requirement with
also a sufficiently small Cp;/C, ratio) then the case 1 and case 2 can be
comparable. For example, assuming 1/5 of the phase duration to be allocated
for slewing while the remaining 4/5 for linear settling and ;=200 mV, it
can be easily obtained that only when ¥, is greater than 0.35/4, then the
tail current will be dominated by that required from SR and both case 1 and
case 2 require similar power consumption, e.g. if Vu,=1 V, it needs Cj,
greater than Cp; 10 times to ensure feedback factor at 0.35 from curve in the
Figure 4.12(a). Note that this is not practical for real implementation, due to
the fact that such large C), will first increase the power consumption during
the calibration phase where C, functions as a parasitic capacitor at virtual
ground of opamp, and secondly it will also reduce the accuracy of the gain
compensation as the C,/Cr is enlarged at the same time.
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From the above discussion, it can be concluded that EC/CDS technique
could achieve better performance in terms of compensation accuracy, as well
as flexible output phase arrangement, but at the cost of a significant power
increase.

7. SUMMARY

This chapter has studied advanced SC techniques, namely, gain- and
offset-compensations, specialized to multirate SC structures, by means of the
AZ and CDS, as well as mismatch-reduction. Several novel SC structures
have first been proposed for delay block with both AZ and CDS techniques
embedding the mismatch-free property. Their extended utilizations for
implementing multi-unit delay have also been proposed to meet the
requirements of multirate structures. Different realizations for SC
accumulator by using AZ and CDS techniques have also been presented with
their configurations for both one-time-shared- and L-output-accumulator
approaches specialized in interpolating filters. The error compensation have
been rigorously analyzed together with the comparison to the UC circuits by
both exact closed-form expressions for gain and phase errors, as well as
offset suppression factor with also the comprehensive ideal and parasitic-
involved simulation verifications. Design examples have also been provided
in order to demonstrate the usage of the proposed SC delay and accumulator
block and the effectiveness in terms of the gain compensation.

The results substantiate that the mismatch-free property will halve the
gain-error when compared to the traditional UC SC circuit with charge-
transferring property. Both the AZ and CDS techniques possess a similar
level of offset-compensation to the circuit, and the latter have further
improvement to the gain and phase error. The CDS includes H-CDS and P-
CDS techniques, where the former has effective gain compensation only in a
narrow band frequency, while the latter has rather wider band compensation
but at the price of duplicated SC branches and possible extra phases for error
prediction. According to the error storage method, CDS can be also
categorized in SC/CDS and EC/CDS. Due to the dual functions of sampling
capacitor for storing signal and errors simultaneously, the compensation
performance in terms of both the frequency-dependency and accuracy, as
well as the output phase flexibility of SC/CDS is worse than that of EC/CDS.
However, from the speed and power analysis results, the superiority of
EC/CDS is built on the price of the significantly increased speed and power
requirements due to the increased effective total capacitance loading
imposed by the existing parasitic capacitance in practice, especially at the
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opamp input. Therefore, it finally can be suggested that the EC/CDS
techniques are not very suitable for high-frequency applications due to their
high power consumption nature, and the AZ and SC/CDS will be the best
choice for high-frequency applications especially those not so sensitive to,
either the finite gain or to a very narrow signal band.
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Chapter 5

DESIGN OF A 108 MHZ MULTISTAGE SC
VIDEO INTERPOLATING FILTER

1. INTRODUCTION

A high-performance and economic solution for digital video in modern
consumer and professional applications entails a high integration of the large
digital system with traditionally external analog interfaces on a single chip,
like DVD players, TV-output in DVD-equipped PCs, PC multimedia video
editing systems, digital set-top boxes, digital still cameras, video phones, as
well as studio and broadcast video systems and others [5.1, 5.2, 5.3, 5.4, 5.5,
5.6, 5.7, 5.8, 5.9]. In such systems, the digital YCrCb (4:2:2) 8-bit or 16-bit
component video stream inputs are converted into standard analog
composite (NTSC or PAL) or S-video outputs, and a post signal restitution
or anti-imaging filter is necessary to smooth the DAC outputs by attenuating
the images from the inherent sampling process in digitizing analog video.
However, as shown in Figure 5-1(a), many currently available video
encoders in the market still require an off-chip passive inductive-capacitive
(LC) filter for this post reconstruction filtering [5.1, 5.3, 5.7, 5.8]. The
implementation of high-order monolithic CT filters, together with phase-
equalization, for wideband video applications is still not straightforward and
cost-efficient due to the limitation of the inherently inaccurate time-constant
in current IC technology [5.10, 5.11, 5.12, 5.13, 5.14, 5.15, 5.16]. In
addition, a sinx/x correction is usually required prior to the DAC in order to
correct for rolloff due to the S/H effects at lower sampling rate, e.g. 2.1 dB
roll-off at 13.5 MHz [5.1, 5.3, 5.7, 5.8].

The analog multirate video scheme [5.17, 5.18, 5.19, 5.20] as shown in
the Figure 5-1(b) by inserting a multistage 8-fold FIR linear-phase SC
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interpolating filter, generates CT sampled-and-held signal at 108 MHz
output sampling rate. This reduces the speed of the video DSP and DAC or
simplify the CT filter to only a very relaxed 1*-order (e.g. -3dB-frequency
can be varied within +20% around the nominal 18 MHz), and at the same
time eliminates the sinx/x correction (the roll-off at 5.5 MHz with 108 MHz
is as small as 0.037dB), as well as the phase equalizer stage, thus leading to
a low-cost full single-chip alternative.

This chapter presents an optimum design and realization of this high-
frequency 8-fold multistage SC FIR interpolating filter for NTSC/PAL
digital video according to CCIR-601 standards [5.1, 5.3, 5.7, 5.8, 5.21, 5.22],
i.e., equi-ripple gain (< £0.25 dB) & linear phase characteristics (< =10 ns
group delay variation) in 5.5 MHz passband with typically a 40 dB stopband
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Figure 5-1. (a) Traditional (b) Multirate alternative for digital video restitution system
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2. OPTIMUM ARCHITECTURE DESIGN

2.1 Multistage Polyphase Structure with Half-Band
Filtering

In order to use only a very simple and less stringent 1¥-order post CT
filter, the sampling rate must have 8-fold increase. However, if a single stage
design is employed, this large interpolation factor will lead to impractical
high FIR filter length and coefficient spread, i.e. 76 and 2200. Multistage
implementation, with a series of interpolation stages with relatively small
rate change ratio will exhibit greater efficiency in practice when compared
with a single stage implementation in terms of filter order and spread,
similar to those in multirate digital interpolation [5.23, 5.24, 5.25, 5.26]. As
shown in the Figure 5-2, this 8-fold interpolation is implemented in a
cascade 3-stage design, and the signal images sampled at 13.5 MHz will be
attenuated by these multistage filter stage by stage, and the sampling rate
will also be double for each stage. Therefore, in this arrangement, the total
filter length is halved to only 23+8+6=37 and maximum spread is 114
(finally, to only less than 20 considering the proposed SC spread reduction
technique presented next), and thus directly resulting in considerable savings
in silicon and power consumption. More importantly, the dependency of
system performance to the capacitance ratio sensitivity will be substantially
relaxed with the multistage implementation, because for the original 76-tap
design with 0.5 % Gaussian standard deviation of coefficient ratio, the
achievable minimum stopband attenuation from (3.6) is about 36 dB which
is out of the design specifications, even without counting any other nonideal
effects of SC implementations.

In addition, for further optimum realization, half-band filtering
techniques [5.23, 5.24, 5.25, 5.26, 5.27], which are specialized for multirate
filtering with 2-fold sampling rate alteration ratio, will be efficiently used in
the first stage that is the most stringent stage among all others. The main
advantage of half-band filter is that almost half of impulse response
coefficients are zero which reduces not only the SC branches and
capacitance area but also, and relatively, the sensitivity problem which is a
critical limitation of long-tap analog transversal filter [5.28, 5.29]. Hence, a
23-tap FIR half-band filtering function is obtained for the first stage with
sampling rate increase from 13.5 MHz to 27 MHz, as shown in Figure 5-1.
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Figure 5-2. 3-stage implementation of 8-fold interpolating filter for digital video restitution
system

Although the 2™- and 3"-stage, that all have interpolation factor of 2, can
use the half-band filtering functions, the system function with even-number
order has been employed, i.e. 8- and 6-tap FIR functions for 2™ and 3"-
stage with 27 MHz to 54 MHz and then 54 MHz to 108 MHz rate increase,
respectively. Such solutions will help to boost the high-speed capability with
reduced power consumption, as well as improved accuracy for these two
stages, as will be analyzed next. Moreover, the half-band ADB polyphase
structures [5.30] and direct-form polyphase structures with rotating-
switching parallel coefficients [5.31] are employed for the 1** and the last 2
stage filters.

2.2 Spread-Reduction Scheme

One critical problem of analog SC FIR filter is the capacitance spread
which is normally very large especially for narrowband filtering. In this
design, the spread has been optimized in a system-level from original more
than 2000 for a single stage to only maximum of 114, 32 and 26 for 1%-, 2™
and 3"-stage realization. Especially, the spread in each stage can be further
halved to only 57, 16 and 13, respectively, according to the improved analog
polyphase structure (divided by interpolation factorL) [5.29]. However, the
maximum will be close to 11.4 pF for a unit capacitance of 200 fF that is
still impractical for implementation at such high frequency. T-network
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scheme [5.32] can reduce the spread but at the expense of requiring higher
DC amplifier gain and suffering parasitics.

Although some techniques have emerged for SC circuits with very large
time constant [5.33, 5.34, 5.35, 5.36, 5.37, 5.38], here we proposed another
novel and efficient technique, namely, two-step summing approach, for
further spread-reduction. For simplicity, this 2-step summing approach is
described based on its SC implementations, as shown in Figure 5-3(a), (b)
and (c), respectively, for one higher-speed opamp, double-sampling and
autozeroing realizations (Note that the SSC can be applied in both Figure 5-
3(a) and (b) for achieving CDS). Its operation is described as follows: the
coefficients in l“—stage are divided into Group A: h(hy)— he(hi6) and Group
B: hg(his)— hio(h12) which will be normalized separately with their own
summing capacitor Cj,,4 and Cy,,p and their charge transferring will be
accomplished in two steps at successive phases A and B respectively, and
the summed output in phase A will be transferred to Ci,,z by an extra C,zin
phase B together with the charges from Group B capacitors. Thus, the
implemented coefficients for Group B will be simply Cg/Cs,.5, While for
Group A, it becomes (C,/C.,)-(C,/C.,). To make an integer ratio of C,z
and C,,p for good matching leads to the sensitivity of overall capacitance
ratio equivalent to the original one. In this realization, the spread can be
reduced to only 8 for 1%-stage, although 10.3 is finally adopted to increase
the feedback factor for relaxing OTA speed with dynamic range scaling for
two phase outputs. Thus, about 72% reduction in total capacitance area is
achieved by the above spread reduction scheme, and more than 30% is
further saved by the coefficient-sharing technique that will be discuss later.
Note that there is a half period delay between the sampling instant of group
A and B SC branches that needs to be arranged during the signal sampling.

2.3 Coefficient-Sharing Techniques

One advantage of FIR linear phase filtering in terms of implementation is
the feasibility of the sharing of symmetrical coefficients. Unlike in digital
signal processing, it was not achievable previously in pure SC circuits
(unless for the semi-analog SC FIR structures [5.39] which is not suitable for
high-speed filtering) due to the impossibility of analog summing by only one
SC branch. As both positive and negative outputs are available in fully-
differential structures, we propose here a simple and elegant solution for
sharing coefficients by just subtracting one positive version output signal for
another but in negative version that will have same tap weight from distinct
delay stages, instead of signals summing. Such subtraction can basically be
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implemented by SC branches in either an instantaneous-adding or
subsequent-adding approaches as shown in Figure 5-4(a) and (b). The latter
one is preferred as it is insensitive to parasitics as the former does, and it can
also eliminate the signal-dependent charge injection & clock feedthrough
errors by using bottom-plate sampling that is not applicable to the former.
Note that the latter will subtract two inputs in two consecutive phases whose
charge transferring can be described as

AQ(2) = C-V,,(2)2" +V,,(2)] (5.1)

where the extra z'? delay can be embedded in the delay line during the
signal sampling.

(ol
(a) vin1+ ° T Aq
Vinz = O Virtual Ground
Adelayed C
Vit o A
(b) inl B ¢ q
Vin2 =

Virtual Ground
Bdelayed

Figure 5-4. (a) Instantaneous-adding (b) Subsequent-adding SC subtraction branches using
Coefficient- Sharing Technique

Such novel coefficient-sharing leads to, not only a substantial reduction
in total capacitor area which normally dominates the total chip area, but also,
more importantly, to a large improvement in capacitance ratio matching and
sensitivity. Moreover, it also reduces the total capacitive loading and
increases the feedback factor to output accumulator opamp, which in turn,
improves the achievable speed of summing circuit and decreases the
required power consumption.
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3. CIRCUIT DESIGN

The SC circuit implementation for the 3-stage is summarized in the
Figure 5-5 [5.40] and the implemented FIR coefficients are listed in Table 5-
1. The following sessions will present each stage in detail.

____________________________________________

Mismatch-free, Offset-
Compensated, 6-stage
Delay Line

2".Stage 3".Stage

'
"P@!

13.5 MHz
:

|5
From 4™-Stage

Polyphase filter 1 (Semi-
Offset-Compensated)
Coefficient-Shared SC

Multiplexer
& Buffering

i :
I\ | 2 Parallel Double-Sampling { |

DF Polyphase subfilters
+

Multiplexer & Buffering

i
i
i\ | 2 Parallel Double-Sampling

DF Polyphase subfilters
+

Multiplexer & Buffering

s

Branches + Two-step
Accumulator

Figure 5-5. SC implementations for 3-stage video interpolating filter

Table 5-1. FIR Coefficients for 3-stage video interpolating filter

1%'-Stage 2"9.stage

hos | oo -0.0177 hos| hoa 0.0625
By | haos 0.0299 hia) oo -0.0813
o, | s, -0.0554 oo | hss 0.3192
hoi | he. 0.0997 hsa| has 0.9375
hs, | hia, -0.1947 3".Stage
Rios | hios 0.6306 hos| hs -0.0898
By 1 his| has 0.1475
others 0 hos| hss 0.8462

3.1 1%-Stage

The 1%-stage is the most critical stage requiring a high-order (23-tap)
function due to its sharp-selectivity frequency response. ADB delay-line-
based FIR structure specialized for half-band filtering [5.26, 5.27], which
contains only one polyphase subfilter, is used. However, in order to reduce
the accumulated errors along the delay line especially the offset errors which
will lead to fixed pattern noise, either autozeroing or CDS techniques is
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necessary for ensuring the pattern noise below signal in the order of 45 dB.
Besides, the minimization of the number of ADB’s is also crucial for better
noise and especially less power consumption. The final required ADB
number in the delay line has also been optimized from the original number
close to 20 to only 6, due to the use of the rotating-switch multi-unit delay
scheme.

The coefficient-sharing and two-step summing techniques have also been
applied in this stage, leading to the final circuit presented in Figure 5-6(a)
where the multi-unit AZ SC delays are derived from Figure 4-3(c) and
Figure 4-5(a) in previous chapter and thus not shown here for simplicity. For
clarity, the following summarizes the employed techniques in this stage.
Half-band ADB polyphase structure
Mismatch-Free and Multi-unit ADB
Semi-Autozeroing (or EC/P-CDS)

Coefficient-sharing technique
Two-step summing technique

After an optimization among the number of delay blocks and coefficient
sensitivity taking into account the arrangement of coefficient-sharing,
spread-reduction, as well as AZ scheme, only Ay & hig, he & hig, hs & hya,
and &9 & hi; have been efficiently shared except o & hy,, iy & hiy9 in which
some are indeed implemented by parallel/rotating switching SC branches for
achieving longer delay, as shown in Figure 5-6(a). This is due to the fact that
they have the smallest value and, particularly, less sensitivity among all
others, thus no big impact on silicon area and sensitivity. Especially, by
taking advantage of this low-sensitivity property, and for saving more delay
block or power and for achieving an even-number of delay, 4y, /9 and %y,
are implemented by TSI branches that are not able to store the offset error
during the signal sampling, and thus rendering offset error. However, the
resulting pattern-noise tone due to this so-called semi-autozeroing circuit are
still all >50 dBc from simulations, which is still within the specifications.
Furthermore, the sole mid coefficient /4;; in polyphase filter 1, which is the
most sensitive one that affects especially stopband in half-band filter, has
been adjusted to unity and was obtained directly from the mismatch-free
delay line for eliminating the capacitance ratio deviation. The two-step
summing scheme is used here for the two group of coefficients, i.e. Group
A: ho(hzz)— h6(h16) and Group B: hg(h14)— h]o(h]z).

For comparison purposes, another version of the 1%-stage implemented
by EC/P-CDS techniques is also presented in Figure 5-6(b) where the ADB
cells are obtained from the Figure 4-3(g) and (j) and Figure 4-5(d) and the
one-time-shared EC/P-CDS accumulator is modified from Figure 4-6(e)
using SSC GOC techniques [5.30]. More importantly, the power analysis for



108 Design of Very High-Frequency Multirate Switched-Capacitor Circuits —
Extending the Boundaries of CMOS Analog Front-End Filtering

these two circuits is illustrated in the Table 5-2. The results validate that the
special low gain requirement of opamps for EC/P-CDS techniques trades off
with the consumed power dissipation being in this case much higher and
almost 3 times than that for AZ.
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Figure 5-6. (a) AZ (b) EC/P-CDS SC implementations for the 1¥-stage
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Table 5-2. Power comparisons for 1%-stage in AZ of Figure 5-6(a) and EC/P-CDS of Figure
5-6(b)

AZ - ADB AZ - ACCU EC/P-CDS - ADB EC/P-CDS - ACCU
Phase Cali. o/P Cali. o/pP Cali. o/pP Cali. o/P
Settling Time 35ns 35ns 35ns 35ns 16.5 ns 16.5 ns 16.5 ns 16.5 ns
Max. Vo 0.7V 07V 07V 07V 13V 0.7V 13V 0.7V
SR 120 V/ius 120 V/us 120 V/ips 120 V/ps | 390 Vius 210 V/ius 472 Vius 255 Vius
FB Factor 1 0.32 1 0.46 0.31 0.25 0.25 0.16
Equivalent Cy,,| 2.6 pF 4 pF 9.3 pF 4.8 pF 1.35 pF 5pF 6 pF 5.9 pF
Zu 0.6 mS 3mS 2.3mS 2.6mS 1.64 mS 7.6 mS 10 mS 16 mS
Iss 031mA 048 mA 1.12mA 0.58 mA 0.53 mA 1.52mA  282mA  3.73mA
Total Power 14 mW (8 opamps) 39 mW (7 opamps)

Note: 2 ns is allocated for Non-overlapping phase gap and delay time for bottom-plate sampling technique
The highest g,, and /g5 are presented for the opamps in ADB’s and accumulators

3.2 2"%- and 3"-Stage

The relatively lower filter order feature for 2™ and 3"-stage allows the
possibility of elimination of the ADB delay line structures, which increase
the sensitivity to the opamp offset and gain errors. The direct-form
polyphase structures with multi-unit delay by parallel rotating-switching and
double-sampling accumulation are feasible here without extra offset
compensation phases, so the opamps can have full wide input sampling
period for settling so as to minimize the power consumption and enlarge the
design headroom of the high frequency opamp which is the more important
for these two stages. Especially, the even-number filter order is employed,
e.g. 8 and 6 for 2"- and 3"-stage respectively, so that each of 2 polyphase
filters (L=2) will contain same tap number and weight, thus contributing
with a more balanced error factor to two paths for reducing, relatively, the
path offset mismatches. In this way, the overall offset errors are more
dependent on the random opamp DC offset mismatch that can be improved
by using careful layout techniques.

The simplified circuit schematic for these two stages is presented in
Figure 5-7. As presented, sy, — 17, as well as A3 — hs, are implemented by
rotating-switching SC branches for achieving a longer delay. Individual
output accumulator with double-sampling approach and the mismatch-free
SC multiplexer, discussed in Chapter 2 / Session 4.2, are employed here. It is
worth to point out that the multiplexers between stage 1 and 2 (not shown in
the figure for simplicity), as well as stage 2 and 3 mainly function as an
buffer interface for providing enough driving capability, although they can
be replaced by the next stage SC branches with proper sampling
arrangement to the accumulator output. This buffering is necessary for



110 Design of Very High-Frequency Multirate Switched-Capacitor Circuits —
Extending the Boundaries of CMOS Analog Front-End Filtering

significantly lessening the capacitive burden of the accumulators that are the
vital part of the circuit and extensively relate to the system response
accuracy. From the calculations the power budget in this way is even lower
than that without multiplexers. Especially, this type multiplexers introduce
less gain and offset mismatches and suitable for high-frequency operation
aforementioned in Chapter 2 / Session 4.2.

The power assignment for these two stages is presented in Table 5-3. The
highest power-consuming element is the opamp 3 in the output multiplexer
of the 2"-stage, due solely to the need to drive large capacitive loading
imposed by all 3"-stage coefficient capacitors. The total expected power is
about 30 mW for two stages.
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Figure 5-7. Simplified SC implementations for the 2"- and 3-stage

Table 5-3. Power analysis for 2%%- and 3"-stage

2"%_Stage 3" Stage
opamp Mux 1&2 3 4&5 6
Settling Time 35ns 35ns 16.5 ns 16.5 ns 7.25ns
Max. Vo 12V 12V 07V 07V 04V
SR 220 Vs 220 Vius 300 Vius | 250 Vius 320 Vips
FB Factor 0.53 0.34 0.54 0.36 0.58
Equivalent Cp. 9 pF 4.3 pF 7.5 pF 4 pF 3.2pF
gm 4mS 3mS 6 mS 5.4 mS 6 mS
Iss 2mA 1mA 22mA 1.1 mA 1.2 mA
Total Power 19 mW 11 mW

Note: 2 ns is allocated for Non-overlapping phase gap & delay time for bottom-plate sampling technique
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The total estimated noise performance for this 3-stage filter have also
been calculated with transistor-extracted parameters according to the
analysis methodology aforementioned, and the worst-case total noise is less
than 300 UV, so considering a 1 V., input signal, it leads to the SNR
greater than 60 dB which is satisfactory for our specifications.

3.3 Digital Clock Phase Generation

Digital phase generation network whose block diagram is shown in
Figure 5-8 needs to provide in total 44 phases including fall-time delayed
version of the main clock for the bottom-plate sampling. Robust
synchronization among submaster clocks and all multiple phase outputs with
different periods was achieved by using optimized logic structures, so that
the systematic mismatches in rising edges could be only happen in the
phase-width control and buffering circuitry. For simplicity, only the
submaster clock generation and phase-width control circuitry are shown in
Figure 5-9(a) and (b), respectively. The circuit for Figure 5-9(a) provides 3
submaster clock synchronized at 108 MHz, 54 MHz and 27 MHz with a
signal clock input, while the phase-width control cell, which is used for all
phases from logic encoder, generates two rising-edge synchronized phases
but with different falling-edge controls, as shown in Figure 5-9(b).
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Figure 5-8. Multiple phase generation block diagram for multistage SC video interpolating
filter
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In order to evaluate the influence of the timing-skew errors in the clock
phase, the Figure 5-10 presents the 100-time Monte-Carlo simulated mean
value of SNR and SFDR of a 5.5 MHz signal sampled at 108 MHz
(uniformly sampled value but with non-uniformly S/H output) versus
different path number and standard deviation of the timing skew errors. For
ensuring SNR>45 dB, the timing skew error must be smaller than 2-3
hundred pico second. From the overall clock phase generation structure, the
main contribution of the random mismatches happens in the phase-width
control, as well as in the buffering circuitry where the mean value of phase
skew deviation for these blocks, by the Monte-carlo HSPICE simulations is
smaller than 100 ps.

The simulated total dynamic power for the digital phase generation is less
than 30 mW where a large portion of that is dissipated by the buffering
circuitry for driving all the switches.
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4. CIRCUIT LAYOUT

The circuit was designed by employing a 0.35 um double-poly triple-
metal CMOS technology. For minimization of the power at higher operation
speed, the single-stage telescopic OTA structure, with Miller-effect
cancellation transistors and wide-swing, internal-biasing for the cascode
transistors was adopted here. The common-mode voltage is stabilized at 1.1
V by a dynamic SC common-mode feedback circuit. The fastest opamp
achieves 70 dB gain, 302 MHz GBW with 64° PM, and 6.5 ns settling time
and consumes 6.6 mW of power from layout-extracted Cadence simulation
results.

Common-centroid plus dummy periphery and mirror-symmetrical
arrangements have been employed for the mismatch-sensitive analog parts,
like opamp differential pair, and critical capacitor group. One analog and
one digital VDD supply are used with a shared ground. On-chip MOS
capacitors between VDD and ground are inserted in any empty area for
having enough decoupling capacitance. The overall circuit layout is shown
in Figure 5-11 with an active area about 3.3 mm? including both analog and
digital parts.
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Figure 5-11. Circuit layout for 3-stage 8-fold SC interpolating filter (AC-Accumulator, PF-
Polyphase Filter, MP-Multiplexer)

5. SIMULATION RESULTS

5.1 Behavioral Simulations

To evaluate the random capacitance coefficient mismatch errors, Monte-
Carlo amplitude simulation for capacitance ratio being independent zero-
mean Gaussian random variables with the deviation within 1.5 % has been
performed and the results are shown in Figure 5-12. It shows that the upper
and lower bound deviation in passband are within the desired +0.25 dB
including the output S/H shaping effect, and the unwanted image bands
located at 13.5 MHz, 27 MHz, 54 MHz have been all attenuated by the 1%-,
2" & 3"-stage with a value subsequently greater than 40 dB.
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Figure 5-12. Monte-Carlo amplitude response simulation (500-time, 6 = 0.5 %)

5.2 Circuit-Level Simulations

The circuit was also fully verified by the transistor-level and parasitics-
involved layout-extract post simulations. Figure 5-13 shows that the
amplitude response for the 1% and last 2 stages (2"+3™) from the transistor-
level Periodic Swept Steady-State AC (PSS-AC) analysis using Spectre
simulator in Cadence package, which shows that the circuit meets well the
specifications. Figure 5-14 presents the spectrum of 108 Msample/s output
signal from this 3-stage filter with a 5 MHz, 1.3Vp-p, 13.5 Msample/s input.
The result is obtained from FFT of one worst-case transistor-level transient
simulation with opamp transistors sized by Monte-Carlo mismatches at a
maximum of 6 %. It is obvious that the unwanted images of input baseband
signal and the fixed pattern noise tones around 13.5, 27 and 54 MHz have
been supressed below 45 dB, and the rest spurs are the frequency translated-
images of the harmonics sampling at different input & output rates, and their
multiples, which result in a Total Harmonic Distortion (THD) still below —
60 dB.
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level simulation

In addition to the verification by the LVS (Layout versus Schematic)
CAD tool to the complete layout, the FIR impulse responses to each stage
and the overall system have been performed for validating the practical
circuit effectiveness, by the parasitic-involved post-layout transient
simulation, but with a reduced computation time. Figure 5-15(a), (b) and (c)
are the achieved symmetrical FIR impulse transient responses of 1% 23-tap
half-band, 2™ 8-tap + 3™ 6-tap stage and the whole 3-stage system,
respectively.
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6. SUMMARY

This chapter has presented an efficient design and implementation of a
13.5 Msample/s to 108 Msample/s, 3-stage linear-phase SC FIR
interpolating filter for post reconstruction proces in a CCIR-601 NTSC/PAL
digital video system.

Multistage configuration of the interpolation structure has been
efficiently designed to achieve an optimum solution for integrated circuit
implementation by means of the minimization of silicon area, power as well
as coefficient sensitivity due to the significant reduction in the required filter
order and capacitance total value and spread.

Different advanced SC techniques, which can also be extended to the
utilization in standard SC circuits, have been proposed for different stages to
relax their most stringent and sensitive specifications, e.g. filter response
accuracy and pattern-noise issues for 1*-stage and the speed and power
issues for 2"- and 3"-stage. Half-band ADB polyphase structure with
mismatch-free, multi-unit ADB, coefficient-sharing technique as well as
two-step summing technique have been employed in the 1%-stage for
minimizing the ADB/or opamp, SC branches as well as coefficient spread to
minimize the accumulated errors in order to meet the high-order steep
response. Moreover, to alleviate the pattern-noise, Autozeroing techniques
have been partially employed in the 1*-stage. The direct-form polyphase
structures with double-sampling and parallel rotating-switching SC branches
have been utilized in 2"- and 3"-stage so that power and speed requirements
are greatly relaxed. The even-number filter order is designed to help the
reduction of the offset mismatches between two polyphase subfilter paths so
as to control the pattern-noise tone within the specifications.

Multiple clock phase generation has also been designed for driving 3
stages with a special synchronization control and phase rising-edge control
for minimization of the clock-feedthrough and charge-injection effects.

This high-frequency multistage SC interpolating filter including both
analog and digital part has been realized in 0.35 um CMOS technology. The
performance has been validated on the basis of behavioral-, transistor- and
parasitic-involved layout-extracted level simulations. It is expected to
consume an active area of 3.3 mm’, and less than 50 mW static analog and
30 mW average digital power at 3V supply, which is very attractive when
compared to more than 300 mW in typical existing analog video filters [5.15,
5.16].
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Chapter 6

DESIGN OF A 320 MHZ FREQUENCY-
TRANSLATED SC BANDPASS INTERPOLATING
FILTER

1. INTRODUCTION

Frequency-translated sampled-data filtering was initially introduced for
very narrow band filtering [6.1]. Its usage has since then been extended to
many more applications, namely: the subsampling architecture with
sampled-data filtering, which combines both functions of channel selection
and frequency downconversion for radio wireless receiver, is one of the
notable examples nowadays [6.2, 6.3, 6.4, 6.5]. This chapter presents a
complementary approach combining frequency-band selection with
frequency upconversion for using in an 8-bit Direct Digital Frequency
Synthesis (DDFS) system. DDFS systems have been increasingly employed
in modern wireless communication systems due to their fast frequency
switching, high purity, reduced phase noise, and fine frequency steps when
compared to conventional PLL-based synthesis techniques [6.6, 6.7, 6.8, 6.9,
6.10, 6.11]. However, one of the most important drawbacks is its power-
hungry property due to the digital circuit nature, especially at high
frequency.

In the traditional design, as shown in Figure 6-1(a), the ROM-based
DDEFS digital core containing a phase accumulator together with a phase-to-
sine amplitude ROM Look-Up Table (RUT), and the following linear DAC,
are targeted to operate at normally 3-4 fold higher frequency than the
synthesis signal band for simplifying the post CT smoothing filter, i.e. the
DAC operates at 240 Ms/s for desired 56-58 MHz signal band, combined
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with a 4™-order CT post filter that still needs a complex tuning circuitry for
on-chip implementation.
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Figure 6-1. (a) Traditional ROM-based DDFS system (b) Proposed DDFS system with
frequency-translated SC bandpass interpolation filtering and its signal spectrum



Chapter 6: Design of a 320 MHz Frequency-Translated SC 125
Bandpass Interpolating Filter

In the proposed approach here, as shown in Figure 6-1(b), an SC
bandpass interpolating filter is inserted between the DDFS digital core +
DAC and the output CT smoothing filter to translate 22-24 MHz frequency
band to 56-58 MHz with an embedded sampling rate increase from 80 MHz
to 320 MHz. This allows a 3-fold relaxation in speed to 80 MHz of the
DDFS digital core and the DAC with reduced synthesis signal frequency
range at 22-24 MHz and also a 2-fold reduction in the post smoothing filter
order that is reduced to a simple biquad. From the reported DDFS system
operating in the hundred megahertz range, it normally dissipates from
hundreds of milli-watt to several watt of power, depending on the system
architecture [6.6, 6.7, 6.8, 6.9, 6.10, 6.11]. Thus, a 3-fold reduction in
operating speed directly results in a 3-fold power reduction besides other
benefits in terms of design complexity, system area and performance. Indeed
this also gives a more than 3-fold enhancement in the design headroom for
an 80 MHz DAC in contrast with the design of a 240 MHz DAC. Moreover,
the power per pole for state-of-the-art CT filter, with cut-off frequency
beyond 50 MHz and at least more than 45 dB dynamic range and 1 V,,
output, costs about several tens of milli-watt depending on the filter topology
[6.12, 6.13, 6.14, 6.15, 6.16, 6.17, 6.18], so the required power will also be
halved in this approach. Moreover, designing a more relaxed CT biquad is
much easier than a 4™-order one for the above specifications.

2. PROTOTYPE SYSTEM-LEVEL DESIGN

2.1 Multi-notch FIR Transfer Function

Both FIR and IIR functions can be chosen for the design of this bandpass
interpolating filter. It needs a 6™-order IIR function with a Q-factor higher
than 20. However, it is not possible to obtain accurate passband location by
adjusting the sampling rate, which can be normally used for standard high-Q
SC filtering [6.19, 6.20], as the frequency-translated band will also be
shifted according to the change of sampling rate. Besides, the required non-
recursive filter taps after IIR multirate transformation for ensuring low-speed
operation of circuit [6.21] will still be as high as 25 terms. An FIR function
with its low sensitivity nature in the passband is more suitable for this
application. Nevertheless, for traditional designs, the filter taps can be as
high as about 30 based on Optimum Parks-McClellan or linear programming
algorithms, and more than 40 for the normal Windowing method. The
coefficient spread is also unacceptable in those approaches. In order to
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overcome such design difficulties, a specific Optimum Zero-Placement
methodology is employed here, as shown in the z-domain zero-plot of Figure
6-2, whereby some zeros are placed directly at the input and unwanted
imaging bands, e.g. two zeros inside both 22-24 MHz and 102-104 MHz
bands; some are located nearby unwanted imaging bands for helping the
rejection with other extra functionality, e.g. zero at 80 MHz is specifically
added for eliminating DC modulation to the DAC DC offset that is
associated with the filter input signal, thus improving the output signal
purity, as the resulting spurs are near passband but without enough
attenuation. The final zero location and number are optimized according to
the required rejection, together with a Monte-Carlo sensitivity analysis to
take into account the practical capacitance ratio mismatches. The filter
finally requires only 15 taps in Table 6-1 and yields a very satisfactory
maximum spread of 6. For having stopband rejection around 45 dB, the
standard deviation of capacitance mismatches must be controlled within 0.4
%, regardless of all other factors.
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Figure 6-2. Zero-plot for multi-notch FIR system function by optimum zero-placement
method
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Table 6-1. Tap-weight for multi-notch FIR system function

Tap-weight Value

ho| B 0.2503
| hys 0.4830
hy| hyy 0.3152
hs| by -0.1878
hy| hio -0.5758
hs| ho -0.1708
hy| hs 0.6346
hy 1

2.2 Time-Interleaved Serial ADB Polyphase Structure with
Autozeroing

Since the filter length is greater than two times of the interpolation factor
4, the canonic ADB polyphase structure is suitable for circuit
implementation with high-frequency operation as mentioned in Chapter 2 /
Session 4. According to (3.17), for ensuring 45 dB signal to pattern noise
ratio, the channel offset mismatches must be controlled with the standard
deviation smaller than 2 mV which is very hard to achieve for this filter
length and operating frequency. Therefore, autozeroing technique is
employed finally for overcoming these errors. However, to cope with the
achievable delay for the autozeroing SC delay cells which have one output
phase for resetting, and also to minimize the number of power-consumed &
error-accumulated serial ADB’s, a specific time-interleaved serial ADB
polyphase structure with autozeroing configuration is designed here, as
shown in Figure 6-3. This structure realizes the required delay for
coefficients by an optimal combination of time-interleaving delay path with
multiple unit delay cells, delay-free or multi-unit delay SC polyphase
branches for positive and negative coefficients, as well as a special
multiplexing network. Finally only 4 ADB’s are required for this 15-tap
transfer function. The 4 individual accumulators for each polyphase
subfilters, which are also the most power-consumed and accuracy-dependent
part of the filter core, fully operate at input lower 80 MHz, and thus leaving
a relatively-simple-operation output multiplexer operating at higher output
rate that won’t cost too much as will be discussed next.
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Figure 6-3. Time-interleaved serial ADB polyphase structure with autozeroing

3. PROTOTYPE CIRCUIT-LEVEL DESIGN

3.1 Autozeroing ADB and Accumulator

The circuit is implemented in a fully-differential architecture and the
autozeroing SC ADB is the modified symmetrical version of the mismatch-
free autozeroing SC delay circuit presented in Chapter 4 / Session 3. For
simplicity, only the SC ADB (D1b) with multiunit delay z® (or z** referred
to input lower sampling rate) is presented in Figure 6-4. Note that the extra
switches swi & sw2 (swil’ & sw2’) are mandatory for breaking the resistive
paths during the charge-holding phase of SC branch / and 2, thus
eliminating the signal-dependent clock-feedthrough and charge-injection
errors. Since both the slew rate and feedback factor of the close-loop delay
circuit are proportional to the capacitance value of sampling and holding
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capacitor, a value of compromise is found at 0.48 pF, which has also enough
noise headroom for the required noise tolerance of the filter.

The fully-differential autozeroing SC accumulators are illustrated in
Figure 6-5(a) and (b) for polyphase subfilter m=0 and m=2, respectively. The
filter tap weights are implemented as direct capacitance ratios of the SC
branches to the summing capacitor by either in-phase direct charge coupling
or out-phase charge transferring. Especially, to help the minimization of the
time-interleaved paths for the last high-speed multiplexer with also the full
output sampling period for settling, the polyphase subfilters m=0, 1 and
m=2, 3 are designed to operate at different A and B phases, respectively,
thus having 2 extra unit delay embedded in all coefficient branches for
subfilters m=2, 3. This special arrangement must also be taken into account
for the realizations of the coefficient delay, as well as the structural
optimization in terms of number of ADB’s that have physical reset phase
existence for autozeroing.

Due to noise, matching and speed considerations, the unit capacitance is
nearly 100 fF and 150 fF, respectively for polyphase subfilters m=0, 1 and
m=2, 3, thus yielding the final adjusted maximum spread of 8, as shown in
the Table 6-2. Instead of normalizing the smallest weights, which normally
has less matching sensitivity, to the unit capacitance, the summing capacitors
are normalized to the nearest integer multiples to the unit capacitance so as
to eliminate the need for non-unit capacitor for further improvement of the
ratio matching.

@
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Figure 6-4. Autozeroing, Mismatch-Free SC ADB with z°® delay
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Figure 6-5. Autozeroing SC accumulator for polyphase subfilter (a) m=0 (b) m=2

Table 6-2. Normalized capacitance value (fF) for FIR tap-weight

PF0 (m=0) PF1 (m=1) PF2 (m=2)
ho 192.2 hy 440.2 hy 242 -hs 171.1
-hy 442 -hs 155.7 he 487.2 hy 911.3
hsg 487.2 -ho 155.7 -hio 442 -hiy 171.1
hia 242 his 440.2 hiy 192.2
Coumo 767.7 Coumi 911.3 Coumz 767.7 Coums 911.3
Cninn 96 Counitl 152 Cmir> 96 Comirz 152

3.2 High-Speed Multiplexer

The high-speed output multiplexer needs to completely settle within 2.4
ns for providing 320 Msample/s outputs by counting the non-overlapping
phase gap. Without the employment of autozeroing, the circuit, as shown in
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Figure 6-6, is optimized to have full output sampling period operation at
maximum speed, while minimizing power consumption and improving
linearity, because the input referred DC-offset of multiplexer here will result
mainly in a DC level shifting rather than the pattern noise tones. The charge-
transferring free property boosts maximally the operating speed by the
enlarged feedback factor and it reduces further the path gain and bandwidth
mismatches associated with double-sampled SC Common-Mode Feedback
(CMFB). Note that the sampling/holding capacitor mismatching still renders
the speed mismatches among 4 paths, which, however, can be neglected, e.g.
5% capacitor mismatch results in the modulation sidebands always below -
60 dB. The noise and gain errors are low by using sampling/holding
capacitor of 0.7 pF, thus yielding an efficient trade-off between feedback
factor and slew rate. Especially, the charge-transferring free property also
reduces the output glitch effects that normally happen in SC circuits due to
the charge redistribution using high-output-impedance transconductance
opamp.
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Figure 6-6. High-speed mismatch-free SC multiplexer
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3.3 Overall SC Circuit Architecture

The complete fully-differential SC circuit schematic is presented in
Figure 6-7 with simplified clock phases. The circuit is implemented in 0.35
pum double-poly, triple-metal CMOS technology with a single 2.5 V supply
and 0.95 V common-mode level. The complete system contains an input
testing-purpose autozeroing Track-and-Hold (T/H), time-interleaved serial
delay line composed by autozeroing mismatch-free ADB’s, 4 path polyphase
subfilters with autozeroing SC accumulators, as well as the output high-
speed mismatch-free SC multiplexer. Besides, the real clock phases possess
also the falling-edge delayed one for the bottom-plate sampling so as to
reduce the signal-dependent charge-injection and clock-feedthrough effects.

3.4 Telescopic opamp with Wide-Swing Biasing

For this design, less than 9.5 ns and 2.2 ns settling times are required for
the opamps in low-speed filter core and high-speed multiplexer,
respectively, but the minimum gain needed ranges from 1000-1500 without
big ill effects from the behavior model verifications. Single-stage
transconductance opamp with cascode active loading is especially
appropriate for the high-speed but moderate gain requirements, as the non-
dominant pole locates normally far from the dominant one. Telescopic
cascode topology is employed here for its superior high-speed (only nMOS
transistors vs. both nMOS and pMOS for folded-cascode in signal path) and
low-power (2 vs. 4 current legs), as well as low-noise capability (4 vs. 6
noise contributing devices) when compared with the folded-cascode opamp,
but with the price of having one less effective voltage in the output swing.
The complete telescopic opamp structure with it biasing circuitry is
presented in Figure 6-8.

The nMOS differential pair M; and M, is used to achieve a larger
transconductance with reduced input capacitance. Moreover, capacitive
neutralization technique by the cross coupled, drain-source connected
transistors My,,; and M, are used to cancel the Miller multiplication effects
that will result in large input capacitance and thus reduce the gain accuracy
as well as the operation speed. Letting the M,;,; and M,,, half size of input
devices M; and M, to make these auxiliary capacitors approximately equal
to the gate-drain capacitance of the input devices, lead to the miller
multiplication factor reduced from (1+g,,;741) to 2 only. Note that the
junction capacitance associated with M,;; and M, increases the capacitance
at the source of the cascode device, which contributes directly to a decrease
in the location of the nondominant pole, thus reducing the phase margins.
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Figure 6-8. Schematic of Telescopic opamp with wide-swing biasing

Table 6-3. Device size for Telescopic opamp and wide-swing biasing circuitry

Transistor Size (um) Transistor Size (um)
M, M, 15.6/0.35%32 M1, M2 15.6/0.35x16
M;, M, 17.5/0.5%40 Mnoap, MN1ap --- 17.5/0.5
Ms, Mg 12.5/0.7x40 | Mpo, Myi11, Mp13, Myis 12.5/0.7x2
M5, Ms 23/1.15x40 M1, Mb12, Mp14 23/1.15x2

My, 20/0.7x48 My My, ... Myy 20/0.7x2
Moy, 20/0.7x32 My 20/3.5x2
Mita 2/0.3x2 My16 12.5/4.3x2

Without the loss of the required output swing, a proper wide-swing
biasing circuitry is designed so as to make the input and output common-
mode levels of the opamp both equally at 0.95 V due to the reset nature of
autozeroing techniques used in the filter core. All the transistors in the
opamp are properly designed with the gate-source effective voltage V=
Vgs-Vi, around 100-150 mV for nMOS and 200 mV for pMOS, and
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especially, they are all biased such that their drain-source voltage, Vps, is
greater than their effective voltage by more than 100 mV to insure that the
transistors remain well within the saturation region. Hence, the 1.2 V,
output voltage swings limited mainly by the lower swing bound can be
normally guaranteed.

All the cascode devices are biased by gate-connected stacked devices,
and the top (for nMOS cascode) / bottom (for pMOS) one is diode-
connected in the saturation region, e.g. M7, Mys, and another is in the triode
region, e.g2. Mys, My, Which emulates the voltage drop Vps across the
current source transistor below cascode device. Especially, for proper
biasing the nMOS cascode devices M3 and M,, instead of a single triode
device with longer channel length, several stack triode devices, Mniap,
Mn2ap - --» with the same channel length as M3 and M, are used in order to
have better matching. This is because that the biasing of the nMOS cascode
devices are the most dominant and sensitive part which is related to the
proper output swing and linearity especially when opamp is designed with
the same input and output common-mode levels at a low value. Furthermore,
this biasing for nMOS cascode devices is so-called internal biasing, as the
bias voltage is referred to the center point of the source-coupled pair instead
of ground so that it tracks the movement of the input common-mode, thus
alleviating sensitivity to the process variation. The small transistor Mg,
insures that the biasing circuit settles to the desired operating point instead of
a stable, zero-current state.

The proper sizing of the opamp transistors is also necessary for acquiring
better matching according with layout considerations, e.g. the biasing
transistors are always configured in two unit parallel forms for meeting the
layout symmetry, and after counting the current mirror ratio 20 of the main
opamp core and the biasing, the opamp transistor must be 40 times higher
than the biasing unit transistor so as to keep the same unit transistor for
better matching to avoid the Dog-bone structure [6.22] in current mirrors.
Thus, the opamp is designed with respect to the sizing to the unit transistor.
The final transistor sizing for the fastest opamp used in the circuit is shown
in the Table 6-3.

To provide good isolation among the opamps on the chip, each opamp
has its own local biasing circuit that is activated by a master bias current
distribution network. This master bias current is generated on chip by
mirroring a current from an external current sink, and distribute to local
biasing circuit as a current through pMOS cascode current mirroring so that
the voltage drops in routing do not affect the biasing. Especially, in order not
to waste the unused layout area around the opamp, the drain-source
connected nMOS capacitor (My,) is added at the bias line of the tail current
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source so as to improve the Common-Mode Rejection Ratio (CMRR) and
Power Supply Rejection Ratio (PSRR).

To define proper DC level at the high-impedance output nodes of opamp,
the dynamic SC Common-Mode Feedback (CMFB) circuit is employed for
attaining larger output swing but without dissipating DC static power. As
shown in Figure 6-9, the single-sampling CMFB is used for the opamps in
autozeroing filter core where the C;, and C, are 90 fF and 200 fF,
respectively; while a double-sampling version, as shown in Figure 6-9(b), is
specially designed for the high-speed output multiplexer for better linearity
and channel matching.

A B Voutp Voutn B A
L L L L
Vem o—T ® Vem
A C B Ciy C B Cs A
CT AT CTL TS
Vbiasoj TLO Vbias
Vemrs
(a)

Vem © oVcm

© Vpias
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Figure 6-9. (a) Single-sampling SC CMFB for filter core and (b) Double-sampling SC CMFB
for multiplexer

3.5 nMOS Switches

The circuit analog common-mode level is set at a low level of 0.95 V so
that only nMOS switches can be used to minimize clock distribution routing
and synchronization complications due to the multirate/multi-phase scheme,
as well as the digital noise coupling in high-frequency operation. The on-
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resistance is required to be low enough over the complete range of the input
signal swing so as to alleviate its non-linear property and have complete RC
settling, as well as reduce the thermal noise contributions mainly for the
switches in the signal or charge transferring path during the output phase.
Furthermore, high on-resistance in nMOS switches especially located in the
feedback path can slow down the circuit and also make the feedback system
poorly damped or even unstable. This results from the increase in phase shift
by increasing the delay and thereby reducing the phase margin. However,
using too large switch not only adds significant amount of drain/source
junction parasitic capacitance at the output but also, more importantly, leads
to increased charge-injection and clock feedthough errors. All the switches
are sized distinctly to accommodate different capacitor loading according to
the rule-of-thumb that requiring RC bandwidth to be greater than four times
the operating sampling rate in the worst corner case. The final obtained
switch size ranges from the maximum at 53 um /0.3 um to the minimum at 5
um /0.3 wm.

3.6 Noise Calculation

Due to the employment of autozeroing technique, the thermal noise from
switches and opamps is the dominant noise contribution for the total noise,
as the flicker or 1/f noise of opamp will be greatly attenuated. The estimated
total output noise is calculated according to the noise analysis procedure in
Chapter 3 / Session 7 as shown in the Table 6-4, where the parameters like
on-resistance and transconductance are derived from the transistor
simulations, and the excess noise factor in spectrum density of telescopic
opamp is

gml

which is normally smaller than 1.5, thus implying that the telescopic opamp
has the lowest noise among all other cascode single-stage opamp structures.
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Table 6-4. Noise contributions

Noise ADB Polyphase Total
Contribution Delay Line Subfilter Output Noise
4f,= 160 MHz 489 nV2, 9.6 V7, 8.8 nV7, 67 nV,, /259 v,
4f,= 320 MHz 53.8 nV2, 103 nV,., 9.1 V72, 3V /271 v,
4f,= 400 MHz ! 49.8 nV?2, 9.7 nV7, 7.9 nVz, 67 nV2. /260 v,

1 DVDD = 3.3V, this is for compatison purpose to the measurements that will be discussed in next chapter

3.7 1/0 Circuitry

To emulate the actual sampled-and-held signals generated from DDFS
logic and DAC, an input T/H SC stage is designed with autozeroing and
mismatch-free properties for sampling signals at lower 80 MHz for testing
purposes only. This circuit, as shown in Figure 6-7, has similar architecture
to the ADB cell with a 0.6 pF sampling capacitor, and the additional
switches between the sampling capacitor and opamp input are specially used
to eliminate the undesired glitch noise due to the capacitive direct coupling
from input for a clean signal environment.

An output driver including a level-shifter followed by a low-output
impedance buffer are also employed next to the output PAD in order to drive
50 ohms input-impedance equipment for such high frequency testing. Due to
the requirement of high current driving capability with together high
linearity and bandwidth, the simple source-follower structures are employed
for the output driver. For an accurate evaluation to the S/H characteristic of
the output signals at 320 Ms/s, they are designed to have a very wide, more
than 1 GHz, -3dB bandwidth and <-65 dB THD in simulations.

3.8 Low Timing-Skew Clock Generation

As discussed in Chapter 3, the timing-skew effects due to the input
sampling of 4 parallel polyphase filter bands are negligible due to the S/H
input signal nature, and thus the timing-skew errors are mainly imposed by
the last high-speed multiplexer stage for switching among 4 parallel
subfilters at 320 MHz. Different from input sampling where the error tones
can be shaped by system function, here the resulting modulated sidebands
will fold back inside the stopband that cannot be removed by the filter. The
Figure 6-10 shows the means of the SNR and SFDR for the circuit operating
at 160, 320 and 400 MHz sampling frequencies from 100-time Monte-Carlo



Chapter 6: Design of a 320 MHz Frequency-Translated SC
Bandpass Interpolating Filter

MATLAB modeling simulation results. It is obvious that it requires <5 ps
to ensure the mean of SFDR>60 dBc for 320 MHz sampling rate in order not

to degrade the overall system response.

To reduce the signal-dependent clock-feedthrough and charge-injection
errors, the clock-delayed (bottom-plate sampling) technique is employed,
and thus, totally 21 phases are needed where 8 and 13 phases rotating at 320
and 80 MHz, respectively, from a master 320 MHz reference. The simplified
structure for this multi-phase generation is presented in the Figure 6-11.

Mean SNR (dB)

Mean SFDR (dB)

Figure 6-10. (a) SNR and (b) SFDR Mean vs. timing-skew errors and sampling rates (100-

time Monte-Carlo)
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Figure 6-11. Simplified structure for low timing-skew multirate clock generator

The severe low timing-skew errors aforementioned demand specific
digital circuit techniques, since not only the substantial delay mismatches
from standard frequency divider and non-overlapping clock generation, as
well as logic gate circuit but also digital power supply noise will all easily
introduce timing-skew errors or fixed periodic timing-offset among time-
interleave phases that are out of specifications. Therefore, the minimization
of such undesired phase timing-skew for this clock generator is specially
achieved through the following design controls:

I Design Systematic Mismatches Control—Equal-Propagation-Gate- Delay:

The accumulated propagation gate delays for all interleaved phases are
balanced by careful logic design, e.g. all triggered by same edge of
reference: the non-overlapping phase generator shown in Figure 6-12 with
the use of the available standard cells from foundry achieves the rising (also
falling) edges of A & B having ideally the same pulse width with timing
difference of one master clock cycle; dummy gates with buffer trees are used
for compensating unbalanced clock distribution. Note that all those designs
have included layout parasitics considerations.
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Figure 6-12. Equal-width non-overlapping clock phase generation

1I. Random _ Process Mismatches Control — Qutput  Rising-edge
Synchronization:

To minimize the random process mismatches imposed from the logic
gates in skew-insensitive time-interleaved phase generation path, a specific
Rising-Edge Synchronizing (RES) buffer array triggered by a single clock is
designed as shown in Figure 6-13. It locates just before the last buffers that
drive the clock buses for generating 8 phases for the output high-speed
multiplexer. This implies that the random mismatch ideally happens only in
the last large buffer that can be indeed neglected.
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Figure 6-13. Rising-edge-synchronization buffer array
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1. dl/dt Supply Noise Mismatch Control: Separation of Digital VDD
Supplies

Individual-on-chip-VDD supply scheme with shared ground and on-
chip decoupling for low-speed (filter core) and high-speed (multiplexer)
clock generation are designed to minimize the phase timing-skew imposed
by the mismatches in supply voltage variation caused by dI/dt noise due to
the inductive package. Otherwise, the low-speed clocks, which are the most
current-spike consuming part of the whole digital clock circuit, generate
dl/dt noise periodically at a maximum of 8-time of output sampling period
and then destroy the matching of the rising edges of the interleaved phases,
thus rendering periodically fixed phase timing skew. Figure 6-14 presents
the spike-current assignment using this separate on-chip VDD supply
scheme that fulfills the current spike matching, i.e. supply noise matching,
among interleaved phases for output multiplexer. From simulations, such
timing skew can be reduced by this way from more than 100 ps in the worst-
case, which will completely degrade the system response, to only about
several pico-second level.
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Figure 6-14. Spike current assignment by individual-on-chip VDD supply scheme

Finally, careful layout and its parasitic-involved equivalent clock bus
distribution network verification for the clock generation, that will be
discussed next, is also important for alleviating timing-skew problems [6.23].
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4. LAYOUT CONSIDERATIONS

This high-speed bandpass SC interpolating filter prototype is laid out in
0.35 um double-poly, triple-metal CMOS with lightly-doped substrate. The
practical layout issues such as: device matching and routing of critical paths,
parasitic effects, power and ground isolation, noise coupling from digital
section to the analog, and etc, which have both significant impact for the
overall performance especially for this very high-frequency operation, are
underscored in the following techniques

4.1 Device and Path Matching

To deal with the random process variation, the matching is achieved by
concentrating on each building block especially any parallel part from top-
to-bottom manner, i.e. polyphase subfilters, ADB’s, clock generation to
opamp and capacitor group, etc. The strict mirror symmetry or common-
centroid with dummy periphery techniques [6.24, 6.25, 6.26, 6.27, 6.28,
6.29, 6.30] are applied for those parts.

Figure 6-15. Layout of Telescopic op amp
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Although the filter core is offset-compensated, better opamp matching
will improve significantly the CMRR and PSRR that is also vital for mixed-
signal high frequency operation. As presented in opamp layout of Figure 6-
15, only the matching-sensitive nMOS differential pair and pMOS current
source are laid out with common-centroid technique. The whole opamp
including biasing circuitries, which are located at the left and the right sides,
are exactly mirrored symmetrically around the centerline. The unused places
are also filled with nMOS capacitor at tail-current source biasing line.

Capacitors for matching-sensitive coefficients are laid out carefully using
common-centroid unit-capacitor array surrounded by non-unit capacitors for
alleviating the oxide-thickness gradient effect, as shown in chip
microphotograph of Figure 6-16(a). The capacitor ratio errors due to
overetching are minimized by keeping perimeter-to-area ratios the same for
all unit and non-unit capacitors. Full-unit capacitor arrays are used for the
edge dummy to keep the similar environment more than 20 pm range to the
capacitor group for minimizing the proximity effects [6.31], and they are
also specially employed for the analog supply decoupling. The capacitors for
SC ADB’s are simply laid out with single unit due to its mismatch-free
circuit nature, as shown in Figure 6-16(b). To further minimize the path
matching for the last multiplexer stage, which is a critical part that will
contribute for the mismatch errors to the output directly, the capacitor are
formed by 4 unit capacitors with strict isolation to other path capacitors by
3-side shielding, as shown in Figure 6-16(c).

The capacitors for dynamic SC CMFB are located symmetrically at left
and right side of each capacitor group to minimize the digital clock routing.
Special cares are also taken during the routing of the top and bottom plate
interconnection lines of the capacitor groups in order to minimize the
internal and external interconnect capacitance (fringing and overlapping)
mismatches [6.31].

Each polyphase filter and ADB blocks are laid out in strict mirror
symmetry as shown in Figure 6-17 for a polyphase subfilter m=0. All the
metal line width in the layout is determined carefully by the allowed series
resistance as well as the peak current density associated with the sufficient
contacts and vias in order also to minimize the resulting thermal noise.
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(c) Capacitor group for multiplexer

Figure 6-16. Chip microphotograph for capacitor group for (a) Polyphase subfilter m=0 (b)
z% ADB  (c) Multiplexer
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Figure 6-17. Chip microphotograph for polyphase subfilter m=0

Especially, due to the severe timing-skew tolerance, all digital cells for
clock generation are customly laid out. The sensitive high-speed clock part is
specially laid out with mirror parallel arrangements for interleaved phases to
balance the systematic parasitics loading associated with signal propagation.
The clock bus routing from the clock buffer to the output multiplexer
switches is minimized so as to reduce the random mismatches, as much as
possible, as shown in the chip microphotograph of Figure 6-18. A specific
parallel clock-line routing arrangement is designed to minimize the kickback
noise from neighboring wire capacitance that can also disturb the rising
edges. Well shielding is also important for reducing the digital noise, as will
be presented next.

The timing delay imposed by the layout parasitics is vital here, as the
smallest pulse width is less than 3 ns only. To foresee this, an equivalent
clock bus distribution network containing transmission resistance of the
clock bus line, as well as the overlapping and fringing parasitic capacitance
is built according to the extracted parameters from the process, and the final
layout is subject to the simulation results for ensuring such timing errors
don’t have harmful effects into the clock phases.
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Figure 6-18. Chip microphotograph for clock generator and output multiplexer

4.2 Substrate and Supply Noise Decoupling

All current injected into the common substrate results into fluctuations of
the substrate voltage, namely substrate coupling, which is identified as a
major problem in mixed-signal IC’s. It is mainly caused by 3 mechanisms:
coupling from noisy digital supply, capacitive coupling (e.g. NWELL,
junction capacitor, node parasitics, etc.), as well as impact ionization in the
MOSFET channel [6.32, 6.33, 6.34, 6.35, 6.36, 6.37, 6.38]. The digital
supply noise imposed by the dI/dt noise due to the inductive package is often
the dominant contributor for substrate noise coupling [6.36], and at the same
time, it also disturbs the quiet analog supply domain. Therefore, the common
rule-of-thumb for isolating their direct coupling is to simply separate the
analog AVDD and digital DVDD pins [6.32, 6.33, 6.34, 6.39, 6.40].
However, ground pins and the bulk-biasing alternative is highly dependent
on the substrate type, chip size, ratio of analog-to-digital chip area, number
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of supply leads, and size of on-chip decoupling capacitors, as well as the
type of noise that is the most problematic in each application [6.32, 6.33,
6.34, 6.35, 6.36, 6.37, 6.38, 6.39, 6.40, 6.41, 6.42, 6.43]. The adequate high-
level substrate noise simulations are normally preferred for adjusting each of
the above parameters to minimize performance degradation caused by
substrate-coupled noise.

Since the used CMOS technology process is a lightly-doped substrate,
unlike another common heavily-doped (low-ohmic) CMOS Epitaxial
process, that can be simply modeled by a single-node bulk [6.32, 6.44], more
sophisticated but complex modeling is normally needed by using specific
CAD tools and extracted from layout for the 3-D admittance matrices [6.44,
6.45, 6.46, 6.47, 6.48, 6.49, 6.50, 6.51, 6.52]. Fortunately, the guard rings
(provide noises a low resistance path to AC ground with thus minimized
injection to the substrate) and “Moat” separation by NWELL (break current
flow in the channel stop implant region) are more effective ways to reduce
the substrate noise coupling in lightly-doped bulk process due to the fact that
sufficient amount of the substrate current flows near the die surface because
of the p+ channel stop implant [6.32, 6.33, 6.34, 6.35, 6.36, 6.39, 6.40, 6.44,
6.45, 6.49]. Therefore the circuit is carefully laid out with the following
guidelines: the closed-loop guard-rings are placed around all analog cells
with every tens of wm width rectangular region; NWELL barriers biased at
VDD and with also closely surrounded p+ substrate tie biased to ground
(achieve good supply decoupling at the same time) are also placed among all
sensitive analog cells, like opamps, and between analog and digital region;
ample substrate contacts with well ground biasing are placed in any unused
space.

Hence, to reduce the digital supply noise, the dominant source for
substrate noise coupling, is the most important key. Minimization of the
current spikes flowing through inductive package is the main and effective
way to reduce the dI/dt noise. On-chip decoupling capacitor is the simplest
and very effective way for providing low-impedance path to current spike
[6.33, 6.44, 6.53, 6.54]. The only caution is to avoid the LC resonant
frequency located at signal band and main clock frequency. The increase of
decoupling capacitance results in the reduction of the resonant frequency but
more usefully also the Q factor, so the peaking and oscillation won’t be very
significant if having enough capacitance associated with the parasitic
resistances of the power line. Moreover, the area price can be alleviated in
modern technology containing 3 or more metal layers, as the decoupling
capacitors normally formed by MOS transistors [6.33, 6.53, 6.54] can be
placed under the power bus which is also required to be wide for high-
frequency applications.
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Nevertheless, the effectiveness of the on-chip decoupling capacitor
approach indeed relies on the spike-current flow path. Although the multiple
clock phases generate more digital noise than normal bi-phase SC circuit, the
largest amount of current spikes is still originated from the clock buffering
network driving the clock bus and switches. This implies that a correct and
minimization of spike-current return paths from both digital (buffer
transistor and clock bus parasitics) and from analog domain (switches) is the
crucial and direct concern in coping with the on-chip decoupling.

The most common way of biasing the substrate for lightly-doped process
are (1) substrate contacts on all power carrying grounds, i.e. separate analog
and digital ground, or (2) substrate contacts on dedicated single Kelvin
ground (non-power carrying) [6.32, 6.33, 6.34, 6.35, 6.36, 6.39, 6.45]. These
can usually also be associated with dedicated power pins for the last digital
buffer stage. However, from no matter the modeling and circuit simulation
results, the above strategies lead to both larger on-chip supply noise when
compared with that obtained using a simple single-shared-ground pin
approach for both analog and digital, as well as substrate biasing. The main
reason is due to the fact that the shared ground approach used here achieves
perfectly the purpose of forcing the most spike-current flowing inside the
chip, thus minimizing the dI/dt noise. Figure 6.19 presents clearly the return
path of the main spike-current flow, imposed by the digital buffer driven for
rising and falling edges, within both digital and analog supply domains when
having a shared ground.

The shared-ground approach when compared with the separated ground
scheme can reduce the supply noise by nearly 50 %, as confirmed by the
simulations. Similar results have also been obtained in [6.40, 6.41, 6.42,
6.43]. Hence, MOS capacitors are filled in any unused space and also under
the wide-sheet power supply lines for obtaining enough decoupling
capacitance from the supplies to ground, and the estimated total capacitance
value is more than hundreds of pF. Using small unit-capacitor array instead
of large area MOS capacitor is preferred for better decoupling performance,
by minimizing series impedance due to the parallelism nature. Furthermore,
a large capacitor formed by nMOS capacitor array is also placed at VCM
node to minimize the sampling glitches and inductive ringing, as well as to
perfectly refer to ground node voltage, thus ensuring to the opamp a more
stable negative swing margin which is the dominant factor for the opamp
linearity due to the low common-mode level.

Note that this single-shared ground scheme implies also that all the
signals inside the chip now refer to the same ground even if the ground is not
clean when compared to the outside PCB ground for testing, as this injects
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only the common-mode noise to the signals that will be greatly attenuated by
fully-differential scheme.
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Figure 6-19. Spike-current flows for shared ground scheme with on-chip decoupling in (a)
rising (b) falling edges

Moreover, shielding the long noisy clock phase distribution bus by digital
VDD gets further 20% reduction in supply noise, in simulations, when
compared to shielding to ground, since this avoids the maximum spike-
current peak flowing into the common ground from the buffers through the
clock bus parasitics. This is due to the fact that the maximum peak spike-
current happens at the rising edges of clock phases, since all synchronized
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clock phases are raised simultaneously but do not fall down at the same time
because of the delayed clock phase or bottom sampling techniques used for
reducing charge-injection and clock-feedthrough effects.

4.3 Shielding

Shielding is also another very important issue for protecting the sensitive
signal path, isolating the noisy signals, as well as improving the path
matching. It is worth to point out here several details employed in the circuit
layout:

e Multi-dimension shielding by lower, same and upper layers, are used if
the area and resulting increased parasitic capacitance is allowed, e.g.
opamp input nodes as shown in Figure 6-17, path isolation shielding as
shown in Figure 6-16 and Figure 6-18. Either NWELL or poly layer are
placed under signal lines and capacitor group.

e The shielding layers should be biased to the local VDD that supplies the
device which generates the signal being shielded so as to inject as less as
possible current into the common ground, i.e. shielding clock bus by
metal 1 connected to digital VDD. However, if the shielding is used for
isolating signals from two supply domains, the shielding layer should be
biased to the common ground, e.g. for the case when analog signals cross
over the digital clock signals.

e Use the most conductive layer available for shielding with also
importantly ample contacts and vias to supply for reducing the RC time
constant effect that will significantly limit the practical effect of
shielding, e.g. use conductive metal 1 instead of NWELL or poly for
shielding clock bus so that the noisy current spikes return immediately
and straightforwardly with maximizing the cleanness of the environment;
when using NWELL for shielding, the diffusion whose sheet resistance is
more than 10 times less than that of NWELL in this process is also
placed for reducing the series impedance inside the NWELL region.

4.4 Floor Plan

The floor plan and die microphotograph is presented in Figure 6-20. The
input signals to the chip enter in the upper left corner and feed into the T/H
stage clocked with the lower input sampling rate, and the T/H outputs are
processed by the ADB time-interleaved serial delay line located on the top,
the polyphase subfilters are placed in parallel in the left bottom. The clock
generation is at the top-right corner, so that the noisy clock bus can be
minimized and placed in middle. A perfect shielding isolation is used to deal
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with the unavoidable cross over between analog and digital signals, e.g.
metal 1 for analog, metal 3 for digital and metal 2 for shielding with well
biased to the common ground. As mentioned before, to minimize the
mismatches among skew-sensitive time-interleaved phases, the high-speed
clock generation part drives directly to the multiplexer, as located on the
rightmost part of the chip. The total active area is about 2 mm” including the
analog filter core, clock generator and input T/H stage [6.55, 6.56].

Figure 6-20. Die microphotograph

5. SIMULATION RESULTS

5.1 Opamp Simulations

The effectiveness of the designed Telescopic opamps, which is the heart
of the SC filter, has been verified comprehensively by Cadence Spectre
simulations by taking into account the physical process variations. Post-
layout simulations show that the fastest opamp dissipates around 12mW at
2.5 V supply to achieve 66.6 dB gain, 1 GHz unit-gain bandwidth, with 63°
phase margin for a 2.5 pF loading and about 1.6 ns to settle at 0.5 V voltage
step with 1.7 V/ns slew rate. Figure 6-21 and Figure 6-22 present the AC
open-loop and DC output swing of the parasitic-involved layout-extracted
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opamp from both the typical, and the worst-case corner process simulations.
However, the worst-case corner is quite rare to happen, Monte-Carlo
simulation is the best and indeed the most realistic way to foresee the opamp
performance degradation to the process variations although it is computer
time-consuming. Figure 6-23 shows the statistical Histogram of the 500-run
simulation for unity-gain bandwidth, phase margin, DC gain as well as DC
gain at 1.2 V,, differential swing, which all meet well the required
specifications. Figure 6-24 also presents scatter plot from the same Monte-
Carlo simulations giving a clearer picture of opamp performance. In addition
to see how the switches’ on-resistance in feedback path degrades the opamp
close-loop stability, the Figure 6-25 shows the loop gain of the opamp and
feedback path, illustrating clearly the reduction in the phase margin due to
the presence of switches.
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Figure 6-21. Opamp layout-extracted AC open-loop frequency response from corner
simulations
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Figure 6-25. Opamp layout-extracted loop-gain with / without switch resistance in feedback
path

5.2 Filter Behavioral Simulations

Figure 6-26 shows the Monte-Carlo amplitude response simulation with
respect to all capacitance ratios, which are independent zero-mean Gaussian
random variables with a large deviation within 2.1 % (or 6=0.7 %), showing
that the worst case of the images stopband is below —40 dB.
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Figure 6-26. Monte-Carlo amplitude response simulations (6. = 0.7 %)
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5.3 Filter Transistor-Level and Post-Layout Simulations

Figure 6-27 presents top-view layout-extracted transient simulation
results of the whole chip with an equivalent inductive package model for a
differential 58 MHz output signal sampled at 320 MHz (without output
buffer) with 22 MHz, 1 V., sinusoidal input signal. This time-domain
waveform demonstrates clearly the frequency up-translation operation.
Beside, a longer transient transistor-level simulation is performed with full
top-view chip, including PAD under one worst-case corner process for
verifying the circuit linearity performance. For further foreseeing the
practical offset-compensation and CMRR performance together with the
dl/dt noise disturbance, all opamps’ differential pair transistors are sized
randomly with mismatches, and an equivalent inductive package model is
also included in the simulation. Figure 6-28 is the discrete-time Fourier-
Transform with Blackman window of the simulated transient signal output,
showing that the overall performance meets well with the design
specifications: the input baseband signal at 22 MHz and its images at 102
MHz, 138 MHz have been attenuated all below 45 dB, the pattern-noise tone
at 80 MHz and 160 MHz are mainly due to the assigned mismatches of
opamp which is about -63 dBc. All the other tones are the frequency
translated-images of the harmonics sampling at lower input and higher
output sampling rate and their multiples, and the total harmonic distortion is
calculated to be -56 dB. The worst harmonic tone is -57 dBc located at 146
MHz which is the addition of the 3™-harmonic of signal 22 MHz from low-
speed filter core sampled at 80 MHz and 3™-hamonic of the output 58 MHz
from the output multiplexer sampled at 320 MHz.
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Figure 6-27. 58MHz output signal with a 1V,,, 22MHz input ( /=320MHz) from top-view
layout-extracted simulation
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Figure 6-29. Impulse transient response from top-view layout-extracted worst-case simulation

Figure 6-29 presents the impulse transient response of the circuit
obtained from the top-view layout-extracted simulation with also inductive
package model under the worst-case speed and temperature. It shows clearly
the achieved 15-tap symmetrical impulse response of the FIR filtering.

Finally, for comparison purpose with the measurements, Figure 6-30(a)
presents the top-view layout-simulated 22 MHz input and 58 MHz output
from the last level-shifter and buffer of the circuit (output from inductive
package and PAD) that will be really measured by the equipment. Figure 6-
30(b) is the detailed positive and negative output with also its CM signal
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which shows common-mode level in each interleaved phases correctly
controlled by the double-sampling SC CMFB. It will be verified later that
the experimental results match very well with these simulations.
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Figure 6-30. Buffered 58 MHz output signal waveforms (a) 22 MHz input and differential
output (b) Positive and negative outputs from top-view layout-extracted simulations

6. SUMMARY

This chapter has presented an optimum design and implementation of a
15-Tap, 57 MHz SC bandpass interpolating filter with 320 MSample/s
output in 0.35um CMOS technology for an 8b DDFS system. It up-translates
a 22-24 MHz input band sampled at 80 MHz to a 56-58 MHz output
sampled at 320MHz, allowing a 3-fold speed reduction from original 240
MHz to 80 MHz for the DDFS+DAC core and a 2-fold relaxation from 4™-
order to 2™-order for the following continuous-time smoothing filter.

Specific multi-notch FIR transfer function is designed for this narrow
band filtering to avoid the use of a higher-sensitivity, high-Q IIR and rather
large weight-spread, higher-order standard bandpass FIR function. A time-
interleaved serial ADB delay line structure has also been customized to
achieve the 15 tap delays with only 4 stages for minimum power and error
accumulation. Autozeroing technique is employed in the low-speed filter
core to alleviate the pattern noise imposed by the offset serial propagation
and parallel mismatches. The mismatch-free property used in both the ADB
and output high-speed multiplexer eliminates capacitance ratio mismatches,
reduces finite gain errors, as well as boosts the achievable speed.
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Practical prototype circuit implementation for each building block and
the whole circuit has been comprehensively investigated including high-
speed Telescopic opamp with wide-swing and internal biasing, SC CMFB,
switches, capacitor sizing for each stage, noise contributions as well as I/O
circuitry. To attain the stringent timing-skew requirement, a low phase-skew
clock generation has been designed by focusing mainly on three controls:
Design systematic mismatches control (Equal-propagation-gate-delay),
Random process mismatches control (Output rising-edge synchronization)
and dI/dt supply noise mismatch control (Separation of digital VDD
supplies).

Special layout techniques for the whole chip have been studied to deal
with the matching, parasitic and noise coupling problems. Common-centroid
with dummy peripheral and mirror-symmetry are applied to the mismatch-
sensitive part. Separated VDD supply pins but single-shared ground with on-
chip decoupling for analog and digital parts have been proposed to reduce
maximally the supply and substrate noise imposed by the inductive package
when comparing to other grounding schemes. A clean signal and substrate
environment is further achieved by ample substrate contacts and multi-
dimensional shielding with minimized return-current-path impedance.

Behavioral, transistor-level and layout-extracted/parasitic-involved
simulations have been performed for verifying the effectiveness of the
proposed circuit techniques. The results show that the circuit functions well
taking into account the worst-case process variations.
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Chapter 7
EXPERIMENTAL RESULTS

1. INTRODUCTION

The experimental prototype of the 15-tap 4-fold SC bandpass
interpolating filter proposed in Chapter 6 has been fabricated in 0.35 um
double-poly, triple-metal CMOS process (AMS — Austria Mikro Systeme
International AG). Totally 10 test chips were obtained with packaging in the
44-pin Ceramic Quad Flat-Pack (CQFP). Testing a SC filter with over
hundreds of MHz output sampling rate entails many challenges, requiring
great care in the design of the testing board and the measurement setup. This
chapter will first present the design of a Printed-Circuit Board (PCB) with
good Electromagnetic Compatibility (EMC) and the setup of the testing and
characterization. The measurement results will then be illustrated,
comprehensively, in order to consolidate the theoretical expectation, and
finally a comparison will be drawn for the performance of the implemented
filter versus the performance of the previously published high-frequency SC
filters.

2. PCB DESIGN

For operating frequency in the MHz range, it is not possible to use a
length of track or wire (or star grounding) as a common ground. Only a solid
area of conductor, namely ground planes, can provide a good ground up to 1
GHz (and beyond) with a dramatic reduction of all unwanted
Electromagnetic (EM) interference [7.1, 7.2, 7.3, 7.4, 7.5]. Consequently, for
correct characterization of this high-frequency bandpass SC interpolating
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filter operating at hundreds of MHz, a 4-layer PCB was carefully designed
and implemented. The simplified functional block diagram of this PCB is
shown in Figure 7-1, and the top view and bottom view of the PCB are
presented in Figure 7-2. Design considerations and techniques for different
blocks to achieve a better EMC will be presented next.

2.1 Floor Plan

The detailed description of each of these 4 layers in the PCB is shown in
the Table 7.1. The signals are drawn on the top and bottom layer, the 2™
layer is the common ground plane and the 3™ layer is not only for the VDD
line routing, but more importantly, most of the region of this layer is also
used as ground, especially the area under the Device Under Test (DUT)
coving the decoupling networks that concentrates the majority of the current
flow. For having further better grounding, that is the main part of this
application, all the empty space in top and bottom layer is filled with ground
metal, with enough vias for good contacts to the 2™ common ground layer.

Table 7-1. Signals in different layer of PCB

Top Layer Signals
Internal Layer 1 Ground
Internal Layer 2 VDDs, Ground
Bottom Layer Signals

10 chip prototypes were received and tested initially in a special
Yamaichi QFP production-used socket [7.6] instead of the traditional Test-
and-Burn-in socket, which normally has considerably large inductive leads
that will dramatically degrade the circuit performance in this frequency.
Moreover, one additional important advantage of this production-used
socket is its identical footprint to the CQFP package, so that the final
characterization of the chip can be done by soldering one prototype onside
the PCB for an even more minimized leads’ inductivity.

All the other devices, most of them being Surface-Mount Device (SMD)
for better high-frequency performance, are efficiently located surrounding
the socket which is placed as a star center of the PCB, as shown in Figure 7-
2, to minimize the tracks length. The closest surroundings of the socket/chip
are occupied by the power supply decoupling networks, analog input and
output are drawn in the left side and the digital master clock input port is
located on the opposite side of the analog signals. The regulated voltage and
current reference generation are placed at the outmost part of the PCB.
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Decoupling
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CLK Input
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(b)
Figure 7-2. (a) Top-view (b) Bottom-view of the 4-layer PCB
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2.2 Power Supplies and Decoupling

The supply voltages for both analog and digital parts of the chip are
generated on the PCB to increase the cleanness of the environment (for
testing purpose, these supplies can also be switched to external sources). The
SMD low-dropout linear voltage regulator LM 1117 is employed to generate
1.5-3.6 V adjustable voltage supply [7.7]. The standalone regulator provides
different analog and digital supplies for the chip to minimize the noise
coupling (however, no ill effect was observed in the measurement if only
one regulator is used for all the supplies to the chip due to the good PCB
board decoupling and also the on-chip decoupling).

The LC passive filtering forms the decoupling network where besides the
tantalum UF SMD capacitor, there are 4 parallel multilayer ceramic SMD
capacitors valued 100 nF, 10 nF, 1 nF and 270 pF, placed closely to the
supply line at the nearest possible to the package supply pins, with also the
dedicated vias linked to common ground. This combined parallel decoupling
is employed so as to treat the self-resonant limitations of the capacitors,
which leads to ineffectiveness of the low impedance path to the ground for
the high-frequency noise [7.1, 7.2, 7.3, 7.4, 7.5, 7.8, 7.9, 7.10, 7.11]. To
alleviate the parallel resonance problems possibly associated with this
combining decoupling [7.2] and maintain a low level impedance across a
very wide frequency range, these parallel-capacitor set are added at each
power supply pin of the chip.

2.3 Biasing Currents

For testing purpose, four adjustable current references are needed to feed
into the on-chip cascode current-mirror for distribution to the different
blocks of the filter and buffer stages in order to have proper voltage biasing.
They are generated by 3-terminal current source SMD LM334 [7.12] with
the designed range of several tens of LA up to hundreds of LA. The current
output lines are also decoupled to ground, for high-frequency noise
elimination by parallel combination of the 10 puF, 0.1 uF and 1 nF SMD
capacitors.

2.4 Input and Output Network

Since the filter is fully-differential, the signal conversions from single-
ended to fully-differential and vice-versa are mandatory for I/O
communication with the measurement equipment. To avoid any other noise
source, the transformer-coupled I/O interfaces have been designed for signal
conversion as shown in Figure 7-1 by using Mini-Circuit RF wideband
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transformers TT1-6 (0.004 MHz — 300 MHz) for input and TCM1-1 (1.5
MHz — 500 MHz) for output [7.13]. The common-mode level of the input
signals is properly setup by connecting the center-tap of secondary side of
the input transformer to the Voltage Common-Mode (VCM). For proper
matching to the 50 Q cabling and equipment, a 50 € resistor lies between
transformer two-terminal outputs is used as input termination. Likewise, to
drive the 50 Q coaxial cable and input impedance of equipment for high-
bandwidth measurements, the termination is achieved via a 50 Q series back
termination resistor. Note that the output voltage level will be halved in this
scheme. Both the positive and negative terminal outputs of the filter can also
be measured through the similar series back impedance termination. A 50 Q
resistor terminates the Clock input, and a series resistor in the clock input
path damps the ringing caused by bounding wire inductance. SMA
connectors are used for input and output.

Transmission lines are normally needed for signal integrity when PCB
track is so long that a signal traveling along it cannot maintain the same
potential at all points along its path due to its finite velocity of propagation.
A rule-of-thumb is to treat PCB tracks using transmission line techniques,
when connection length is greater than A/7 to A/10 at maximum of frequency
interest [7.1, 7.2, 7.3]. Considering that the output signals are sampled and
held at 320 MHz or higher, the imaging bands will be located at this
sampling rate and its multiples, and the digital clock signal is also at this rate
or higher, thus all the signal tracks are treated as transmission line.
Transmission line in PCB normally can be described as following type:
microstrip lines, coplanar waveguides, coplanar strips and conductor
(ground)-backed coplanar waveguides, and their characteristic impedance
can be controlled by the materials and dimensions [7.14, 7.15, 7.16, 7.17].
As the tracks are shielded in both sides and the lower ground plane, the
determination of the characteristic impedance follows the formulas of
conductor-backed coplanar waveguides [7.15, 7.16, 7.17]. According to the
foundry-given relative permeability and thickness of the substrate, the
characteristic impedance versus track width and gap/spacing between two-
side ground planes is presented in the Figure 7-3. By choosing the width as
23 mil the gap is used at 11 mil in the entire signal track layout.
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Figure 7-3. Characteristic impedance for conductor-backed coplanar waveguides versus track
width and gap

3. MEASUREMENT SETUP AND RESULTS

The measurements are taken for 10 samples (only 10 from the foundry)
at room temperature for different sampling rates and supply voltage. For
simplicity, we present here the results for only the cases with output
sampling rate at 160 MHz and 320 MHz with 2.5 V analog and digital
supplies. Further results presented here are measured at 400 MHz
output rate at 2.5 V analog and 3.3 V digital supplies. The
characterization of chip mainly focuses on the frequency-domain
measurement, e.g. amplitude response, group delay, Total Harmonic
Distortion (THD), 3"-order Intermodulation Distortion (IM3), noise,
Common-Mode Rejection Ratio (CMRR), Power supply Rejection Ratio
(PSRR) and so on. The time-domain test is also performed mainly for
functional verifications.

Figure 7-1 shows the time-domain or one-tone spectrum measurement
setup: input synthesizer sinusoidal output is first connected to a Mini-Circuit
passive bandpass filter [7.13] to suppress the harmonics less than -70 dBc,
this signal is then AC coupled by the transformer to convert from single-
ended to fully-differential with common level at VCM. The output signal of
the chip can be measured directly by the spectrum analyzer or observed in
the oscilloscope by either passing by the 50 Q matching network or using
even wideband high-impedance differential probe. The measurement
equipment list is presented in Table 7.2 and the view of the laboratory
testing equipment is presented in Figure 7-4. The detailed measurement
results are presented next.
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Figure 7-4. View of laboratory testing instruments (Intermodulation distortion measurement)

3.1 Frequency Response

The measured amplitude response in Figure 7-5 shows that the minimum
stopband rejections all satisfy the minimum specification of 40 dB stopband
attenuation, i.e. >50 dB, 45 dB and 40 dB for 160 MHz, 320 MHz and 400
MHz output rates. Figure 7-6(a) presents the measured amplitude response
of 10 samples at 320 MHz sampling rate simultaneously with the ideal
response and simulated worst-case response, showing that the results meet
well with the specifications. The passband ripple is smaller than 0.6 dB with
36 at 0.02 dB for 10 samples due to the low passband sensitivity nature of
FIR filtering. The variation in stopband attenuation of the filter has 3¢ at
only 0.45 dB in the 22-24 MHz band. In addition, the 10-samples amplitude
response for 160 MHz and 400 MHz are also presented in Figure 7-6(b) and
(c), respectively, which shows also relatively small variation to the process.
Furthermore, due to the linear phase nature of this interpolating filter, the
measured group delay variations within the interest passband is rather small,
they are 6ps, 8ps, and 62 ps for 160 MHz, 320MHz and 400 MHz output
rates, respectively.
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3.2 Time-Domain Signal Waveforms

Figure 7-7(a) presents the measured 58 MHz filter output interpolated
signal sampled at 320 MHz with a 1 V,,, 22 MHz input where each time
division is 5 ns, clearly demonstrating the correct frequency up-translation
process. The input sinusoidal signal is actually sampled by T/H stage before
inputting the filter, where this internal node is not measured, thus the ideal
T/H signal at 80 MHz (which is the real input for this multirate filter) is
illustrated in the figure by the dotted line, while the correct 4-fold sampling
rate increase process is also illustrated clearly. In addition, to see the
common-mode disturbed signals, Figure 7-7(b) presents the measured
positive and negative output signal waveforms with their common-mode
signals, showing the signal cleanness and the matched CM level in each one
of the interleaved phases, well controlled by the double-sampling SC CMFB.
More importantly, the circuit effectiveness is consolidated by an excellent
matching among these experimental results and the ideal simulation ones:
Figure 7-7(a) and (b) versus Figure 6-30 (a) and (b), respectively.

Figure 7-8 (a) and (b) are the measured 29 MHz and 72.5 MHz output
with 11 MHz and 27.5 MHz 1 V., input for the output sampling rates of 160
MHz and 400 MHz, respectively. It is obvious that the circuit still operates
well when the sampling rate is at 400 MHz.

3.3 One-Tone Signal Spectrum

Figure 7-9(a) presents the measured spectrum of 58 MHz interpolated
output sampled at 320 MHz with a 1 V,;, 22 MHz input. The input signal
and its sampling images at 80 MHz and its multiples, e.g. 102 MHz and 138
MHz, are attenuated correctly by a value greater than 45 dB, and the delta
marker 1, 2 and 3 in Figure 7-9(a) are the folded images of their 3"-
harmonics sampled either at 80 MHz or 320 MHz, which are all less than -
66.8 dBc, and the observed 2™-harmonic is only as low as -78 dBc due to the
careful layout. This results in a -62.4dB THD measured with 20 tones by
counting up to 5™ harmonic of both input and output signals as well as their
folded images by the multirate sampling within the Nyquist band. Figure 7-
9(b) presents the measured 1 % THD (-40dB) for a 2.1 V., 22 MHz input,
where the 3"-harmonics are the dominant non-linearity distortion sources,
and the 2"!-harmonics are still below -75 dBc.
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Figure 7-10(a) and (b) show the spectrum for the measured 29 MHz and
72.5 MHz output for output sampling rate at 160 MHz and 400 MHz,
respectively. The results are very good even for 400 MHz sampling rate, e.g.
all the 3™-harmonic components are below -66 dBc and -59 dBc for 160
MHz and 400 MHz, respectively, thus leading to the corresponding -64 dB
and -57 dB THD.

Especially, the observed maximum modulation sidebands due to the
phase timing-skew and parallel gain mismatches are well controlled and only
as low as -72 dBc and -70 dBc for 320 MHz (18, 62, 98 MHz) and 400 MHz
(22.5, 77.5, 122.5 MHz) output rates, respectively, which shows the
effectiveness of all the design and layout efforts specially the low timing-
skew clock generation and mismatch-insensitive circuit structures.

3.4 Two-Tone Intermodulation Distortion

The frequency up-translated intermediation distortion measurements are
fulfilled by a in-band two-tone input test, where two input sinusoidals, which
are generated by two synthesizers locked with a 10 MHz reference, are
added by a wideband Mini-circuit power combiner ZFSC-2 [7.13]. They are
also bandpass filtered for suppressing the harmonics and measured (to
ensure the same input power level) before entering the transformer-coupled
signal conversion.

Figure 7-11(a) is the measured in-band spectrum of 56.7 MHz and 57.3
MHz outputs with two 0.5 V., 22.7 MHz and 23.3 MHz inputs with the 320
MHz output sampling rate. The 3"-order intermodulation distortion (IM3) is
-52 dB, and 1% IM3 corresponds to two 0.85V,, tones, as shown in the
Figure 7-11(b).

Figure 7-12(a) and (b) are the measured spectrum for the in-band two-
tone test (0.5 V,, each tone) with 300 KHz and 800 KHz separation for
output sampling rate at 160 MHz and 400 MHz, respectively, showing the
corresponding IM3 of -62 dB and -53 dB. In addition, the 1% IM3 for these
two cases are measured with two 1.12 V,,, and 0.9 V,,, tones, respectively.
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3.5 THD and IM3 vs. Input Signal Level

For evaluating circuit dynamic performance with respect to distinct input
signal levels for different sampling rates, the above one-tone and two-tone
tests are both performed to each case, and the Figure 7-13 reports the
measured IM3 and THD performance versus different input signal levels for
160 MHz, 320 MHz and 400 MHz output rates. From the IM3 plot, the 3rd-
order harmonics and input signal level follow well the theoretical
expectation that 1 dB increase of input signal level will result in a 3 dB
increase of the 3rd-harmonics, and the estimated output 3rd-order intercept
points for 160 MHz, 320 MHz and 400 MHz sampling rates can be
extrapolated from those measured data as 26.4 dBm, 23 dBm and 22.5 dBm,
respectively.
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Figure 7-13. Measured THD and IM3 vs. input signal level for different output sampling rates

3.6 Noise Performance

Noise measurement contains two parts, fixed-pattern noise and noise
floor. Figure 7-14(a), (b) and (c) are the fixed-pattern noise tones measured
with zero input for 160 MHz, 320 MHz and 400 MHz sampling rates. The
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measured total fixed-pattern noise for circuit operating at 160 MHz and 320
MHz sampling rate are only as small as 120 uV,,s and it is doubled to 243
UWVims for 400 MHz. This result verifies that fixed-pattern noise is mainly
contributed from offset mismatches happened in the parallel signal paths due
to the clock-feedthrough and charge-injection errors from the switches rather
than the DC offset of opamp, because the digital supplies for the former two
cases are the same at 2.5 V but it is 3.3 V for the last one (all the analog
supply are at 2.5 V), and the increased clock phase voltage will certainly
increase the clock-feedthrough and charge-injection errors from the switches
due to the enlarged gate source/drain voltage. From Figure 7-9 and Figure 7-
10, the maximum level of the pattern noise is 70 dB below the signal for the
circuit with 160 MHz and 320 MHz sampling rate and it is still -65 dBc for
the 400 MHz sampling rate, which are all excellent results, thus also
consolidating the effectiveness of the employed autozeroing technique.
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Figure 7-15 presents the measured output noise spectrum density for 3
different sampling rates obtained with zero input (including the T/H and
output driver that only degrades performance). The total output noise within
the Nyquist band is 262 UV s, 280 WV, s and 265 WV, for 160 MHz, 320
MHz and 400 MHz sampling rate, respectively. Note that the total noise for
400 MHz rate is smaller than that for 320 MHz, the reason is that, due to the
boosted digital supply, the on-resistance of the switches for the former case
is much smaller than the latter one, and as analyzed in Chapter 6 / Session
3.6, the on-resistance of all the switches in the charge transferring path in the
signal output phase affects the total noise contribution, and the measured
results are quite consistent with the estimated noise presented there.
According to the measured THD and IM3 results shown in previous sessions
3.3 and 3.4, the corresponding dynamic ranges for 1 % THD & 1% IM3 are
69.4 dB & 64 dB, 68.5 dB & 61dB and 68 dB & 62 dB respectively for 160
MHz, 320 MHz and 400 MHz sampling rates. Moreover, for 1 V,,, input, the
corresponding Signal-to-Noise-Plus-Distortion (SINAD), counting the THD,
total noise, total pattern noise, as well as mismatch-modulation tones, for the
3 different sampling rates also, are 63 dB, 61 dB and 56 dB, respectively.
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Figure 7-15. Measured output noise spectrum density for different sampling rates
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3.7 CMRR and PSRR

To evaluate the circuit immunity to the common mode signals, the
measured CMRR versus frequency is presented in Figure 7-16 where it is
shown that the CM rejection is always greater than 53 dB for 3 different
sampling rates. The single-tone measurement further verifies that the CM
rejection is about 56 dB, 55 dB and 53 dB, respectively, by inputting a CM
signal at 29 MHz, 58 MHz and 72.5 MHz for 160 MHz, 320 MHz and 400
MHz sampling rates.
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Figure 7-16. Measured CMRR versus frequency for different sampling rates

PSRR is also measured at the highest frequency in the filter passband for
3 different sampling rates, i.e. 40 dB @ 29 MHz, 32 dB@ 58 MHz and 38
dB @ 72.5 MHz.

Finally, Figure 7-17 is the measured off-chip digital VDD power supplies
for the high-speed timing-skew sensitive and low-speed clock generation
parts obtained by removing all the decoupling capacitor closed to the pins
and adding also a small series resistor. Although the value is not so
meaningful, it shows clearly the unbalance between the two part VDD
supplies and also that the coupling between them is well minimized.
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Figure 7-17. Measured off-chip digital power supplies (DVDD=2.5V)

The total analog and digital power occupied by the filter excluding the
input T/H and output buffer stages for 160 MHz, 320 MHz and 400 MHz
sampling rate are 67, 136, 157mW, corresponding to 4 mW (160 MHz) or 8
mW (320/400 MHz) analog power per tap.

4. SUMMARY

This chapter has presented the measurements for the first/ever designed
high-frequency SC bandpass filter prototype that embeds simultaneously the
sampling rate increase and a frequency up-translation operation in
monolithic CMOS [7.18, 7.19]. The presentation includes the design
considerations for the low EMC PCB and testing setup. Comprehensive
measurement results have verified that the implemented high-frequency
high-order SC filter operates effectively with high dynamic range, high
linearity, low fixed-pattern noise, as well as, low mismatch-modulated
effects due to the phase timing-skew and parallel-path mismatches. The
overall performance of the filter, together with a detailed comparison with
the previously reported CMOS SC filters [7.20, 7.21, 7.22, 7.23, 7.24, 7.25,
7.26], in recent 10 years that are within 1 decade lower than the output
sampling rate reported in this work have been summarized in the Table 7-3
and also the Figure 7-18. The comparison results show that the current
design achieves highest output sampling frequency, highest filter order with
highest center frequency and highest dynamic range associated also with the
lowest supply voltage.
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Chapter 8
CONCLUSIONS

The research work presented in this book led to the development of new
analog interpolation techniques for the implementation of optimum-class
multirate sampled-data filters. The efficiency of such techniques was fully
demonstrated by the realization in the CMOS technology of two Switch-
Capacitor interpolating filters for very high-frequency analog front-end
applications. Such filters alleviate the operating speed of the digital signal
processing core and also relax the requirements of the digital-to-analog
conversion interface, as well as, simultaneously, simplify the post
continuous-time smoothing filters, thus rendering lower cost integrated
solutions. These novel improved multirate SC polyphase structures allow the
operation of the interpolating filter core at the lower input sampling rate and
are also immune to the traditional lower-rate sample-and-hold shaping
distortion, hence realizing an optimum-class analog interpolation and also
showing their great potential for pushing analog front-end filtering to a top-
speed envelope.

In Chapter 2, the mathematical characterization on the conventional
sampled-data analog interpolation whose response is shaped by undesired
input lower-rate S/H effect has been first analyzed. Then, the proposals of
the ideal improved analog interpolation model and its traditional bi-phase SC
structure implementation that are able to eliminate such S/H distortion have
been described. Employing multirate polyphase structures to achieve such
improved analog interpolation has proved to be a more practical solution to
obtain efficient circuit architectures. To achieve an optimum-class
realization in terms of its efficiency in power and silicon consumption,
different SC circuit architectures have been subsequently investigated with
both FIR and IIR transfer functions, respectively, for low and high
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selectivity filtering on the basis of the improved multirate ADB polyphase
structures.

In Chapter 3, design challenges for the practical implementation in
silicon of the aforementioned circuit architectures have been studied
comprehensively concerning the imperfections of integrated circuit
technology. A detailed analysis has also been derived: a simple power
dissipation estimation scheme; expected filter response gain errors with
respect to the capacitance ratio mismatches; expected signal-to-noise ratio
with respect to both the input-referred DC offset of opamps and the clock
phase fixed timing-skew and random jitter with holding effects; and
estimated total noise power for the polyphase-based interpolating filter
circuits. All of these aspects of design are the important keys to open the
doors of high-performance analog system response at very high frequency,
having also into consideration the random variations of the physical process.

In Chapter 4, a number of mismatch-free SC delay cells and SC summing
circuits have been proposed with the employment of Autozeroing and
Correlated-Double Sampling in order to improve circuit sensitivity to the
input-referred DC offset and finite-gain of opamps. Different kinds of CDS
techniques including CS/H-CDS, EC/H-CDS, CS/P-CDS and EC/P-CDS
have been applied in those circuits for narrow-band or wideband gain
compensation. Both rigorous mathematic expressions of the gain, phase and
offset errors for the proposed SC circuits have been derived together with
their verification through computer simulations. From the simulation, it is
concluded that the stray capacitors, especially the opamp input node
capacitance, lead to different-level degradation of the gain and offset
compensation performance. Design examples for a 4™-order Elliptic IIR and
a 15-tap lowpass SC interpolating filters have been performed using the
proposed building blocks, which show the effectiveness of the gain
enhancement. The AC analysis for SC CDS circuits has also been presented.
Due to the increased total effective capacitive loading, the EC/CDS needs to
consume higher power for achieving better performance when compared
with the CS/CDS in terms of compensation accuracy, as well as flexible
output phase arrangement.

Chapter 5 has presented a design example of an 8-fold 108 MHz output
multistage SC linear-phase FIR interpolating filter for NTSC/PAL digital
video according to CCIR 601 recommendations. Tailor-made design
procedures based on the structures investigated in previous chapters using
0.35 um CMOS technology, have been described in detail for an optimum
and application-specific implementation, which is the rule-of-thumb for
high-performance and high-frequency multirate circuit design. This implies
multistage, half-band ADB polyphase structure, mismatch-free and multi-
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unit ADB Semi-Autozeroing scheme, novel coefficient-sharing and two-step
summing techniques as well as double-sampling. The performance of the
design has also been illustrated through frequency- and time-domain
behavioral-, transistor- and parasitic-involved, layout-extracted level
simulations. The filter, including both the analog and digital parts, consumes
3.3 mm® active area, less than 50 mW static analog and 30 mW average
digital power at 3V supply.

In Chapter 6, the prototype specific and optimum design and
implementation of a 320 MHz SC bandpass interpolating filter with 15-tap
FIR and 57 MHz center frequency for DDFS systems have been presented to
up-translate 22-24 MHz inputs sampled at 80 MHz to the 56-58 MHz output
band with 4-fold sampling rate increase to 320 MHz. Different design
challenges arisen from not only the architectural/circuit-level, but also the
layout considerations have been dealt with: including the high-order filtering
function, coefficient-sensitivity effects, long power-consuming error-
accumulating analog delay line, high-speed output multiplexer and opamp,
fixed pattern-noise disturbance, parallel-path and phase timing mismatch-
modulated noise, substrate and dI/dt supply noise coupling. Those design
techniques have been thoroughly investigated and addressed with thorough
verification from behavioral, transistor-level and post layout-extracted CAD
simulations, considering the worst-case process variations.

Chapter 7 has presented the experimental verifications of the developed
filter prototype fabricated in 0.35 um double-poly triple-metal CMOS
technology. The low EMC PCB design techniques for the performance
evaluation of this high-frequency prototype and the corresponding testing
setup have been firstly addressed. The experimental verification has then
been performed thoroughly at different sampling rates with respect to the
frequency-domain measurement, e.g. amplitude response, group delay, THD
& IM3 versus the input of different signal levels, noise, CMRR, and others,
as well as time-domain functional measurements. The measurement results
have shown that the filter operates with full functional capability and
excellent consistence with the theoretical expectations — even better than the
worst-case simulations, thus consolidating the effectiveness of all the design
techniques developed which can be replicated into any other high-frequency
SC filter implementations.

The prototype SC filter that embeds for the first-time in an IC design the
sampling rate increase and frequency up-translation operation operates
simultaneously at the nominal 320 MHz and also at 400 MHz, still satisfying
the design specifications. It occupies 2 mm?” active area, 120 mW for analog
and 15.8 mW for digital power corresponding to 8 mW per zero at 2.5 V
supply for nominal 320 MHz rate and achieves high linearity (62 dB THD,
52 dB IM3), low noise (280 WV,ys) and thus high dynamic range (69 dB for
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1% THD, 61 dB for 1% IM3, 61 dB SINAD), low fixed-pattern noise (<-70
dBc), as well as low parallel-path and timing-skew mismatch-modulated
effects (<-72 dBc). The detailed comparison with previously reported CMOS
SC filters, in the last 10 years in recent 10 years that are within 1 decade
lower than the output sampling rate reported in this work, demonstrates that
the current design operates at the highest sampling rate and achieves highest
filter order and center frequency with the highest dynamic range and the
lowest supply voltage.

In summary, from the silicon results which match splendidly with
theoretical ~ expectations, the effectiveness of the presented
system/architectural-, circuit- and layout-level optimization schemes
wrestling with different design challenges at such high-frequency operation
are validated for state-of-the-art high-speed analog frond-end filtering.



Appendix 1

TIMING-MISMATCH ERRORS WITH
NONUNIFORMLY HOLDING EFFECTS

Due to the inherent different nature of signal sampling and processing in
the applications, the following 3 different types of processes can represent
timing-mismatch effects:

TYPE 1: If the Input signal is sampled by the system with Nonuniform time-
interval and later played out or represented by discrete samples in the Qutput
at Uniform time instants for later processing, it can be designated by an IN-
OU process. This is a typical sampling process in the analog to digital
conversion path (timing-mismatch only @ input signal sampling) of TI
ADC:s [1.47] or multirate sampled-data analog decimators [1.51], as shown
in Figure A1-1(a) with the correspondent signal waveform.

TYPE 2: If the Input signal is sampled by the system with Uniformly
spaced time-intervals and later the samples are played out in the Qutput
Nonuniformly, then the system is referred to as IU-ON process, that is the
typical case in digital to analog conversion path (timing-mismatch only @
output signal holding) of TI DACs [3.20] or multirate sampled-data analog
interpolators [6.55, 6.56], as shown in Figure A1-1(b).

TYPE 3:. If the Input signal is sampled by the system with Nonuniform
time-interval and then played out Correlatively at the Qutput with the same
Nonuniform time instants (occurred at the input sampling), such system is
named IN-CON process. It can typically be applied to a complete TI
sampled-data system (timing-mismatches @ both input sampling and output
holding driven by the same clock phases), as illustrated in Figure Al1-1(c),
e.g. N-path filtering [1.59].
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The signal spectra for these 3 types of processes with Impulse-Sampled
(IS) sequence form have been well analyzed in [3.6,3.13,3.14] respectively.
However, in practice, the real output signals are always in Sample-and-Hold
(SH) or holding nature in the latter two processes, as represented in the
waveforms of Figure Al-1. Figure Al1-2 presents the plots of FFT output
spectra of all IN-OU, IU-ON and IN-CON process with both IS and SH
output for a sinusoidal input with normalized frequency a=f,/f;=0.2, timing-
skew period M=8 and standard deviation of timing-skew ratio o,, = 0.1%,
where showing clearly the modulated imaging sidebands are located around
fs/M and its multiples for all three cases. Unlike the case of IN-OU process,
the output signal spectra of the latter two processes are not simply the
sin(x)/x shaped version of the corresponding original impulse-sampled
output due to the nonuniformly holding effect, e.g. compare the calculated
SINAD and circled parts in the figure for all cases (the sideband magnitudes
of SH version of the IN-OU output signal decrease gradually as frequency
increases due to the typical uniformly zero-order hold transfer function,
while for the latter two cases there are nonuniform modifications for all the
sidebands). Therefore, the previous analysis of IU-ON(IS) [3.14] and IN-
CON(IS) [3.13] cannot be directly applicable for their corresponding SH
versions. This appendix will present a complete investigation of output
signal spectra of practical [U-ON(SH) and IN-CON(SH) processes,
including both the closed-form spectra expression as well as their output
SINAD. Furthermore, the Spurious Free Dynamic Range (SFDR) subjected
to in-band image tone will also be derived for a main practical application of
the IN-CON(SH) process, i.e. N-path filtering. The corresponding simulation
results for demonstration of the accuracy of the derived formula will then
also be presented.

Besides, by carefully investigation among the spectrum of three cases, as
shown in Figure A1-2, it can be found that the spectrum of IN-OU(IS) and
IU-ON(SH) exhibit great similarity under the assumption of 27 r T <<1:
not only similar from the plot but also their SINAD and SFDR within the
Nyquist band are all the same. The second part of this appendix will prove
the correlation between them and show that the noise components for these
two cases are exactly the same.
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1. SPECTRUM EXPRESSIONS FOR IU-ON(SH) AND IN-
CON(SH)

1.1 IU-ON(SH)

Consider the IU-ON(SH), i.e. the system ideally plays out the uniformly
sampled input samples at nonuniformly spaced time intervals with holding,
ie.

oo

Yiw—onesi) (1) = Zx(nT)h,, (t-t,) (A1.1)

n=—co

where

h()=u(t)—u(t—T A, +A) (Al.1a)

n+l

t =nT+A, (Al.1b)

and T is the nominal sampling period and A, is a periodic skew timing
sequence with period M (path number). Let n=kM+m (m=0,1,...M-1) and
r.=A /T, then we have

M=l o
Viw-onism @)=Y > x(kMT +mT)h, (t —=kMT —mT —r,T)  (A1.2)

m=0 k=—co

Appling the Fourier Transform to y;i-onsm(f), we have

M-1 oo
Yoo (@) = 2 H, (w)( > x(kMT + mT)Mj (AL3)

m=0 f=—co

and by substituting the following identity

x(kMT +mT)= Zi jX(Q)e«fQU‘MT*'"”dQ (Al.4)
7[ —o0
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we obtain

M-1 o0
ig-oncsm (@) = ZH,,,(w){ 3 [ I X(@e fﬂ“‘M”m”de e g jont }

m=0

(A1.5)

By changing the order of integration and summation, and applying the
following:

i o H@-oMT _ Z 5(9 w_,_k%j (A1.6)

k=00 k—fm

and after simplification, it yields

- 1 —jkmz—” .
Yy () = X(o —k—) H,(o)e e/
IU-ON(SH) k;o MT ZM

1 2
T — Ak JU—-ON(SH) (w) ’ X(a)— kw) (Al -7)
where
1 M-1 —jkmi[—” et
Ay oy s (@) = IV ZH,,, (w)e e/ (Al.7a)
2sinlw(l + T/2
H, (o) = (@1, =1, )/2) e W= )T 2 (A1.7b)
0]

(A1.7b) is obtained by taking the Fourier Transform of (Al.1a). A v-onsm
are the weighted terms of the modulation sidebands for the IU-ON(SH)
system. Notice that another interesting property of the processes described in
(Al1.1) to (Al1.7) is that, it provides perfect reconstruction of DC-level
signals which is normally not provided by the “ideal” reconstruction method:
weighted impulses followed by an ideal low-pass filter. Furthermore, DC



Appendix 1: Timing-Mismatch Errors With Nonuniformly Holding 197
Effects

constant does not have the error caused by nonunifomly play-out time
instance imposed by (Al.1a).

1.2 IN-CON(SH)

For the IN-CON(SH), where the output is described by

yIN—CON(SH)(Z) = ix(tn Y, (t—t,)

n=—co

M—1 oo
Z Z (kMT +mT +r,T)h, (t—kMT —mT —r,T) (A1.8)

By the similar procedures, we have

2

1 & k2T~ 2%
YIN—CON(SH) (w) = ? Z X(w—k _){z H, (we Me M
k=—co

_15 27
T k,_mAk -consin (@) X(w—kmj (A1.9)
where
1= - 'kmzl
Ay v-consm (@) = z H (a)) M (A1.9a)

mO

The equations (A1.7), (Al1.7a) (A1.7b) (A1.9) and (A1.9a) fully characterize
the output signal spectrum for [IU-ON(SH) and IN-CON(SH) cases.

2. CLOSED FORM SINAD EXPRESSION FOR IU-
ON(SH) AND IN-CON(SH)

From the derived sidebands weighted terms in (A1.7a) and (A1.9a), the
modulation sidebands are centered at frequencies of w==*aw, + k(27)/(MT),
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and thus the signal and image distortion components can be both represented
by Ay’s with k=0 and k # 0, respectively. Consequently, the expected
signal and distortion power of the output can be evaluated separately by
statistical means so as to obtain the SINAD. Similarly, the in-band SFDR for
applications of IN-CON(SH) systems, e.g. N-path narrow-band filtering, can
be accomplished with the evaluation of 4; with the value of k corresponding
to in-band image tone.

2.1 TU-ON(SH)

Consider first the [U-ON(SH) system described in (Al.7a) and (A1.7b).
For a real input sinusoidal signal with frequency @, =27, , the sidebands are
located at w=zw,+k(27)/(MT) , with k=0 representing signal and
k=+1,42,... or k=-1,-2,... representing images components at positive and
negative frequency axis, respectively. Then, it would be possible to evaluate
the sideband components at only @=a, +k(27)/(MT) over the range [-f;/2,
/2] to find the SINAD over the range of [0, f/2], since the images at
positive frequencies of w=-w,+k(2z)/(MT) with k=+142,... will be
directly reflected by the images at negative frequencies of
w=ao,+kQ2r)/(MT) with k=-1-2,.., by the symmetry property of
Fourier Transform of real signal.. In the following formula derivation, it is
assumed that @, #k(27)/(MT), meaning that the signal (and also the
sidebands) is not exactly located at integer multiple of f/M. Simplifying
(Al.7a) and (A1.7b) using w=w, +k(27)/(MT) and considering that 7,
and e""”"" are periodic with period m=M, will lead to

1 — 2z
27 28in(@7/2) o2 S s r e E T
— 0 —JjoT /2 —j o, T "M M
Ak,IU—ON(SH)(wO th— = e’ E e’"me e

MT (a)o +k2—7z M m=0
MT
(A1.10)
and the SINAD can be found by the following formula:
|A0 TU—-ON(SH) (0)0)|2
SINAD =10logy, ’ dB (A1.11)

2

2r

A u— oy +k——
S fs-onn| o+ )



Appendix 1: Timing-Mismatch Errors With Nonuniformly Holding 199
Effects

where the value of k& in the summation is taken in such a way
—zf, <, +k(2x) (MT) <7zf, and k #0. Assume now r, (m = 0,1,2,...M-1)
to be M independent identically distributed (i.i.d) random variables with
Gaussian distribution of zero mean and standard deviation o, (= ¢ /T
where o, is the standard deviation of timing jitter in second). Thus, the
expected values of the signal component|A0A,D*MH)(a)”)|Z can be evaluated by
substituting £ = 0 into (A1.10) and multiplying (A1.10) by its complex
conjugate as follows:

M-1M-1

E[‘AOJU_ON(SH)(a)O)‘Z] w4 sin*(0,7/2)Y. Y. et (A112)

n=0 m=0

When @yr, T <<1 (or equivalently @, o, T <<1) for small values of r,,
(A1.12) can be simplified to

2 4 M-1M-1 4 .
El|Ay 10-onesin (@) ]zW51n (@, T /12)> > Ell- ja(r, -7, )T]s;smz(a)oT/Z)
0 n=0 m=0 0

(A1.13)

a)a+27dc/MT)|z can be

k,JU-ON(SH) (

Similarly, the sideband components |A
calculated from (A1.10) as follows:

1
From (Al.14) it is clear that the expected value of various distortion
components in [U-ON(SH) systems is identical for different values of k, thus
the total distortion power can be obtained by simply multiplying (A1.14) by
M-1. Finally using (A1.13) and (Al.14) in (Al.11), the SINAD of IU-
ON(SH) systems can be obtained as follows:

2r 46T
A e ON(SH)[w +k- MT) } M 51n2(a)0T/2) (Al.14)

1
SINADyy_on(sH) = 2010%10[ ]—1010g10(1 _Hj (A1.15)

2mo

rm

where a=f,/f; is the normalized frequency of the sinusoid. Note that the first
term of (A1.15) describes the pure random clock jitter, which is obtained by
letting time-skew sequences period M—. Moreover, the SINAD formula
(A1.15) for IU-ON(SH) is interestingly identical to the that for traditional
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non-uniformly impulse sampling IN-OU(IS) system [3.6] with small jitter
errors. Indeed when 27f, o T <<1, the normalized sideband spectra patterns
for IN-OU(IS) and IN-OU(SH) are proved to be identical in the following
session (this is also evident from the spectra and SINAD shown in Figure
Al-2).

Simulated SINAD (dB)

16

Nonnalizedsignal's d_261 =, 08
frequency a=f /f, 0 0 T om0

(a)

Normalized signal 2 0.1 0 '
frequency a=f_f,

(b)

Figure AI-3. (a) Simulated SINAD & (b) absolute error between the simulated and calculated
SINAD of ITU-ON(SH) systems vs. normalized frequency a and standard derivation o, by 10*
times Monte Carlo Simulations (M=8)

Figure A1-3(a) shows the MATLAB simulation results of a [U-ON(SH)
system (obtained with M=8) and in Figure A1-3(b) the absolute error
between the simulated and the calculated results is presented (against a
standard deviation 0, and normalized signal frequency a=f,/f;) illustrating
the accuracy of the derived formula (A1.15). The error between the IU-
ON(SH) output SINAD and that predicted by the formula (A1.15) is well
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below 0.1dB, as shown in Figure A1-3(b), thus confirming the consistency
between the theoretical prediction and the practical simulations.

2.2 IN-CON(SH)

For the IN-CON(SH) system, substituting w=a, +k(27)/(MT) in (A1.9)
yields:

_ 2z 2 _ 2 27
2 1 Ml e, S et S ik —
Ak NCONGSH) (a)o +k )= ze Mo M _p jaoyT ze /w«»'mTe M e’@”’”"re M
MT ](w Tk 27 )M m=0 m=0
0
MT

(A1.16)
and then, with an expected value of the signal component is identical to

(A1.13), the expected value of the distortion components can be expressed
as follows:

2 1—cos(w, T +k 2ﬂ-)
27 202 T ) ) - 0 v
Ell A, v conism (@ +k—)‘ 1= 2225 1osin®(@,T/2) - 2@, T sin>(@,T/2) ———— M
MT M 2r
@, T +k—
M
2 . 2
1—cos(a,T + k—”) sin(w,T + k—”)
BT YA O A Yid
T+k 2z T + kz—”
Wyl + ﬁ (] M
(A1.17)

Unlike in the case of IN-CON(SH), the expected distortion components of
the IN-CON(SH) system depends on the value of £, thus it is important to
determine the expected values of the total power of all noise components at
w=xw, +k(2r)/(MT) in the range of [0, f/2], and the previous sum in
(A1.11) should be modified to include also the images at
w=-0,+k(27)/(MT), with k satisfying the following inequality:

O<ia)OT+k2ﬁ”<7z and k=0 (A1.18)

The direct calculation of the distortion power sum over this range is not
realistic due to the high level of complexity in (A1.17). However, an
important characteristic in (Al1.17) is that the expected value of the
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distortion components is a function of @I +k(27)/M , so for the case of
purely random timing jitter (M—eo), the sum tends to an integral and it is
possible to calculate the sum in (A1.11) by integrating (A1.17) over the limit
specified in (A1.18). Thus, after the integration, the total noise power at
w=*tw +kQ27x)/(MT) will be given by:

1.85a + 3.824°
tan(za)  sin’ (7ma)

(A1.19)

2
Ak,IN—CON(SH)(i @, +k W]

7

2
} =402 T*sin®(m)-[0.511.65a —

Then, by using (A1.11), (A1.13) and (A1.19), the closed-form expression of
SINAD for IN-CON(SH) system is obtained by

3.7a  7.644°
+

tan(/m) sin? ()

SINADin_con(sty = 2010%10{ j—lmogm[l - 1(A1.20)

rm

Figure Al-4 is the 3D plot showing both the simulated SNR and the
prediction error from the derived formula (A1.20) vs. normalized signal
frequency a and the standard deviation ¢, for an IN-CON(SH) system. The
absolute error is well below 0.2 dB showing again the effectiveness of the
derived SINAD formula.

Although the SINAD derived in (A1.20) is appropriate for purely random
jitter, it can also approximate the SINAD due to periodic timing-skew.
Figure Al1-5 shows the approximation error (in dB) between simulated
SINAD and the SINAD calculated using (A1.20) as a function of timing-
skew period M, normalized signal frequency a and o, . Figure Al-5(a)
shows that the error converges to zero as the path and thus the periodic
timing-skew periodic M becomes large, and even with low values of M
(M=2 in both Figure Al-5(a) & (b)), the formula can approximate the SNR
within approximately 2 dB accuracy range (with 10° times Monte Carlo
simulations) for all range of signal frequencies. Notice that the error grows
as the o, becomes large (o, >10%), but referred to Figure Al-4(a) the
corresponding SNR is already smaller than 20 dB, which proves much less
usage for most applications.
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3.  CLOSED FORM SFDR EXPRESSION FOR IN-
CON(SH) SYSTEMS

In addition to the derived SINAD of the IN-CON(SH) system, it is
interesting to investigate also the effects of jitter-induced in-band mirror
tone in application of IN-CON(SH) system, e.g. N-path sampled-data
filtering which is shown in Figure Al-1(c) and is one of the most common
methods to construct a narrow-band band-pass filter [1.59,3.24,6.20] with
passband centered at f/N. However, one of the mirror tones caused by
periodic timing-skew always appears in-band with signal as shown in Figure
A1-2(c), thus destroying the performance of narrow-band filtering. For the
input signal located at a frequency @y, the value of k£ corresponding to the
in-band image can be calculated as follows (which is produced by negative
frequency components of the signal):

1 27 2 3 2w
—< -y t+thk—<———o0r 0.5<-Ma+k<l1.5
2 MT “ MT 2 MT (Al.21)

If the signal is placed close to the center frequency, then a = 1/N=1/M
and (A1.21) will give k= 2.

The expected value of the mirror tone can be found from (A1.17) with &
=2 and a = 1/M (using negative frequency components), that is:

1602 T2 4

4T
El\Ay v—con(sH)(—@ +2: )‘ 1= sin” — (A1.22)

and the expected value of the signal component results from (A1.13) as:

2. M .
E[‘AO,IN—CON(SH)(‘UO)‘ 1= = sin”—- (A1.23)

Thus, from (A1.22) and (A1.23) the Spurious Free Dynamic Range
(SFDR) in the passband subjected to jitter is given by:

. T
SFDR jjsser = 30logyg M — 2010g10(47r0'rm sin ﬁ](dBc) (A1.24)

Note that this equation is valid only when a = 1/M which is usually true
for N-path narrow bandpass filter since the signal is located near the
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frequency of fi/N=f,/M. Figure A1-6 shows a plot of (A1.24) as function of
the timing skew period M and standard deviation o, , and from the figure a
considerable reduction on the in-band mirror tone caused by periodic timing-
skew is possible via increasing the path number N (and the timing-skew

period M).

@ o B

-
=)
e

Simulated SINAD (dB)

c_.
P

Normalized signal 01 E‘
frequency a=f A
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03 ¥ w8

Normalized signac:'z 0.1 h-‘ﬁ 0 - o
frequency a=f /f, Orm (%)

Figure A1-4. (a) Simulated SINAD & (b) absolute error between the simulated and calculated
SINAD of IN-CON(SH) systems vs. normalized frequency « and standard derivation g,,, by
10 times Monte Carlo simulations
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=

w

Absolute error (dB)

5 Absolute error (dB)

Figure AI1-5. Absolute error between the simulated and calculated SINAD of IN-CON(SH)
systems vs. (a) path no. M and standard derivation o, (a = 0.5) and (b) normalized signal
frequency a and standard derivation o, (M =2) by 10° times Monte Carlo simulations

4. SPECTRUM CORRELATION OF IN-OU(IS) AND IU-
ON(SH)

Figure Al-7(a) and (b) give more spectrum plot of a 58 MHz signal
sampled at 320 MHz with the sampling processes IN-OU(IS) and IU-
ON(SH) with M=4, 6=20 ps. Similarly, their normalized noise components
(with respect to signal component @, f, = 58 MHz) are equal.
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Figure AI1-6. A plot of variation of in-band SFDR of IN-CON(SH) system vs. timing-skew
period M and o,

For IN-OU(IS), the digital spectrum can be expressed as [3.5]:

1 < 27
Y[N—OU([S) (w) = ;kzz_m Ak,IN—OU(IS) (a)) : X[C()— k]\/[T) (Al 25)
1Y iknE
Ak,[N—OU(]S) ()= ﬁ Z (e"“’"‘Te Mye M (Al.25a)
m=0

First we consider the distortion produced by the input component
mo(Q—Q,) . At frequency location w= @, +k(27)/ MT

1 M 7

27 ) — jkm==
A o +k=—)=—> (/%) M A1.26
k,IN—OU(IS)( 0 MT) M Z( ) ( )

m=0
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Figure AI-7. FFT of a 58 MHz signal sampled at 320 MHz for (a) IN-OU(IS) (b) [U-ON(SH)
M=4, 6=20 ps)

for 2zf r T <<1 and using €™ =1+ jor T

Ao (@, 4k 2= LS o e
o, +k—-)=— +jo,r,T)e
k,iN-ouU (1) \ W, T M~ JO, T,
M-1 _ ‘kmzi 1) T M-l - 'kmz—”
=L e y 1D Zrme " (A1.27)
M m=0 M m=0
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'a) T M-l -, 'kmz—”
=Sl N for k # 0 (A1.28)
M m=0
1 M-l —/'kmz—”
Because M e M =0 fork#0
m=0

To calculated Ay n.ouas) for k = 0 separately, by substitute £ = 0 into
(A1.27), yields

i, T
Ao iv-ous) (@) =1+ ]M zrm ~1 (A1.29)

Using similar procedures, we can find the A v.ouas) produced by the input
component 7O(Q+Q,) at frequency @ =—-@, +2x(M —k)/ MT , which will
have the following expressions:

M-1 ., 2
2 jo,T Jim 2
A v—-ous) (@, +(M—k)m) ——Tor;)rme M for k#0 (A1.30)
jo,T &
Ao v-ous) (@ —@y) =1- A/; Z(:)rm =1 (A1.31)
m=

Now consider the case IU-ON(SH), which are characterized by (A1.7),
(Al.7a) and (Al.7b). We denote now the distortion components as
Ay ju-ongsmy for IU-ON(SH). Substitute (A1.7b) into (Al.7a) and using Euler
formula, it yields

M-1 M-1 i 2

X ki - —
Ze—zwrmf f’" o IO N it T (A1.32)

1
A, ju-oN(sH) (@) =———
J m=0 m=0

oM

At w=w +k(2r)/ MT, (A1.32) becomes
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M-l 27
2z 53 2 =/ M—
~ M - =
A ru—on(sty (@, +k MT) E e (@, T+k M) E
Jj(w, +k -0

M-1

) M-l —'k(m+1) _k(mn) 2
_e,/qu|:ze / -j((l) T+kﬁ)z . a€ J M :|}

m=0 m=0
(A1.33)
as ry & e """ is periodic with period m = M, so
M-l —]k(m+l)— M —jkmz—ﬂ M-l —kaz—”
S VR Y
m=0 m=1 m=0
- jk(m-%—l)% M - jkm% Mo jkm%
and Z 7€ =Zrme = Zrme
m=1 m=0
where (A1.33) can be simplified to
2 2T T L i k%0
2Ry 2T Gl Dol e, T2 o for *
A u-on(si) (@ +kMT) 7 sm( . J ZO m€
m
(A1.34)

Again Ay u.onsmy for k=0 is calculated separately. Substitute @ = @, and
k=0 into (A1.33) yields:

ogv-oncn(@,) = s 5T e (A139)
’ ()

0

Similarly, it is easy to find the Ay u.onsm produced by the input
component 7O(2+Q ) at frequency @ =-a, +272(M —k)/ MT , which are
following:

M-l o 27

2t 2jT . (&l ) Jlm

A 1u-on(stn) (@ + (M —k)—0) = = sm(wOTje-’w“T/zz;)rme m for k=0 (A1.36)
m=
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=2 (T igr/2
Ao, ju-on sy (@5 =) = ——— Sll{—J@ %
w; — 0, 2

(A1.37)

The summary of the equations derived is as follows:

For IN-OU(IS),

M-1 L 2
. _iam2®
jw,T e S o
M m > for o=w, +k—— and k #0;
m=0 MT
, for w=w,;
Aev-ovas)(@ =" 0 5 ’ o
jw,T Jkm=" for @=-w, + (M —k)—— and k=0,
o, rme M, ° MT
m=0 fOl’ D=0; — Wy;
17
(A1.38)
and for [U-ON(SH),
2T (@,T e
JT . [ 3 J -m,T/zz k=
———sin| — |e e s
Y : "= f K2E and k#0
. or =0, +k—— an #0;
ism[“’;T Jef/qu/{ . ot mr
w for w=w,;
Aotu-ons (@)= 2(?T o T ML gm?® fe a)——:o +(M—k)2i d k=0;
#sin[%)e’w‘)ﬂz Z’me M or W=-a, UT an 3
pr for w=w,-o,;
-2 sin —wOT eijT/z,
w5 — @, 2

Magnitude Relationship:

(A1.39)

The magnitude of 4, ;y_oy sy (@) can be expressed as:

M-1 L 2
w,T —kaﬁ
]"me
M
m=0
4 =L
kIN-0U(15) (@) = v
o,T k>
rme N
M
m=0
1,

2r
or w=w, +k—— and k #0;
Je otk
Jor o=w,;
for @=—a@, + (M —k)2Z and k#0;
° MT ’

Jor w=w; - w,;

(A1.40)
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The normalized magnitude with respect to the signal component at
o =w, and this component is equal to 1, so (A1.40) also represents
IlOI‘n’laliZCd |Ak,1N70U(IS) (a))| .

The magnitude of 4, ;;_on(sm) (@) can be expressed as:

M-1 .2
T - jkm=—
2T G LN
M 2
T " for o= +k2—” and k #0;
2 sin(JLw2 j P 0 MT ’
10} or W=a,;
Ak,[U—ozv(SH)(w)| =40 R 0 .
2T [a)OTjZ Jlem o for a)=—a)0+(M—k)— and k #0;
—sin| e MT
M 2 f—rs Jor =0, - ay;
T
sin %
[ORE1) 2

(Al. 41)

and the normalized |Ak, TU—ON( SH)(a))| with respect to the signal component at
0=, is

M-1 . 2z
o, T ZV . ./kmﬁ ’
M " 2
m=0 Jor o=y +k—— and k #0;
1, MT
or W=, ;
Ak,IU—ON(SH),normalized(w)|: wOT M- jkm% f 0 o0
—_ Tm€ ) or =-wy,+ (M —k)—— and k#0;
Iv; ; " for o+ ( )MT an
B or W=w, —a,;
w, f s 0
W, — ),

(A1.42)

Comparing (A1.40) & (A1.42), it is obvious to deduct that the
normalized distortion components in the two cases are the same for arbitrary
parallel path number M, so that all the formulas previously derived [3.5, 3.6,
3.7, 3.8, 3.9, 3.10] for evaluating the SINAD for IN-OU(IS), e.g. the formula
(3.23), also can be applied for IU-ON(SH). This spectrum similarity is valid
also for M — oo which is the case of pure random sampling jitter, thus this
also allows us to make use of formulas (3.24) and (3.25) to estimate the
noise floor for the case of pure random sampling jitter.

Simulation results are shown in Figure A1-8 to verify our theoretical
derivation. Figure A1-8(a) shows mean SINAD for the output signals of IU-
ON(SH) systems, while Figure A1-8(b) presents the relative difference of
mean SINAD between the output of the two cases. The results show that for
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reasonably large SINAD (>30 dB for o, f,/f <0.5% ), this relative
difference is well below 0.1%, which match our derivation very well. Also,
the relative difference increases when either jitter standard variation or
signal frequency increases.

Mean SNR for Case || (dB)

=] o
2 B2
@ o

:

Mean SNR relative difference
=1 =1
g =2
rl?) L

.:
g

0025

0
Path no. M (b) o, I,

Figure A1-8. (a) Mean SINAD for IU-ON(SH) and (b) Relative difference of Mean SINAD
between IN-OU(IS) & IU-ON(SH) versus signal frequency, standard derivation of skew-
timing ratio 7y and the path number M
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Phase Relationship:
In additional to magnitude relationship, certain phase relationship can
also be derived. The phase of 4 y_ou1s)(@) can be expressed as:

m=0

T M-l —jkm2—”
—+/ M I
2 Zrme for o=, +k% and k #0;

for o=aw,;

M-1 s . 2

./k’n = — —_ —_— .

iy Z” Rl for w=-w, +(M k)MT and k#0;
Jor o=, -w,;

0
LA v-ous) (@) =

m

m=0

(A1.43)

The phase of 4 jy_on(si) (@) can be expressed as:

m=0 2
or w=w, +k—— and k#0;
o T Y ° T MT
’ or w=w,;
ZAy ju-on(si) (@) = 2 M-l 2 f ’ 27
r o, Jhm=— Jor o=-w, +(M —k)—— and k#0;
S+ 2+ Zi’me M MT
2 2 m=0 f()r D=0 —Wy;
w,T
T+—2—,

(A1.44)

Finally we can find the phase difference between 4; v_ouus)(@) &
Ay ju-on(sH) (@) by subtracting (A1.43) from (A1.44):

T
2’ 27
_a)oT fOV a):a)o‘i'km and kio,
’ or W=a,;

LAk w-on(s) (@) = LAy n-ou 15) (@) = 2w T % 0 .

T+—2—,  for o=-w,+(M-k)—— and k=0;

2 MT
7Z'+_a);T, Jor =05 — Wy

(A1.45)
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NOISE ANALYSIS FOR SC ADB DELAY LINE
AND POLYPHASE SUBFILTERS

1. OUTPUT NOISE OF ADB DELAY LINE

For the ADB in the delay line (Figure 3-10 (a) from chapter 3), mainly
the thermal noise contributes for phase A, i.e.,v,, =kT/C., produced by on-
resistance of the switch of phase A and stored in sampling capacitor Ci.
Thus, the output noise power contribution due to this phase is equal to

UyoapB, A = 5 (A2.1)

At phase 2 (Figure 3-10 (b)), there are two additional noise contributions:
v’ , the noise produced by the on-resistance of the switch in phase B, and
v’ , the noise generated by the transistor inside the opamp. These noises
will be shaped by the closed-loop opamp bandwidth, assuming opamp as a
single-pole system, the transfer function from the noise source v’ to the

output is

H (s)= S (A2.2)

S
1+
a)ugbidﬂd

where the feedback factor and unity-gain bandwidth of opamp are given by
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C
=—— (A2.3)
ﬁd CS + CP]fd
and
Eml_a Eml_a (Cs +CP1_d)
a)ugb_d = = (A24)
Crwa Cra (Cs + CPIfd)+CsCP17d
Considering the equivalent noise bandwidth for 1¥-order as
|
BW, :Zﬁda)ugb_d (A2.5)
the output noise power due to noise source v s
= 2 C,
Uno ADB,Bs — Ss (f) ' |H3 (0)| : BWN = kTRsa)ugb d "~  ~ (A26)
T - C +CP17d
The transfer function from opamp noise source v, to output is
1 1
H,(s)= ,B_ : (A2.7)
d 14—
a)ugb _d ﬂd
and the noise power spectral density for the single-stage opamp is
8 kT
Son(f) =7 Va (A2.8)
3 gml_d

where ), represents the excess noise factor for opamp in ADB. Thus, the
output noise power due to noise source v’ is given by

2 kT C+C,,

v’ =Sm,(f)-|H0/,l(0)|2-BW,\,=3 @D =G (A2.9)

no,ADB,B,0A1
ml_d
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subfilters

The total noise power for the ADB single positive/negative output can
then be represented as follows:

2

.2 2
no,ApB,1/2 = U 0,0, 408,85 T Vo, 4pB,8,041

(4 no,ADB,A

C C, +CP17d 3 Emi _a C

s s

C,+C
:kT_{( KTR.C, ]+2 kT n( o+ p,dﬂwugbd (A2.10)

Considering that the same opamp is used for all ADB’s, the total output
noise for the delay line with i-number of ADBs in phase B is derived as

2 .
Os0,408i1/2 =1 Opo apB 112 (A2.11)

i.e. the total output noise power of ADB delay line is proportional to the
numbers of the ADB.

2. OUTPUT NOISE OF POLYPHASE SUBFILTERS

2.1 Using TSI Input Coefficient SC Branches

For the L-path polyphase subfilter (Figure 3-11), two kind of noise
sources contribute at phase A: v., =kT/C , the noise produced by the on-
resistance of i" input path, and v’, , = kT /C, , the noise produced by the on-
resistance at the reset path of Cg. The noise power from input will be scaled
according to the capacitor ratio of C; to Cr. The noise charge stored in
capacitor C; in phase A can be calculated as

Q2 =C} [kc_Tj =kTC, (A2.12)

i

The charge from all the input C;’s will be transferred to Cr in next phase.
Thus, its total equivalent noise that will contribute to the output in phase B is
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kT _ kT
Uno PFmA C2 ZQm ZC (A213)
F

2
i=1 F CF i=l F
At phase B, the feedback factor is

Brr = - Cr (A2.14)

CF + zci + CPI_PF

i=1

and the unity-gain bandwidth for this stage is

_ 8m_rr
a)ugbiPF -

CL,tot _PF

Emi_pr (CF + ZCi + CPI_PF)

i=1

= (A2.15)

CLPF[CF + zCi + CPIPF] + CF (Z Ci + CP]PFJ
i=1 i=1

Three kind of additiinal noise sources contribute to output in this phase
(F_].gure 3-11 (b)): v’ , v’ ,and v, . The transfer function from noise source
v . to the output of thls stage is

H,(s)= _G ! (A2.16)

S
F 14—
wugbf PF ﬂPF

Then the output noise power due to the noise source v’ is

— kKTRC'w,, ,,
0 s =S,()[H (0 - BW, = &

F[CF + ZCI + CPIPFJ
i=1

The case for the noise source v, for this stage is similar to the noise
source v’ in the ADB’s calculation, and the output noise power due to this
noise source is

(A2.17)
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subfilters

Cr

2 _
0o, PEm,BF = kTRqug}LPF ’

- (A2.18)
Cr+ zci + CP[_PF

i=1

The transfer function from the noise source v, to the output and the
noise power spectral density S,.(f) is the same as (A2.7) and (A2.8), and
the output noise power due to the noise source v’ is given by

kT Cr +ZC1' +CP17PF

S I— 2 2 =
vjo,PFm.B,OAZ = OAz(f) ! ‘HaAz (O)‘ : BWN =7 g 7Pqugh7PF ! C
ml_PF F

(A2.19)

Therefore, the total noise power for the polyphase subfilter
positive/negative output can then be found as:

n
2 .2 2 2 2
Uno,PFm,l/2 - Uno,PFm,A + Zvno,PFm,B,i + Uno,PFm,B,F + Uno,PFm,B,OA2
i=1

kT> R.C;
kT kT o
_TZCi+C_+ Do pr
r i Cr(Cp +Zci +Cp pr)
=
kTR .C
n == a)ugbiPF
Cr+ ZCi +Cp pr
=
2 kT Cr +ZCi+CP1_PF
8m1 pr P
+= 1+ D pr (A220)
Em_prF 8m_pr Cr -
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2.2 Using OFR Input Coefficient SC Branches

The derivation shown above is applied to TSI input branches: sample the
input signal in capacitor C; at phase A and transfer the charge to output at
phase B. Nevertheless, for flexibly allocating the delays needed for different
tap weights, some coefficients are implemented also by OFR SC branches:
C; directly couple the input to output in phase B, while being reset at phase
A. However, the noise contributions will be the same as that using TSI
branches: at phase A, the noise will be produced by the thermal on-
resistance of i input path and the on-resistance at the reset path of Cr; while
at phase B, the total output noise contribution is derived from the charge-
redistribution of the entire stored noise at phase A, the switch thermal on-
resistances in the whole charge transferring path as well as the opamp input-
referred noise, as presented in (A2.20).



Appendix 3

GAIN, PHASE AND OFFSET ERRORS FOR GOC
MF SC DELAY CIRCUIT I AND J

1. GOC MF SC DELAY CIRCUIT I

(]

11T, ———>

242" ] 1 1] 2 L

Figure A3 -1. EC/P-CDS GOC MF SC delay circuit (i)

Assuming C,/C, =k, C,/C, =k, ,C,/C =k , u=1/4, then at phases 2
& O, the nodal charge equation yields:

C{o,[n]-v,[n]}+C,{v_[n]-v,[n]}= Cl{vo[n—i]—v,[n —i]}wh{v,[n —%]—0}
(A3.1)

1 Since the derivation of the gain, phase and offset of the SC delay circuits is lengthy, for
simplicity we present here only for two circuits, and all the others can be similarly derived
according to the presented methodology.
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where
v_[n]=—w,[n]+V, (A3.2)

v [n] is found as follows: at phase 2 & E, the charge stored in C, is
C,v_[n—1/4], while at phase 2 & O,

Ch{vx[n]—v[n]}=chv[n—§]

v, [n —1]
and vx[n]*_M_Vos :A_I/m
A A
o [n]= —,u{vo[n] -v,[n —%]} (A3.3)

Substituting (A3.2) & (A3.3) into (A3.1), yields
1 1
v,[n] =—{(1+2mvo[n——]—m} (A3.4)
I+ u 4

At the phase 2 & E, nodal charge equation is:

Cl{va[rz —i]— v_[n —i]} + c,,{o- v_[n —i]} =Cuo,[n —%] + Ch{vx[n —%]—v,[n —%]}

(A3.5)
Substituting (A3.2) & (A3.3) into (A3.5), yields
v [n—l]—;{v [n—l]+V +k [n—i]} (A3.6)
4 l+u(+ky M o270 WO = '
Substitute (A3.6) into (A3.4), v [n] is obtained by:
O 1) [ - - S FRLY IS 71 U/ 2D B PO
A+ w1+ p(1+k)] 20 A+l +p+k)] 4
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Circuit i and j

L2 =1+ p(1+ k7))
A+l +ud+kp]

(A3.7)

Similarly, write the nodal charge equation at the phase 1 & O and phase 1 &
E, after the simplification, we obtain

e B e FL Lo e e
47 1+u(l+k,) 1+ u(d+k,) 4" 1+u(l+k,)

(A3.8)

Substitute (A3.8) into (A3.7) yields

’ ’ 2
o =2 L K2 k(2 S,
mn 2 mnp mnp 4
kpu(1+2) +[(1+2) = n]p v (A39)

mnp

where m=(1+ ), n=1+u(1+k;), p=1+u(l+k,)
By reapplying (A3.6) and (A3.8), we finally obtain

3
vm[n—f] ’ ’

o -] 2 Rl 0y K kikt vo[n—%]+—k”’ljlf()s+&

m

4 m mp mp mp

(A3.10)

Finally, by substituting (A3.10) into (A3.9) the output can be expressed as

1+2u

u(1+2u) Kk, (1 +24) 3

v,[n]= [ = ]+ bt v,[n—1]+ v,[n—=7]
mn mnp m*np 2
12 /2 2
kh/u (1 + 2#) )[}’l _ 2]+ khﬂz (1 +2ﬂ) ,v()[ 2]
m’np® m*np’ 4

Rk 20 p) | K+ 200+ (0200 =l

m’np’ mnp

(A3.11)
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Therefore, when v, [n] = 0, the offset suppression factor is given by

y = hakut* L+ 2+ p) | K1+ 240) + [(1+2)—n]p

2 2
m°np mnp

_ k(20 {0+ 200) = [1+ U+ kD I+ (14K,
1+ [+ p(+ kDI + (1 +K,)]

(A3.12)

Let the offset voltage be zero, and the transfer function can be derived as

’ 2
(1 + 2ﬂ)z—l/2 + khkh/'l (1 + 2/’1) Z—3/2

H(z)= . ik S (A3.13)
i — k(1 +241) 1 ky ke (1+24) 52

2

p mp

For an ideal op amp, 1 =0, it gives the ideal delay circuit transfer function
H (z)=z". And the Fourier transform of (A3.13) can be approximately
expressed as

—jw/2 —jo/2
H(e™) = a -|: 2u)e _ ,i, —_ (as19)
L RH(E2) e T-m(@®)— j8(e”)
p

where m(e’”), 6(e”) represents the gain and phase error respectively
[4.27], which are expressed by

1+2u 1+u(l+k,)

cos@ (A3.15)

0y =—— Pt Gn g (A3.16)
1+u(l+k,)
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Circuiti and j

2. GOC MF SC DELAY CIRCUIT J

2]
¢ .G
@ Vo 112 |
H] (] ‘
G, C,
—1} | —

Figure A3-2. Differential-input, EC/P-CDS GOC MF SC delay circuit (j)

Assuming C /C, =k , C /C.=k,, C//C =k, , u=1/4, then at the
phase 2, the nodal charge equation yields:

C\fo,[n]- v, [n]}+ C, fo_[n] o, [n]}=C, {vm[n —%] - 0} +C, {v[n - %] - 0}
(A3.17)

where v _[n] is also given by (A3.2).v [n] can be found also similarly as
(A3.3), i.e.

v, [n]= o, [n] + o, [n 2] (A3.18)
and substitute (A3.2), (A3.18) into (A3.17), after simplification yields
1 1
(1+ o, [l = oo, [n =1+ 0, [n =] (A3.19)

At the phase 1, the nodal charge equations at the inverting node of op
amp is:

C,,{O—U[n—;]}—C,,{Ux[n—l]—v[n—l]}+C{ v, [n— f] v n—} c,{o}
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+Cp{vo[n—1]—v[n—l]}—cp{0}=0
2 2
Then we have
1 1 1
—(k, +l+k2)vf[n—5]+vo[n—5]—kzvi,,[n—E]—khvx[n—l]+khvf[n—l]=0
Substituting (A3.2) & (A3.18) results in
—(k, +1+k,)(—w, [n——]+V )+U[n—5] ko, [n—%]

—k,(—w,[n=1]+ g [n —5]) +h, (=, [n=1]+V,) =0

Solve for v [n—1/2], yields

1 1 1 3
Uo[”_i]—l_hu(k Tk, +1){ 20l _2]+ﬂkhvo[”_2]+(k2+l)Vos}

(A3.20)

By applying (A3.20) recursively, we obtain

o[- 1 = k, o, [ Lk + D)1+ u(2k, +k, +1)] :
27 1+ u(k, +k, +1) 2" [+ u(k, +k, + D]
pk K, 3 #oky s
[+ u(k, +k, +DJ Ol 2]+[1+/¢(kh+k2+1)]2 vln =]
- ky Ly Hk, K,y _3
1+ﬂ<kh+k2+1)v"”[” 2 [1+u(k, + Kk, + D] Pl =5}
L + D)1+ 12k, +k, +1)]V (A321)

os

[+ u(k, +k, + D]

By substituting (A3.21) into (A3.19) and solve for v, [n] it yields:

Mk, +2k, +1)+1

ok =
[1+,u(kh +k +1)](1+,u) Ui

[l+,u(k +h, + D (1+ ) 2

v,[n]=

wln—
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Circuit i and j

| Mk + D1+ uk, +ky + D], (A3.22)
[+ ulh, + ke +DF A+ )"

So when v, [1n]=0, the offset suppression factor is given by

ke, + D1+ gk, + ke, +1)]

= (A3.23)
[1+ uk, + Kk, + DI 1+ 1)

Let V,=0, then the transfer function for the delay circuit will be

3 271/2
H@ =17 u(k, +k, + D1+ )

2
Mk k, -l
Ut u(k, +2k, +1)+— 5k
{ pll, + 2k, +1) l+,u(kh+k2+1)z}

(A3.24)

For an ideal op amp, =0, it gives the ideal delay circuit transfer
function H,(z) =z"", and the Fourier transform of (A3.25) is expressed as

—jw!2 2
H(e'™) = ¢ Lk, + 2k, + 1)+ — ARk o
1+ u(k, +ky + D)1+ 1) 1+ u(k, +k, +1)

(A3.25)

By ignoring the terms with factor of x*, the gain and phase errors can be
approximately obtained by

n(e’®) = Wk,k, cosw _ull=k, + uk, +k, +1)]
[+ ke, + ke, + D1+ pu(k, + 2k, +1)] 1+ u(k, +2k, +1)
(A3.26)

0(e) = —Wk,k,sinw
[+ p(k, + ke, + D1+ pu(k, + 2k, +1)]
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